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Preface

'The increasing demand for high-speed transport of data has revitalized optical commu-
nications, leading to extensive work on high-speed device and circuit design. This book
has been written to address the need for a tutorial text dealing with the analysis and de-
sign of integrated circuits (ICs) for optical communication systems and will prove useful
to both graduate students and practicing engineers. The book assumes a solid understand-
ing of analog design, e.g., at the level of Design of Analog CMOS Integrated Circuits by
B. Razavi or Analysis and Design of Analog Integrated Circuits by P. Gray, P. Hurst, S.
Lewis, and R. Meyer.

The book comprises ten chapters. Chapter 1 provides an introduction to optical com-
munications, setting the stage for subsequent developments. Chapter 2 describes basic
concepts, building the foundation for analysis and design of circuits. Chapter 3 deals with
optical devices and systems, bridging the gap between optics and electronics.

Chapter 4 addresses the design of transimpedance amplifiers, focusing on low-noise
broadband topologies and their trade-offs. Chapter 5 extends these concepts to Hmiting
amplifiers and output bufters, introducing methods of achieving a high gain with a broad
bandwidth.

Chapter 6 presents oscillator fundamentals, and Chapter 7 focuses on LC oscillators.
Chapter § describes the design of phase-locked loops, and Chapter 9 applies the idea of
phase locking to clock and data recovery circuits. Chapter 10 deals with high-speed trans-
mifter circuits such as multiplexers and laser drivers.

The book can be adopted for a graduate course on high-speed IC design. In a quarter
system, parts of Chapters 3, 4, and 10 may be skipped. In a semester system, all chapters
can be covered.

A website for the book provides additional resources for the reader, including an image
set and web links. Visit www.mhhe.com /razavi for more information.

I would like to express my gratitude to the reviewers who provided invalnable feed-
back on all aspects of the book. Specifically, I am thankful to Lawrence Der (Transpec-
trum), Larry DeVito (Analog Devices), Val Garuts (TDK Semiconductor), Michael Green

“(University of California, Irvine), Yuriy Greshishchev (Nortel Networks), Qiuting Huang
{Swiss Federal Institute of Technology), Jaime Kardontchik (TDK Semiconductor), Tai-
_ Cheng Lee (National Taiwan University), Howard Luong (Hong Kong University of Sci-




Preface

ence and Technology), Bradley Minch (Cornell University), Hakki Ozuc (TDXK Semicon-
ductor), Ken Pedrotti (University of California, Santa Cruz), Gabor Temes (Oregon State
University), and Barry Thompson (TDK Semeconductor). T also wish to thank Michelle
Flomenhoft, Betsy Jones, and Gloria Schies] of McGraw-Hill for their kind support.

My wife, Angelina, encouraged me to start writing this book scon after we were mar-
ried. She typed the entire text and endured my late work hours—aiways with a smile. T am
very grateful to her.

Behzad Razavi
Tuly 2002
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CHAPTER 1

Introduction to Optical
Communications

The rapidly-growing volumes of data in telecommunication networks have rekindled inter-
est in high-speed optical and electronic devices and systems. With the proliferation of the
Internet and the rise in the speed of microprocessors and memories, the transport of data
continues to be the bottleneck, motivating work on faster communication channels.

The idea of using light as a carrier for signals has been around for more than a century,
but it was not untii the mid-1950s that researchers demonstrated the utility of the opti-
cal fiber as a medinm for light propagation {1]. Even though early fibers suffered from a
high loss, the prospect of gnided transmission of light with a very wide modulation band
ignited extensive research in the area of optical communications, leading to the practical
realizafion of optical networks in the 1970s.

This chapter provides an overview of optical communications, helping the reader un-
derstand how the concepts introduced in subsequent chapters fit into the “big picture.” We
begin with a brief history and study a generic optical system, describing its principal func-
tions. Next, we present the challenges in the design of modern optical transceivers. Finally,
we teview the state of the art and the trends in transceiver design. :

1.1 Brief History

Attempts to “guide” light go back to the 1840s, when a French physicist named Jacque
Babinet demonstrated that light could be “bent” along a jet of water. By the late 1800s,
researchers had discovered that light could travel inside bent rods made of quartz. The
“fiber” was thus born as a flexible, transparent rod of glass or plastic.

In 1954, Abraham van Heel of the Technical University of Delft (Holland) and Harold
Hopkins and Narinder Kapany of the Imperial College (Britain) independently published
the idea of using a bundle of fibers to transmit images. Around the same time, Brian
O’Brien of the American Optical Company recognized that “bare” fibers lost energy to-
the surrounding air, motivating van Heel to enclose the fiber core in a coating and hence
lower the loss. Fiber loss was still very high, about 1,000 dB/km, 11m1tmg the usage to -
endoscopy applications.
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The introduction of thé laser as an intense light source in the 1950s and 1960s played
a crucial role in fiber optics. The broadband modulation capability of lasers offered great
potential for carrying information, although no suitable propagation medium seemed avail-
able. In 1966, Charles Ko and Charles Hockem of the Standard Telecommunication Lab-
oratory (Britain) proposed that the optical fiber could be utilized as a signal transmission
medium if the loss was lowered to 20 dB/km. They also postulated that such a low loss
would be obtained if the impurities in the fiber material were reduced substantialty.

Four years later, Robert Mauer and two of his colleagues at Corning Glass Works
demonstrated silica fibers having a loss of less than 20 dB/km. With advances in semi-
conductor industry, the art of reducing impurities and dislocations in fibers improved as
well, leading to a loss of 4 dB/km in 1975 and 0.2 dB/km in 1979. The dream of carrying
massive volumes of information over long distances was thus fulfilled: in 1977, AT&T and
GTE deployed the first fiber optic telephone system. _

The widespread usage of optical communication for the transport of high-speed data
stems from (1) the large bandwidth of fibers (roughly 25 to 50 GHz) and (2) the low loss
of fibers (0.15 to 0.2 dB/km). By comparison, the loss reaches 200 dB/km at 100 MHz for
twisted-pair cables and 500 dB/km at 1 GHz for low-cost coaxial cables. Also, wireless
propagation with carrier frequencies of several gigahertz incurs an attenuation of tens of
decibels across a few meters while supporting data rates lower than 100 Mb/s,

The large (and free) bandwidth provided by fibers has led to another important develop-
ment: the use of multiple wavelengths {(frequencies) to carry several channels on a single
fiber. For example, it has been demonstrated that 100 wavelengths, each carrying data at
10 Gb/s, allow communication at an overall rate of 1 Tb/s across 400 km,

" 1.2 Generic Optical System

The goal of an optical communication (OC} system is to carry large volumes of data across
a long distance. For example, the telephone traffic in Europe is connected to that in the
United States through a fiber system installed across the Atlantic Ocean.

Depicted in Fig. 1.1(a}, a simple OC system consists of three components: (1) an electro-
optical transducer (e.g., a laser diode)}, which converts the electrical data to optical form
(i.e., it produces light for logical ONEs and remains off for logical ZEROs); (2) a fiber,
which carries the light produced by the laser; and (3) a photodetector {e.g., a photodiode),
which senses the light at the end of the fiber and converts it to an electrical signal. We call
the transmit and receive sides the “near end” and the “far end,” respectively. As explained
in Chapter 3, lasers are driven by electrical currents, and photodiodes generate an output
current. '

With long or low-cost fibers, the light experiences considerable attenuation as it travels
from the near end to the far end. Thus, (1) the laser must produce a high light intensity,
e.g., tens of milliwatts; (2) the photodiode must exhibit a high sensitivity to light; and (3)
the electrical signal generated by the photodiode must be amplified with low noise. These
observations lead to the more complete system shown in Fig. 1.1(b), where a “laser driver”
delivers large currents to the laser and a “transimpedance amplifier” (TIA) amplifies the
" photodiode output with low noise and sufficient bandwidth, converting it to a voltage. For
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Laser Photodiode
! Fiber !
Near End : Far End
(&)
Laser
Driver TIA

NP>

i
"

(c)

Figure 1.1 (a) Simple optical system, (b} addition of driver and amplifiet, (c) addition of MUX and
DMUX.

example, data at a rate of 10 Gb/s may be applied to the Jaser driver, modulate the laser
light at a wavelength of 1.55 pm, and emerge at the output of the TIA with an amplitude
of 10 mV.

The transmit and receive operations in Fig. 1.1(b) process high-speed “serial” data, e.g.,
a single stream of data at 10 Gb/s. However, the actual data provided to the transmitter
(TX) is in the form of many low-speed channels (“parallel” data) because it is generated
by multiple users, The task of parallel-to-serial conversion is performed by a “multiplexer”
(MUX). Similarly, the receiver (RX) must incorporate a “demultiplexer” (DMUX) to re-
produce the original parallel channels. The resulting system is shown in Fig. 1.1(c).

The topology of Fig. 1.1(c) is still incomplete. Let us first consider the transmit end. The
multiplexer requires a number of clock frequencies with precise edge alignment. These
clocks are generated by a phase-locked loop (PLL). Furthermore, in practice, the MUX

output suffers from nonidealities such as “jitter” and “intersymbol interference” (ISI), man-
~ dating the use of a “clean-up” flipflop before the laser driver. These modifications lead to
the transmitter illustrated in Fig. 1.2(a).
 The receive end also requires additional functions. Since the TIA output swing may
‘not be large enough to provide logical levels, a high-gain amplifier (called a “limiting
amplifier”) must follow the TIA. Moreover, since the received data may exhibit substantial
noise, a clean-up flipflop (called a “decision circuit”) is interposed between the limiting
amplifier and the DMUZX. The receiver thus appears as shown in Fig. 1.2(b).
The receiver of Fig. 1.2(b) lacks a means of generating the clock necessary for the de-
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Figure 1.2 Modified (a) transmitter and (b) receiver.

cision circnit and the DMUZX. This clock must bear a well-defined phase relationship with
respect to the received data so that the flipflop samples the high and low levels “optimally,”
i.e., at the midpoint of each bit. The task of generating such a clock from the incoming
data is called “clock recovery.” The overall operation of clock recovery and data cleanup is
called “clock and data recovery” (CDR). Figure 1.3 shows the complete system. Note that
the laser driver incorporates power control {Chapter 10) and the TIA employs automatic
gain control (AGC) (Chapter 4).

i Driver

il Power L
Frequency Control
Synthesizer | ii :

........................................................................

Output
| Data

Clock
Recovery

¥
DID
=

Figure 1.3 Complete system.
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1.3 Design Challenges

While the system topology of Fig. 1.3 has not changed much over the past several decades,
the design of its building blocks and the levels of integration have, Motivated by the evolu-
tion and affordability of IC technologies as well as the demand for higher performance, this
change has created new challenges, necessitaiting new circuit and architecture techniques.
‘We review some of the challenges here.

The transmitter of Fig. 1.3 entails several issues that manifest themselves at high speeds
and/or in scaled 1C technologies. Since the jitter of the transmitted data is determined pri-
marily by that of the PLL, a robust, low-noise design with high supply and substrate rejec-
tion becomes essential. Furthermore, the design of skew-free multiplexers proves difficult
at high data rates.

Another critical challenge arises from the laser driver, a circuit that must deliver tens
of milliamperes of current with very short rise and fall times. Since laser diodes may ex-
perience large voltage swings between on and off states, the driver design becomes more
difficult as scaled technologies impose lower supply voltages. The package parasitics also
severely limit the speed with which such high currents can be switched to the laser [2].

The optical components in Fig. 1.3, namely, the laser diode, the fiber, and the photodi-
ode, introduce their own nonidealities, requiring close interaction between electronic and
optical design. Effects such as chirp, dispersion, attenuation, and efficiency play a major
role in the overall link budget.

The receiver of Fig. 1.3 also presents many problems. The noise, gain, and bandwidth
of the TIA and the limiter directly impact both the sensitivity and the speed of the overall
system, raising additional issues as the supply voltage scales down, Moreover, the clock
and data recovery functions must provide a high speed, tolerate long runs (sequences of
identical bits), and satisfy stringent jitter and bandwidth requirements.

Full integration of the transceiver shown in Fig. 1.3 on a single chip raises a number
of concerns. The high-speed digital signals in the MUX and DMUX may corrupt the re-
ceiver input or the oscillators used in the PLL and the CDR circuit. The high slew rates
produced by the laser driver may lead to similar corruptions and also desensitize the TIA.
Finally, since the oscillators in the transmit PLL and the receive CDR circuit operate at
slightly different frequencies (with the difference given by the mismatch between the crys-
tal frequencies in two communicating transceivers), they may “pull” each other, generating
substantial jitter. ‘

The above issues have resulted in multichip solutions that integrate the noisy and sensi-
tive functions on different substrates. The dashed boxes in Fig, 1.3 indicate a typical par-
titioning, suggesting the following single-chip blocks: the PLL/MUX circuit (also called
the “serializer”), the laser driver along with its power control circuitry, the TIA/limiter
combination, and the CDR/MUX circuit (also called the “deserializer’). Recent work has
integrated the serializer and deserializer (producing a “SERDES”) but the TX and RX am-
plifiers may remain in isolation. '
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1.4 State of the Art

The new optical revolution is reminiscent of the monumental change that radio-frequency
(RF) design began to experience in the early 1990s. This resurgence entails three important
trends: (1) Modular, general-purpose building hlocks are gradually replaced by end-to-
end solutions that benefit from device/circuit/architecture codesign. (2) Greater levels of
integration on a single chip provide higher performance and lower cost. (3) Mainstream
VLSI technologies such as CMOS and BiCMOS continue to take over the territories thus
far claimed by GaAs and InP devices. Modern OC transceiver applications continue to
challenge designers along many dimensions.

Realization in CMOS Technology The cost and integration advantages of CMOS
technology have motivated extensive work on high-speed CMOS design. Issues such as
noise, speed, voltage headroom, and substrate coupling pose many difficulties in the design
of CMOS transceivers. Research on 10-Gb/s CMOS CDR circuits yiclded results in 2000
[3], and CMOS serializers and deserializers operating at this rate were reported in 2002
[4, 5].

Speed With the increasing volume of data transported in the backplane of the Internet,
optical commuunication at rates of 40 Gb/s has become attractive. Such high speeds emerge
‘as a new territory for IC design because prior work at these frequencies {“millimeter-wave
frequencies™) has been limited to narrowband, low-complexity circuits for wireless ap-
plications. Pushing bipolar and, preferably, CMOS technologies to such speeds, designers
must cope with broadband characterization of active and passive devices, transmission-line
behavior of on-chip interconnects, and high-speed packaging issues. A 40-Gb/s SiGe CDR
circuit has been reported in [6].

Level of Integration Integrating a complete SERDES on a single CMOS chip serves as
the first step toward much greater sophistication in OC transceiver design. Two important
trends particularly suited to CMOS technology are: (1) integration of the SERDES along
with the large digital processor that interfaces with the network (the “framer”); such inte-
gration eliminates a large number of high-speed printed-circuit board (PCB) lines between
the two, simplifying the package design and saving substantial power. (2) integration of
multiple SERDES on one chip; since the total data rate can be increased through the use
of multiple light wavelengths on a single fiber, an important thrust is to integrate several
SERDES on the same substrate, thereby increasing the “port density.”

Power Dissipation At high speeds and/or high port densities, the power dissipation
of optical transceivers becomes critical as it determines the type and size of the package
in which the entire module is housed. Today’s 10-Gb/s SERDES consume about 1 W of
power, leading to serious packaging issues if four must be integrated on one chip. Interest-
ingly, the low supply voltage required for deep-submicron CMOS technologies does reduce
the overall power dissipation (e.g., in the output buffers) while making circuit design more
difficult. '
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CHAPTER 2

Basic Concepts

This chapter forms the background necessary for the analysis and design of optical com-
munication circuits and systems. We first review the properties of random binary data and
consider methods of generating pseudo-random sequences. Next, we study the effect of
bandwidth limitation and noise on random data. Finally, we introduce the concepts of phase
noise and jitter and review transmission lines.

2.1 Properties of Random Binary Data

Most optical communication systems employ simple binary amplitude modulation of the
lightwave for ease of detection. The random binary sequence (RBS) experiences varicus
imperfections in the optical and electrical domains, raising important design issues. In this
section, we study properties of random data to the extent necessary for circuit and system
analysis. :

A random binary sequence consists of fogical ONEs and ZERQs that carry the infor-
mation and usually occur with equal probabilities [Fig. 2.1(a)]. If each bit period is T
seconds, we say the bit rate, Ry, is equal'to 1/7} bits per second.” The sequence depicted

ONE
""" Vo ONE
_ o _
ZERO t Y _| t
- T, - 2 ; {ZERO

- T, -
(@ : (b
Figore 2.1 Random binary sequence with (a) finite and (b) zero de content.

in Fig. 2.1(a) contains a nonzero average value because the logical ZEROs are represented

LWe use b/s for random data and Hz. for periodic waveforms, e.g., clocks.
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by a zero voltage (or current). In some cases, it is simpler to view the waveform as shown
in Fig. 2.1(b), where the ONEs and ZEROs assume equal and opposite values, thereby
yielding a zero average.

The random nature of data implies that a binary sequence may contain arbitrarily long
strings of consecutive ONEs or ZEROs (also called “runs”) (Fig. 2.2). We say the data

t

Run

Figure 2.2 Random binary sequence with long run.

exhibits a low “transition density.” Such strings create difficulties in the design of many
optical transceiver circuits. In particular, operations such as ac coupling, offset cancella-
tion, and clock recovery are sensitive to low transition densities, failing completely if a
run becomes arbitrarily long. For this reason, optical comnmmnication standards typically
specify the maximum “run length,”? i.e., the maximum number of consecutive ONEs or
ZEROs allowed in the data. A typical run may be as long as 72 bits. To avoid exceeding
such a run length, the data is encoded properly in the transmitter.

It is also instructive to examine random binary data in the frequency domain. How is the
spectrum of a random sequence obtained?® Let us represent the random binary sequence
by

z(t) =Y byp(t ~ kT), 2.1)
- .

where by = %1 and p(t) denotes the pulse shape. That is, the RBS is viewed as positive
and negative replicas of a basic pulse that are repeated every T3 seconds (Fig. 2.3). While
we can assume that p(t} is simply a rectangular pulse of width T3, it is stifl useful to obtain

p{t)

+p(t)
|~

yd

- >

~y

~p{t)

Figure 2.3 Random sequence viewed as random repetition of a pulse,

the spectrum of () for an arbitrary p(£).

2 Also called “consecntive identical digits” {CIDs).

SThe spectrum of a waveform indicates how much power the signal carries in a 1-Hz bandwidth at each
frequency. ’ :
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1t can be proved that, if the positive and negative pulses in (2.1) cccur with equal prob-
abilities, then the power spectral density of z(¢) is given by

Se(f) = %;IP(f)i"", @2)

where P(f) represents the Fourier transform of p(t) [1]. Equation (2.2) reveals many inter-
esting properties of various data formats used in communications. As we will see through-
out this book, many of these properties directly impact the design of transceivers.

Let us now compute S, (f} if p(¢) is a rectangular pulse T}, seconds wide and repeated
every T seconds. Since the Fourier transform of such a pulse is equal to

gi T
P(f)=T, —mg,ﬂ ) 2.3)
the spectrum of the random sequence is expressed as
sin(rfTy) ]’
() =T [____g;b *’)] : o4

Noting that sin(w f7T,) vanishes at f = n/T}, for integer values of n, we construct the
spectrum as shown in Fig. 2.4(a). To show a wider magnitude range of S, (f), it is common

Sx{f)4 10logS x ()4

~¥

€] ' ()
Figure 2.4 Spectrum of random binary data with (a) linear and (b) logarithmic vertical scale.

to use a logarithmic scale for the vertical axis [Fig. 2.4(b)].

The above analysis yields an important attribute of random binary sequences. For a
bit rate of 1/T}, the spectrum exhibits no power at frequencies equal to 1/Ty, 2/T,
etc. In other words, if the waveform is applied to a 1-Hz bandpass filter centered at
f=1/T;,2/Ty, - - -, very little energy is observed. For example, a 10-Gb/s sequence does
not contain a 10-GGHz component [Fig. 2.5(a)]. This somewhat surprising result is better
understood if we note that the fastest waveform at 10 Gh/s consists of a 1010 sequence
with each bit 100 ps wide [Fig. 2.5(b)]. Such a signal is a 5-GHz square wave, containing
only odd harmonics at 5 GHz, 15 GHz, etc. Another method of proving the existence of
the nulls is described in Section 2.2.
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10logS x(F) 4

>

ad |

~n

e | , 10 GHz
100 ps
@

10'093x(f)

N ~ B

~y

P ' 5GHz 15GHz
- .
100 ps
®
Figure 2.5 Spectra of (a) random binary data at 10 Gb/s and (b} a 1010 sequence at 10 Gbf/s.

The foregoing observation proves critical in the task of clock recovery. As explained
in Chapter 9, for clock recovery by phase locking, the waveform must contain a periodic
component at the bit rate, i.e., the spectrum must display an impulse (sometimes called
a “spectral line™) at f = 1/T}. To understand intuitively why random binary data does
not provide such an impulse, we multiply the waveform by a sinusoid of frequency 1/7;
and compute the average of the result.? As illustrated in Fig. 2.6, the average is zero if the

x(t) -

-

sin 2—”r

b f

S 2T
x (1) xsin —1t
(t) T

Figure 2.6 Correlation of random binary data with a sinusoid.

ONEs and ZEROs occur with equal probabilities. _

Even though we have assumed that the ONEs and ZEROs are represented by equal and
opposite pulses, the spectrum of Fig, 2.4 exhibits a finite power in the vicinity of zero
frequency. Is this a contradiction to the assumption of zero dc content? No, if a waveform

“This is equivalent to calcnlating the coefficient in the Fourier series of a periodic waveform.

1
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has a nonzero average, then its spectrum contains an impulse at zero. The finite power in
Fig. 2.4 simply means that the signal is likely to have arbifrarily low frequencies if it is
observed for a very long time. This property is akin to the long runs that appear in random
data.

2.2 Generation of Random Data

In simulation and characterization, it is difficult to generate completely random binary
waveforms because for randomness to manifest itself, the sequence must be very long. For
this reason, it is common to employ standard “pseudo-random” binary sequences (PRBSs).
Each PRBS is in fact a repetition of a pattern that itself consists of a random sequence of a
number of bits (Fig. 2.7). As an example of PRBS generation, consider the circuit shown in

‘ - :
_ 1 L

Repetitive Pattern

Figore 2.7 Pseudorandom binary sequence.

Fig. 2.8(a), where three master-slave flipflops form a shift register and an XOR gate senses

. LARARE
1|0(0

11140

D QD al—p aQ 111

Y Y, Ys o 1|1

Lo, 1|01
cke—4 l E 0|10
o|o|1

(a) (b)
Figure 2.8 (a) Linear feedback shift register, (b) state diagram of the circuit.

¥: and Y3, returning the result to the input of the first flipflop.

Suppose the register begins with the initial state ¥;¥5Y¥3 = 100. The 01rcu1t then goes
through the states shown in Fig. 2.8(b), producing ¥5 = 0011101, Also appearing in Y7
and Y5, this pattern repeats every 2% — 1 = 7 clock cycles. We also note that if the initial
condition is 000, the register remains in a degenerate state. Thus, some means of initializa-
tion is necessary. In signal processing literature, the circuit of Fig. 2.8(a} is called a “linear
feedback” shift register [2, 3], and the operation of the circuit is expressed by the following
polynomial:

py) =9y +y' + 1 (2.5)
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Here, the power in each term indicates the delay (e.g., Y3 is a replica of the XOR gate
cutput but delayed by three clock cycles) and the last term signifies the reset necessary to
avoid the degenerate state. The polynomial may also be written as y° ® y* @ 1 to show the
XOR operation explicitly. '

The waveform produced by the above circuit is an example of a relatively random se-
quence. One attribute of randomness is “dc balance,” i.e., the total number of ONEs in each
period differs from that of ZEROs by only one. Note also that the maximum run length is
equal to 3, Other properties of PRBSs are described in [3].

_ The linear feedback shift register of Fig. 2.8 creates a pattern 7 bits long. This technique

can be extended to an m-bit system so as to produce a sequence of length 2™ — 1. For
example, many optical communication circuits are tested with a PRBS of length 27 -
1,2'% — 1,228 — 1, 0r 2% - 1, i.e., maximum run lengths of 7, 15, 23, or 31, respectively.
The polynomials used for generating 2'5 — 1 and 22% — 1 are expressed as y** @y @ 1
and y2° @ y'® & 1, respectively.

It is important to note that the spectrum of pseudo-random data sequences is quite dif-
ferent from that given by Eq. (2.4). Since the random pattern is repeated periodically, we
expect the spectrum to contain only impulses. As an example, consider the PRBS illustrated
in Fig. 2.9(a), where a 7-bit pattern is repeated. (For simpficity, the ZEROs are represented

7T,

~Y

-y

@ : ®)

. || - > - lfh

| R
Ty A To
(c) .
Figure 2.9 (a) PRBS data viewed as superposition of periodic pulses, (b} decomposition of periodic
pulses as a basic pulse and train of impulses, (c) resulting spectra.
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by a zero level rather than a negative voltage.) The signal can be decomposed into a number
of simple, identical periodic waveforms, z (t), - - - , z4(¢), that differ by only a phase shift.
Each waveform consists of a pulse of width T}, thatis repeated every 773 seconds. Alterna-
tively, as shown in Fig. 2.9(b), each waveform can be viewed as the convolution of a single
pulse of width T} with a train of impulses having a period 773. The Fourier transform of
one such waveform is therefore given by the product of those of the pulses and the train
[Fig. 2.9{c)]. Since % {¢}, - - - , x4 (t) have the same magnitude but different phase shifts, the
Fourier transform of z(¢) still resembles that shown in Fig. 2.9(c), that is, it consists of only
spectral lines. Of course, for long random patterns, the impulses are very closely spaced,
creating an almost continuous spectrum. For example, with a PRBS of length (22* — 1)7}
at 1 Gb/s, the impulses appear at integer muliiples of [(2%% — 1)T3]~! ~ 119 Hz. Note,
however, that the nulls at n/T}, persist regardless of the length of the sequence. This is
another approach to proving that random binary data lacks a spectral line at the bit rate.

2.3 Data Formats$
2.3.1 NRZ and RZ Data

The binary sequences studied thus far are called “non-retwrn to zero” (NRZ) data, a format
employed in most high-speed applications. This type of waveform is called NRZ to distin-
guish it from “return to zero” (RZ) data, in which each bit consists of two sections: the first
section assumes a value that represents the bit value, and the second section is always equal
to a logical zero [Fig. 2.10(a)]. In other words, every two symbols carrying information are
separated by a redundant zero symbol.

In contrast to NRZ data, RZ waveforms exhibit a spectral line at a frequency equal
to the bit rate, thereby simplifying the task of clock recovery (Chapter 9). As shown in

Fig. 2.10(b), this property is derived by viewing the RZ waveform as the produoct of an

NRZ sequence, 1 (t), and a periodic square wave, 23 (t). Note that x; (£) and x5 (t) toggle
between O and 1, exhibiting impulses at dc in their spectrum. Since the spectrum of the
square wave contains impulses at 1/T5, 3/T}, ete., the spectrum of the RZ signal, S;q (f) =
Sgz2(f), appears as shown in Fig. 2.10(d). It can be shown that the overall spectrum still-
has a sinc squared shape [1]. '

Comparison of the spectra in Figs. 2.4(b) and 2.10(c) reveals the drawback of RZ data:
it occupies about twice as much bandwidth as NRZ data does, intensifying the trade-offs in
circuit design. Other data formats such as Manchester and Miller codes also exist [1] but,
due to speed or modulation and detection difficulties, they are rarely used in high-speed
optical systems,

~ 2.3.2 8B/10B Coding

The long runs present in random data streams create difficulties in clock and data recovery
as well as in ac coupling between stages. In CDR design, the lack of data transitions during
a long run allows the oscillator to drift and hence generate jitter. In ac coupling, a long ran
exhibits a nonzero “running average” (i.., a nonzero “local” de content), which is blocked
by high-pass filtering.
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i 11 1 1 1 H

NRZ Data J 0 0

(a) )]

|_ 0
RZ Data l | _Ll—i_;-l_)— x3(1) .1 o_L—I_rL_I_

|

Figure 2.10 (a) NRZ and RZ data formais, (b} decomposition of RZ data into two sequences, {c)
spectra of 1 and z2, (d) spectrum of RZ data. .

In order to alleviate the above issues, random data may be encoded so as to limit the
maximum run length. The result is loosely called a “dc-balanced” code. For example, 8-
bit/10-bit (8B/10B) coding [4] converts a sequence of 8 bits to a 10-bit word while goar-
anteeing a maximuom run length of 5 bits. Thus, the data rate rises by 25% (called the
“overhead”) but many aspects of the design are relaxed.

Described in [4] in detail, 8B/10B coding decomposes each byte into two blocks of 5
bits and 3 bits, converting them to 6-bit and 4-bit equivalents; respectively. Two important
attributes of this coding scheme are (1) the difference between the number of ONEs and
the number of ZEROs in each output block is equal to 0 or 2; (2) if one block contains
two excess ONEs (ZEROs), then it is followed by another that includes two excess ZEROs
(ONEs}. As a result, each two consecutlve blocks exhibit a total average of zero, hence the
term “de-balanced.”

8B/10B coding is employed in a number of standards, including Fibre Channel and
10-Gigabit Ethernet. A more efficient version, called 64-bit/66-bit coding has also been
employed to lower the overhead [5].

f _3_2 _1 o 1,2 3
Th Ty Ty Th Th Tp
(©
S)q (f)*sz (f)
3.2 1 o 1 .2 3 f 3 _2_1 ot . 2 3 f
T Ty Ty T Ty Ty Th Tp Ty Th T Ty
()
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2.4 Effect of Bandwidth Limitation on Random Data

2.4.1 Effect of Low-Pass Filtering

In the design of high-speed circuits, the bandwidth trades with gain and power dissipation.
Furthermore, in low-noise applications, the bandwidth must be chosen carefully so that the
signal is processed with high fidelity while the total integrated noise is minimized.

In order to determine the bandwidth required of a circuit, we must examine the signal
quality as the bandwidth is reduced. For a periodic square wave, a low-pass filter attenuates
the high-frequency components, yielding finite rise and fall times [Fig. 2.11(a)]. But how
about random binary data? As illustrated in Fig. 2.11(b), for a single ONE followed by

Vin _NWT‘) Vour

(a) (b)
Figure 2.11 Effect of low-pass filtering on (a) periodic data and (b) random data.

a ZERO, the output does not come close to ¥, but for two consecutive ONEs, it docs.
A similar effect occurs for ZEROs as well. This phenomenon is undesirable because the
output voltage levels corresponding to ONEs and ZEROs vary with time, making it difficult
to define a decision threshold. For example, if the threshold is set at V5 /2, then the levels at
t == t;, and £ = ¢, are very susceptible io noise and can be misinterpreted by the detector.
Also, the time instants at which the waveform crosses Vp /2 experience random variations.
The above phenomenon is called “intersymbol interference” (ISI) because it can also be
viewed as follows. Suppose, as shown in Fig. 2.12(a), the input data sequence is represented
by a superposition of positive and negative steps. Each step gives rise to an exponential
response at the output [Fig. 2.12(b)], thereby corrupting the levels produced for subsequent
bits; the narrower the bandwidth, the longer the exponential tails and the greater the ISL.

2.4.2 Eye Diagrams

Since ISI manifests itself differently for different bit patterns, long sequences of random
wavelorms must be examined for IST effects, a tedious task. A common tool for visualizing
the nonidealities in random data is the “eye diagram.” Such a diagram “folds™ all of the bits
into a short interval, e.g., two bits wide, thereby displaying an accumulation of distorted
edges and levels. As an example, consider the relatively “clean” waveform depicted in Fig.
2.13(a) and suppose an oscilloscope displays the data across a horizontal span of 2 ns. I
triggered every 2 ns, the oscilloscope displays the waveform first from ¢; to ¢, next from
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(a) (b)
Figure 2.12 Use of superposition to view ISI.
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t, ts
(b
Figure 2.13 (a) Random binary data, (b) 2-ns segments of the sequence and corresponding eye
diagram.

t2 to t3, then from 3 (0 14, etc., each time starting on the left side of the screen and ending
on the right. Thus, the segments are overlapped on the display, yielding the “eye” shown
in Fig. 2.13(b).

To examine the effect of limited bandwidth on the eye diagram, let us consider a 1-Gb/s
random binary sequence applied to a first-order low-pass filter having a —3-dB bandwidth
of 300 MHz. Since the filter introduces a time constant 7 =~ 530 p's, we note that the step re-
sponse, Vo1 — exp(—t/7)], reaches within 15% of V; in one bit period and within 2.3% of

17
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Vb in two bit periods [Fig. 2.14(a)]. Thus, the worst-case degradation in high or low levels
is approximately equal to 15%. To construct the eve diagram, we first plot the response to a

Tb=1 ns

~Y

(a)

Figure 2.14 Example of eye diagram construction.

relatively random sequence and subsequently superimpose all 2-ns intervals [Fig. 2.14(b)].
We say the “eye closure” is about 30%. We also observe that the limited bandwidth de-
grades the time resolution as well because the edges eéxperience random aberrations with
respect to their ideal position. This effect is an example of “jitter,” to be studied in Section
2.6.

in addition to limited circuit bandwidth, any imperfection that affects the magnitude or
phase response of a system may result in ISL. Figure 2.15 illustrates two examples in high-
speed applications. In Fig. 2.15(a), transistor M, is driven by random data and delivers a
large current to Ry,. Due to the finite inductance of the bond wire (and the package pin),
each time Ay turns on, the output voltage experiences ringing, corrupting subsequent bits.
Figure 2.15(b) shows an eye diagram obtained from simulation of this circuit.

Another example of IS generation is depicted in Fig. 2.15(c), where the output of a
circuit travels through a trace on PCB, driving a termination resistor, Fiy, and another
circuit. Due to various nonidealities such as bond wire inductances, parasitic capacitances,
and mismatches between the trace impedance and A7, the signal received at the far end
may suffer from significant ISI [6]. Figure 2.15(d) shows a simulated eye diagram for this
case.

The foregoing examples indicate that eye diagrams provide an efficient means of study-
ing the effect of circuit and system nonidealities. In order to construct an eye diagram in
time-domain simulations, a periodic ramp waveform is generated to emulate the behavior
of an oscilloscope. Consider the sequence z(f) depicted in Fig. 2.16(a) and suppose 7 (%),
with a period equal to 27}, is generated as well. Now, let us plot each 2T interval of z(t) -
as a function of »(¢), obtaining the segments shown in Fig. 2.16(b). Superimposing the
segments, we arrive at the eye diagram of Fig. 2.16(c).

2.4.3 Effect of High-Pass Filtering

We have thus far studied the effect of low-pass filtering on random data. 1t is also important
to examine the effect of high-pass filtering. For example, to remove dc offsets in ampli-
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Figure 2.15 (a) Typical output stage, (b) ISI resulting from package parasitics, (¢) typical point-to-
point connection, (d) ISI resulting from transmitter and receiver nonidealities. '

fiers, we may employ capacitive coupling between stages. Moreover, cascaded stages may
require different dc voltages at their interfaces, making capacitive coupling an attractive
choice, especially at low supply voltages.

To understand the effect of high-pass filtering, suppose a random binary sequence is
applied to a first-order RC section (Fig. 2.17). Each transition at the input immediately
appears at the output, but the output Jevels may “droop” significantly for long runs. As
a result, the bits after each long run suffer from a large (temporary) dc shift, making it
difficult to set a decision threshold. This phenomenon can also be viewed as I1SI because
each bit level depends on the preceding pattern.

The above effect is called “de¢ wander” (or “baseline wander™) because the “instanta-
necus” dc value of the output waveform continues to change randomly. To minimize dc
wander, i = R;C; must be sufficiently greater than the longest permissible run to ensure
negligible droop. Some standards simply specify the lower —3-dB end of the bandwidth to
avoid dc wander. For example, in multigigahertz systems, the lower end may be as smal
as a few tens of kilohertz. ) ' '

As an example, suppose a 10-Gb/s optical standard requires a high-pass corner fre-
guency of less than 250 kHz. What is the longest run that degrades the subsequent bit level
by 0.2 dB if a first-order high-pass filter is assumed? As illustrated in Fig. 2.18, the output

level must degrade by less than 0.2 dB after m}, where wm is the maximum run length.

T
200p

19
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~Y

(a)

{®) ©)

Figure 2.16 (a) Random sequence and a synchronous ramp, (b) two-bit segments of random se-
quence plotted versus the ramp, (c) resulting eye diagram.

ﬂr—lmmoﬁ;m\uum

Figure 217 Effect of high-pass filtering on random data.
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Figure 2.18 Example of droop in random data due to high-pass filtering.

The output voltage is given by

Vi = Voexp — (2.6)

71

Since a (.2-dB droop translates to 20logV; = 20logVy — 0.2 dB, we have V1 /Vp =
0.9772 and hence,

0.9772 = exp —

2.7)
T1
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Thus, mT} & 0.0237; and, with 7, = (27 x 250 kHz) ™! ~ 636.6 ns and T} == 100 ps, we
obtain m & 147,

2.5 Effect of Noise on Random Data

Random data propagating through an optical fiber may experience considerable attenua-

tion. For example, low-cost plastic fibers exhibit losses as high as 3 dB/m (Chapter 3).

Thus, the noise of the receiver can significantly impact the detection of the data. Since

. noise directly trades with gain, bandwidth, and power dissipation, it is important to deter-
- mine how much noise can be tolerated for a given bit error rate (BER).

Recall from Chapter 1 that, as shown in Fig. 2.19(a), the data bits must ideally be sam-

pled by the clock at their midpoints so as to provide maximum distance from the decision

Decision

Threshold Din

_______ Decision
Threshold

(a) : )
Figure 2.19 (a) Noiseless data sampled by clock, (b) noisy data and corresponding eye diagram.

threshold. The noise, n{t), added to the signal degrades both the amplitude and the time
resolution [Fig. 2.19(b)], closing the eye and increasing the BER. More specifically, with
a greater noise amplitude, the logical levels shown in Fig. 2.19(b) cross the threshold erro-
"neously more often. :
To derive the error rate in terms of the additive noise amplitude, we follow three steps:
(1) assume a noise model, e.g., an amplitude distribution [“probability density function”
(PDF)] for n(t); (2) obtain the amplitnde distribution of signal + noise, i.e., if the binary
sequence toggles between —Vp and +Vy, calculate the PDFs of —Vp+n(t) and + Vo +n(t);
(3) determine the probability of erroneous decision, i.e., —Vp+n(t) > Oor +Vo+n(t) < 0.
Assuming that the noise amplitude exhibits a Gaussian distribution with zero mean, we
write the PDF of n(t) as:

—n3

1
= ——exp —5
T 2m P 202"

where g, denotes the root mean square (rms) value of the noise. This equation simply
means that if the noise amplitude is sampled many many times, the resulting values follow
a Gaussian histogram (Fig. 2.20), with 68% of the samples falling in the range [— o, +05],
95% of the samples falling in the range [— 26, + 20,], etc. As arule of thumb, we assume
the amplitude of random Gaussian noise rarely exceeds *4o,.

Py, (2.8)
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P, V(n)
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Figure 2.20 Gaussian noise distribution.

The next step is to obtain the PDF of signal + noise. What is the PDF of the binary
sequence itself? If ONEs and ZEROs occur with equal probabilities, then the PDF consists
of two impulses at z = —V; and x = +V}, each having a weight of 1/2 [Fig. 2.21(a)]. This
is because (£} assumes no other value with a nonzero probability.? How is the amplitude
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Figure 2.21 (a) PDF of noiseless random data, (b} effect of additive noise on PDE.

distribution of &(t) 4+ n(f) determined? We recall from the theory of probability that if two
independent random variables are added, their PDFs are convolved. Thus, as illustrated in
Fig. 2.21(b), z(t) + n(t) displays a PDF consisting of two Gaussian distributions centered
around —V; and +Vp, each having an rms value of o,,. The shaded tails represent samples
of —Vp 4 n(t) that are positive and samples of +V; +n(¢) that are negative, i.c., erroncous
bits.

The last step is to calculate the probability of error. The probability that the actual bit is
a logical ZERO but the received level, —V, + n(t), is positive is given by the shaded area

5We agsume the detector samples the midpoint of each bit, ignoring rising and falling edges of the data.
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in Fig. 2.21(b) from 0 to +o0:

1 e g —(u+ Vp)?

Py =< du, 2.9

), T @

where the exponential term represents a Gauséiah function shifted to the left by V. Simi-

larly,

1/ 1 ~(u — Vp)?

Pio=< ex du. 2.10

1—=0 9 [_m Jn\/ﬁ P 20_?1 ( )

H ONEs and ZEROs arrive with equal probabilities and the noise corrupts high and low
levels equally, then Py, = Pip and we need calculate only one. A change of variable,
z = (u+ Vo) /oy, simplifies Eq. (2.9) to

2 1/00 L (211)
== — ——dz .
e Vo (o) e P 2
= ~];Q (E) , (2.12)
2 On _
where (J(-) is called the “¢} function” and defined as
o] 1 —H2
= —=exp ——du. 2.13
Q@ = [ Z=ew 213
"The total probability of error is therefore equal to
v
Prot = Q (—”) : 2.14)
Tn

Note that Vj is kalf of the peak-to-peak signal swing and o, is the rms value of noise. For
simplicity, we may also write:

Pt =Q (@) : 2.15)

20,

where V},, = 2V5. The dependence of Py, upon Vyp /oy, is expected because the latier is a
measure of the signal-to-noise ratio (SNR) in the system. As explained in Chapter 4, o, is
obtained by integrating the noise across the entire bandwidth, BW, e.g., o, x vVBW,

The @ function is not available in closed form, but for > 3, it can be approximated
with high accuracy by '

2

i 1 —x
o —— . 2.1
Qle) ™ = oxb = @16)

As an example, suppose a transimpedance amplifier produces an output noise voltage
o of o = 1 mVyps. If the peak-to-peak signal swing at the output is equal to' 10 mV, what

A

R
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is the error rate? Since Vp = 10 mV/2 = 5 mV and 0, = 1 mV,4,, we can substitute
z = Vp/o, = b in Eq. (2.16), obtaining )(5) = 2.97 x 10~". This result implies that
nearly 3 bits out of every 10 million bits are likely to be excessively corrupted.

In practice, we often know the required bit error rate and must determine the corre-
sponding V,,, /oy, ratio. This is possible by iteration in Eq. (2.16). Figure 2.22 plots Q(z)
from both Egs. (2.13) and (2.16). Note the strong dependence of the error rate upon z. As

Q(x)
0
10 .~ f\pproximation
1 0_2 g - “ . .
Exact
-4
10
-6
10
-8
10 1 L 1 1 1 =_
1 2 3 4 5 x

Figure 2.22 ) function.

a rule of thumb, BER drops by two orders of magnitude for each decibel increase in SNR.
In hand calculations, it is helpful to remember that @(6) ~ 1079, Q(7) =~ 1012, and
Q(8) ~ 10715,

Our studies of ISI and noise point to an important trade-off: if the bandwidth of an
amplifier is excessively narrow, random data experiences substantial ISI. On the other hand,
if the bandwidth is excessively wide, the signal suffers from large noise. As we will see in
Chapter 4, a reasonable compromise results if the bandwidth is approximately equal to 0.7
times the data rate.

2.6 Phase Noise and Jitter

The design of communication systems and circuits must ofien deal with phase noise and
jitter. These two effects are closely related and must be studied in the context of oscillators
and phase-locked loops.

2.6.1 Phase Noise

-Consider a hypothetical oscillator producing an ideal sinusoid at a frequency wg = 27 fp ==

27 [Ty. The output waveform can be expressed as V; = Vpcoswpl and the spectrum
(Fourier transform) consists of two impulses at w = Zwqg [Fig. 2.23(a}]. Note that the
period is constant and the zero-crossing points occur at exactly integer multiples of Ty.
Also, the spectrum indicates that the signal carries no energy at any frequency other than
wy. For example, if the waveform is applied to a very narrowband filter centered around
wo + Aw, then the output is zero for Aw # 0.
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)

Figure 2.23 (a) Spectrum of a noiseless sinusoid, (b) effect of jitter.

In actual oscillators, circuit and system noise varies the period of oscillation randomly—
as if the-oscillator occasionally operates at frequencies other than wg [Fig. 2.23(b)]. Here,
the zero crossings may not occur at integer multiples of T and the output spectrum exhibits

“skirts” around the original impulses, revealing that the signal carries a finite energy at

wy + Aw. For now, we assume that the amplitude of the output waveform is constant and
unaffected by noise.

How is phase noise expressed mathematically? Since the instantaneous frequency varies
randomly, we may be tempted to write Vi = Vp cos{[wg + wp(2)}t}. where wy,(t) is a
small random component that represents the frequency variations. However, as explained
in Chapter 6, this expression is incorrect and must be rewritten as

Vour = Vo coslwot + ¢ (2)], 2.17)

where ¢, (t) is a small random phase component with zero average. Intuitively, we note that
the zero crossings are “modulated” by ¢,,(#) because they appear at wof + ¢, (£) = kw /2
for odd %, that is, t = k(7 /2) /wo — ¢n(t) /wo. Equivalently, the period of oscillation varies
from one cycle to the next.
The quantity ¢, (¢) in Eq. (2.17) (more specifically, its spectrum, Sy, } is called phase
noise. Since ¢, is typically very small, we can assume ¢, () < 1rad, i.e., cos ¢, = 1 and
" sin ¢y, & @y, thus simplifying Eq. (2.17) to :

Viout (£) = Vi coswpt cos by, (8)] — Vo sin wot sinf¢, (£)] (2.18)

= Vi coswat — Voobn (F) sinwgt. (2.19)

It follows that the spectrum of V,,; consists of (a) impulses at =y and (b) the spectram
of ¢, (t) translated to +wy due to multiplication by sinwet, i.e., Spn{w & wp). This result

agrees with the illustration in Fig. 2.23(b). The exact shape of Sy, is derived in [7], but it
can often be approximated by 1/(Aw)?. :
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To quantify Sy, we measure the average power carried in 1 Hz in the phase noise
skirts of Fig. 2.23(b). Since the spectrum of ¢,, is not fiat, the power must be measured at a

-specified frequency “offset,” Aw, from wy (Fig. 2:24). Also, to allow a fair comparison of

different oscillators, the measured power in I Hz at Aw must be normalized to the “carrier”

Pinz
s 3 f
+
[ =]
2

Figure 2.24 Definition of phase noise.

power, P, i.e., the power carried by the impulse at wq. In Eq. (2.19), the carrier power is

approximately equal to V2, = Vi /2. The result is expressed as

HzlAw

Relative Phase Noise|a, = 10log A == dBe/Hz, (2.20)
. <

where the unit dBc/Hz denotes decibels with respect to the carrier, emphasizing the nor-
malization. .
As an example, suppose the phase noise spectrum of an oscillator is given by

(50 mVpg)?

Pigglae = A (2.21)

if the osciltation amplitude is equal to 0.5 Ve, What is the relative phase noise at 100-kHz
offset? At w = 27 x 100 kHz, we have

Spn(2m x 100 kHz) = 6.333 x 1072° V2 /Hz, (2.22)

Normalizing this value to the carrier power, (0.5V.ms)?, we obtain Spn(2m x
100 kHz) /(0.5 Vems)? = 2.533 x 101, Thus,

Relative Phase Noise = 101og(2.533 x 107 14) (2.23)
~ —136 dBe/Hz. (2.24)

It is important to note that phase noise must be specified at a frequency offset. Typical
mumbers used in practice are Aw = 27 x (100 kHz) or Aw = 27 x (1 MHz).




Sec. 2.6 Phase Noise and Jitier

2.6.2 Jitter

In optical communications, the time-domain behavior of phase noise is of great interest
because it represents the extent to which the zero crossings of a waveform are corrupted.
The deviation of the zero crossings from their ideal position in time is called jitter. Alter-
natively, the deviation of each period from the ideal value can be called jitter. These views
bear subtle differences, leading to several definitions of jitter [7].

Suppose a noisy oscillator operates at a nominal frequency wo = 2 fo = 2m /Ty and its
output is plotted against an ideal square wave with period Tg [Fig. 2.25(2)1.° To quantify
jitter, we can measure the deviation of each positive (or negative) transition point of x4 ()

xq(t)
T-——
TD
X3 ( r) E
AT, AT,

(a)

|

g - o -
T Ty T3 T

(b
Figure 2.25 (a) Cycle-to-cycle jitter, (b) variable cycles.

from its corresponding point in z;(£), i.e., ATh, ATy, etc. This type of jitter is called
“absolute jitter” because it results from comparison with an ideal reference, i.e., absolute
points in time. Since the deviations are random, we measure a very large number of AT’s
and determine the root mean square value of absolute jitter as:

1
ATabs,r'm,s = Algnoo “N”\/ATE + ATZZ +--+ AT]%T (2.25)

Another type of jitter is “cycle-to-cycle jitter,” obtained by measuring the difference
. between every two consecutive cycles of the waveform and taking the rms valve [Fig.
2.25(b)]: '

. 1
Ach,rms ~ lim —\/(TQ - Tl)z + (T3 - T2)2 e+ (TN - TN—.1)2- (2-26)
Nooo N : .
~ Note that cycle-to-cycle jitter does not require a reference signal.

5Ta visuakize jitter more easily, we consider square waveforms rather than sinusoids.
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Absolute and cycle-to-cycle jitter are commonly used to characterize the quality of sig-
nals in the time domain. A third type of jitter that may also prove useful is “period jitter”
[7], defined as the deviation of each cycle from the average period of the waveform, T,

1 — - —
Tprms = Jim —oA/(T =12 + (T = T2)? + -+ (T = Tn)%, 2.27)

—+00

Tor a phase-locked oscillator, absolute jitter and period jitter are equal.

2.6.3 Relationship Between Phase Noise and Jitter

The phase noise of oscillators can be measured in simulations or in the laboratory much
more readily than the jitter can. It is therefore desirable to establish a relationship between
the two quantities. Here, we develop a simple expression that provides insight and practical
utility. The reader is referred to [7, 8, 9] for more details.

For absolute jitter, we compare the actual signal with an ideal reference, noting that the
deviation of each zero crossing is AT; = (27/To)¢by,;, where ¢, ; denotes the value of
¢, (in radians) in the vicinity of zero crossing number 4. Thus,

N
AT} = lim lZAT}’ (2.28)
=1

bs,rms Noae N .

21\ 2 1

— H il 2 i
(To) NN JZ_; P | (2.29)
The summation can be approximated by an integral:

AT _ (2 lim = f i G2 (t)dt (2.30)
abs,rms — TO TI—I;%OT _1/2 n . .

The limit represents the average power of ¢, and, from Parceval’s theorem [1], is equiva-
lent to the area under the spectrum of ¢y,:

2 2 +oo .
Athbs,rms = (T_:) / St;ﬁn(f)df (231)

—0

The cycle-to-cycle jitter and the phase noise can also be related by an expressidn [7].
This is described in Chapter 9. :

2.6.4 Jitter Pue to Additive Noise

We observed in Section 2.4 that the bandwidth of an amplifier must be chosen properly so
as to achieve a reasonable balance between noise and ISI. We also quantified the effect of
noise on the amplitude of data bits and hence the bit error rate. In this section, we examine
the effect of additive noise on the transitions of data, arriving at the resulting jitter.
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Figure 2.26 Effect of additive noise on jitter.

Suppose, as shown in Fig. 2.26, a random binary sequence Dy, is corrupted by additive
noise n(t). Focusing on the zero crossings of D, +n(t), we recognize that if, in the vicinity
of t = 1, the noise assumes a value of n(tp), then the zero crossing of D;,, +n(tg) deviates
from the ideal value by

(1
ATy = M), (2.32)
S
where S denotes the slope (slew rate) of the transition. Thus, the sharper the edge, the less
the effect of additive noise.
To gain more insight, let us assume an ideal random binary sequence with period T} is

applied to an amplifier having a first-order low-pass transfer function with f..34p = 0.7/7% -

(Fig. 2.27). We wish to compute the jitter resulting from the amplifier noise. Since each

fo 07
-V -V

Figure 2.27 Effect of low-pass filtering on jitter.

. édge of D,y experiences an exponential change of the form —V; + 2Vp[1 — exp(—t/7)),
where 7 = T}, /{27 x 0.7), we can write the slope as:

9 - .
|S] = Vo exp —t (2.33)
T T

Each edge crosses zero when exp(—ty,/7) = 0.5. The slope at the zero crossing is therefore
equal to: ' '

' W
|Siol =

A (2.34)
T

rﬁ?ﬁﬁ%ﬁéﬁﬁ%}i@%
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==V (2.35)

n(to) :
ATy Tarli Ts. (2.36)
As an example, recall from Section 2.5 that for BER = 10742, we must have
Vo/Mpms(to) = 7. Thus, '
Ty
ATy rms = Tdr %7 (2.37)
yielding a normalized jitter of
ATO T3 1 :
T rms - 2.
Ty 9.87 _ (2.38)
~ 3.25%. (2.39)

This amount of jitter may not be acceptable in some applications.

2.7 Transmission Lines

‘A good understanding of transmission lines (T lines) is essential to the design of high-

speed circuits. We briefly review the basic properties of T lines here and return to more
advanced topics in Chapter 5.

2.7.1 Ideal Transmission Lines

A transmission line (T line) is an interconnect whose length is a significant fraction of
the wavelength of interest or, equivalently, whose end-to-end delay is not negligible with
respect to other time scales in the environment. For example, consider the simple structure
shown in Fig. 2.28(a), where an ideal interconnect (with zero resistance) and a ground plane
form a T line. A step applied to one end experiences delay as it propagates through the line.
As depicted in Fig. 2.28(b), the line can be modeled by a distributed L.C' ladder, where Ly
and CYy denote the inductance and capacitance of the line per unit length, respectively. The
delay is calculated from the velocity of the wave, given by

1
VvIoCo

Note that the propagation behavior and the delay in this case are quite different from those
of long on-chip interconnects exhibiting substantial series resistance.

The propagation delay in T lines yields an interesting property: if a step is applied to
one end, the instantaneous behavior at that end does not depend on the length of the line or

(2.40)

v =
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Figure 2.28 Distributed LC model of a T line.

Figure 2.29 Current step at the input of an infinitely long T line.

the load seen at the other end. For example, an input current step gives rise to a voltage step
whose height is a fundamental property of the line (Fig. 2.29). In fact, we have V3 /I, = Zg,
where Zg represents the “characteristic impedance” of the line and is equal to

Zo = ‘/Co' (241

Note that Z; in this case is a real number, containing no reactance. This example snggests
that the characteristic impedance can be viewed as the “instantaneous” input impedance of
a T line.

The voltage step generated in Fig. 2.29 propagates on the line, establishing a current
of Iy at each point as it travels. If the far end is terminated by a resistance equal to Zy
(Fig. 2.30), then the relationship Vo /Iy = Z remains valid as the wave reaches the load,

Y% %

o__l_ S Zo J
lo v
0 __I fin ! %”E 2

Figure 2.30 T line with matched load. ~

and the transient ceases thereafter. On the other hand, if Ry, # Zg, the voltage and current
waveforms approaching the Joad violate Ohm’s law, requiring that a reflection be generated.
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For example, if B = oo (Fig. 2.31), then when the Iy wave reaches the end, a current
wave equal to Jp must start from the load and propagate to the left so that the total current
through R;, = cc is still zero. The reflected current wave produces a voltage step of height

W
vy Y 0
0_]_ _DI_—P V1OV0|
-}

V. V. Incident Io
1 ’:0
0 | lin Zo 2 Current g |
= e [ Reflected fo

" Current ¢ I

Lr—
Va
0

~y

Figure 2.31 T line with open load.

Vo, raising the local potential on the line to 2V as it travels toward the source.
It is also instructive to study the case Br = 0. As illustrated in Fig. 2.32, the 1V wave
reaching the end demands a reflection of —14 so as to maintain zero potential across the

Y I
-0
1g v - ™. R=0 Y

0
Incident )

= Voltage I
g 0

Reflected 0

Voltage -V I

Figure 2,32 T line with short load.

load. The 14 component then propagates to the left, forcing the local voltage to zero as it
travels on the line, The reader is encouraged to follow the transients in Figs. 2.31 and 2.32
as they go back and forth.

The above analysis indicates that if the termination at the far end deviates from Zy, then
reflection is inevitable. The reflection can nevertheless be absorbed if the source impedance
is equal to Zg. For example, consider the arrangement shown in Fig. 2.33, where a voltage
source having an output resistance of Rg = Zy provides a step of height 1. The wave
amplitude is immediately halved at the near end because of the voltage division between
Fg and the instantaneous input impedance of the T line. The resulting step travels to the
far end, sees Ry, = oo and generates a reflection of amplitude V; /2, thereby raising the po-
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Figare 2.33  Absorption of secondary reflection by source impedance.

tential at the load to V5. The reflection propagates to the left, reaches the source, and, with
Rg = Zy, produces no “secondary” reflections. This important observation is exploited in
the design of high-speed output buffers.

For sinusoidal excitation of a matched T line, we express the wave propagation as:

2xt 2
Vit,z) = Vo cos(it - %m) 2.42)
where 7" denotes the temporal period and A the spatial period (wavelength). Note that
A =wv-T. Itis common to write 2m/X = 8 = 2n/(v - T) = w/LoCp. As depicted in
Fig. 2.34, the waveform repeats along the x axis every A meters. Also, a snapshot of the

@UQUQU*WU*

X= X1+'— t—t1+_

AL AN

X= X1+7\. t-t1+T

EAVAVA VIS VAVAY' S

Figure 2.34 Propagation of a waveform along a T line.

waveform taken at ¢ = ¢, is identical to thatat ¢t = ¢, + T, ¢ = £; + 2T, efc.

Our study of T lines thus far has neglected the resistance of the conductors. If a lossless
uniform line is matched at the far end, then a step propagates and reaches the load with no
distortion or attenuation while experiencing a frequency-independent delay. We therefore
say lossless T lines exhibit an infinite bandwidth and a linear phase shift, i.e., a phase shift
linearly proportional to the frequency. If the T line suffers from substantial resistance {or,
equivalently, is very long), then the resulting 1oss must be taken into account.

2.7.2 Lossy Transmission Lines

T lines suffer from losses in the conductors and in the dielectric material. The distributed
model of Fig. 2.28(b) is therefore modified as shown in Fig. 2.35 to represent the losses.
. Here, the resistance g embodies both low-frequency and high-frequency conductor losses
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Figure 2.35 Model of lossy T line.

while conductance ' models the dielectric loss. The characteristic impedance of such a line

is equal to [10]:
Jjwlg+ Rg
Ty =405 : 2.43
TV o+ G (2-43)

a complex quantity.” While it may appear that at high frequencies, Eq. (2.43) reduces to
Zo = +/ Lo /Cy, we must note that line losses also become significant as w rises. Thus, Rg
and G must still be taken into account. We limit our study to lines having a small loss here.

It is instructive to consider the propagation behavior expressed by Eq. (2.42) for lossy
lines. We have [10]:

2rt

V(t,z) = Vp exp(—ax) cos( T

t - Bz), (2.44)

where o denotes the attenuation factor,

~ 1 fCo Lo -
& == '2-(RS : LO + G CO), (2.45)

and § = w+/LyCy. Equation (2.44) is commonly abbreviated as
Vz = Vyexp(—oaz) exp(~jfz), (2.46)

where it is understood that the time dependence is not shown and only the real part of V' {(z)
is of interest.
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CHAPTER 3

Optical Devices

The design of integrated circuits for optical communications is heavily influenced by the
limitations of optical components. For example, to determine the required input-referred
noise current of a transimpedance amplifier, the designer must know the transmitter out-
put power, the fiber loss, and the photodiode response. Also, it is desirable to electrically
compensate for optical device nonidealities such as fiber dispersion to save cost and space.

This chapter deals with three main components of optical systems: laser diodes, optical
fibers, and photodicdes. We first study the principles of laser action and present Fabry-Perot
(FP) and distributed-feedback (DFB) lasers. Next, we review loss and dispersion charac-
teristics of optical fibers and describe photodiodes such as PIN and avalanche structures.
Finally, we consider the effect of nonidealities in a typical OC system.

For a more detailed study, the reader is referred to the numerous books written on the
subject, e.g., [1, 2, 3, 4].

3.1 Laser Diodes

A laser diode is a semiconductor device that produces light (not necessarily visible) in
response to a current. Unlike light-emitting diodes (LEDs), lasers generate an extremely
sharp spectral line, i.e., the output light energy is heavily concentrated arcund one fre-
quency (or wavelength). In this context, we say lasers are “monochromatic.”’! Furthermore,
lasers produce extremely focussed beams that can travel a long distance with little spatial
divergence. (Laser pointers are a low-cost example.)

Figure 3.1(a) shows the input-output characteristic of a typical laser diode. If the current
is less than a threshold value, Iy, the optical power is small and the device does not oper-
ate as a laser. As the current exceeds Ipg, Py, rises relatively linearly until it approaches
a saturated level. In optical communications, the current may be switched between two
levels [Fig. 3.1(b)], thereby modulating the output power.

IThe term monochromatic means “having a single color.”
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Figure 3.1 (a) Typical laser diode characteristic, (b} input and output waveforms.

‘What aspects of lasers are important in optical communications? We study a number of
parameters that must be considered in transceiver design.

Efficiency Efficiency represents the optical power produced by the laser for a given
input current. A more precise measure is the “quantum efficiency,” defined as the number
of output photons divided by the number of input electrons, both measured in a given time
interval. Efficiency determines the current that the laser driver circuit must provide so as to
generate a given optical power.

Spectral Purity A laser driven by a constant current ideally “lases” at a single wave-
length, i.e., the output light is perfectly monochromatic. In reality, however, the light spec-
trum is smeared [Fig. 3.2(a)] or contains “side modes” [Fig. 3.2(b)].2 As explained in
Section 3.2.2, such nonidealities lead to other issues in propagation through fibers.”

Lo
(a) )
Figure 3.2 {a) Output spectrum of a laser, (b) appearance of side modes.

b IO -, W
=

>y

>y

Threshold Current From the circuit design standpoint, it is desirable that Ir g in Fig.
3.1(a) be small so that the laser driver does not consume substantial idle power. More
- importantly, a low frz allows a high ratio between the logical ONEs and ZEROs, easing
the task of detection. ’

21n the optical domain, the spectra are usually plotted as a function of the light wavelength, A, rather than its
frequency. - ' '
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Voltage Drop The voltage across a laser diode includes two components: one due to
Ity and another resulting from current swings. Typical lasers exhibit voltage swings in
the range of 1.5 to 3 V, requiring high supplies and lirge transistor breakdown voltages.

Switching Speed With optical communication rates approaching 40 to 100 Gb/s,
lasers that can turn on and off rapidly become essential. As explained in Section 3.1.3,
several phenomena limit the switching speed of lasers.

Output Power The laser output power determines both the maximum tolerable attenu-
ation in the fiber and the sensitivity required of the receiver. High-power lasers must use
large semiconductor devices and hence suffer from a high input capacitance, making the
design of high-speed laser drivers difficult.

Lifetime Lasers must typically operate for about 10° hours (approximately 12 years).
Due to aging, the laser characteristics change considerably during this time. In particular,
the threshold current varies substantially with aging (and with temperature), requiring a
monitor device and feedback circuitry to ensure a constant output power (Section 3.1.3).

Other parameters of lasers such as linearity and tunability may also become important
in some applications.

3.1.1 Operation of Lasers

A laser is an optical oscillator. As explained in Chapter 6, a system oscillates if it provides
both amplification and positive feedback at the frequency of interest. Thus, a laser can be
viewed as an optical amplifier embedded in an optical feedback loop.

How can light be amplified as it travels throngh a medinom? We must first understand the
concepts of “spontaneous emission” and “stimulated emission.” Suppose all of the atoms
in a material exhibit two energy levels [Fig. 3.3(a)]. This means the outer elecfrons of
the atomns can assume an energy level of By or Ey. For example, in semiconductors, F
and By correspond to the valence band and the conduction band, respectively. Recall from
physics that an electron in the lower state may be excited to the upper state if it absorbs
a photon having proper energy [Fig. 3.3(b)]. Similarly, an electron in the upper state may
spontaneously fall to £; and emit a photon [Fig. 3.3(c}]. Called spontaneous emission,
this effect is exploited in many familiar light sources, including fluorescent lamps and
LEDs. More specifically, the operation of LEDs is based on the transition of electrons from
the conduction band to the valence band (and recombination with holes) and emission of
photons resulting from this transition.

Spontaneous emission is characterized by two properties. First, it entails a certain life-

'time, i.e., the electrons falling to £ remain at this level for some time before returning

to F;. Second, the photons produced by spontancous transitions assume arbitrary phases
(and polarization), creating “incoherent” light.

The transition of electrons from a higher state need not be spontaneous, If a photon
entering the material carries proper energy, it may stimulate an electron in s, forcing it
to jump to the lower level and emit another photon [Fig. 3.3(d)]. The new photon is now
in phase with the original one, and the two continue to travel through the material and
stimulate more electrons, creating new photons. Called “stimulated emission,” this effect
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Figure 3.3 (a) Energy bands in a semiconductor, (b) excitation of an electron from valence band
by a photpn, (c) transition of an electron from conduction band, (d) excited transition of an electron
from conduction band.

may continue indefinitely if electrons in the upper state are supplied steadily.® Of course,
some of the photons are absorbed by the electrons that jump from F, to Es.

If the density of electrons in the upper state in Fig. 3.3(d) somehow exceeds that in
the lower state, the light passing through the material creates more stimulated emission
than photon absorption, i.e., it is amplified. Called “population inversion,” this condition
occurs if the electrical current “pumped” through the laser is large enough to supply the
high-energy electrons. 7

With light amplification available, we now seek methods of creating an optical oscil-
lator. A simple approach is to confine the medium between two mirrors having a proper
spacing such that the light reflects from each and experiences a total phase shift of zero in
one round trip (Fig. 3:4). In practice, one of the mirrors is semitransparent, allowing most

Opaque Semitransparent
Mirror Mirror
T e

Figure 3.4 Simple view of a Fabry-Perot laser.

3The term “laser” is the acronym for “light amplification by stimulated emission of radiation.”
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of the light to exit the cavity (serving as the laser output) and only a fraction to be reflected
to sustain the oscillation.

3.1.2 Types of Lasers

The simple laser structure described in Section 3.1.1 is called a Fabry-Perot (FP) laser. It
consists of a suitable medium (e.g., a piece of semiconductor) sandwiched between two
mirrors. Figure 3.5 depicts an example, where the electrical current flows from top to bot-
tom and the light exits from the right facet. Each dimension is on the order of a few hundred
microns. As the current forced through the medium increases, the structure first exhibits

Ip }'D

o Light I;\:;:I\gi —) Pp-AlGaAs Light
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Figure 3.5 (a) Simple laser structure, (b} double heterostructure.

spontaneocus ermission, producing incoherent light with a relatively broad spectrum. If the
current exceeds the threshold, the optical gain is sufficient to sustain oscillation, initiating
laser action. -

Lasers typically employ “direct-bandgap” semiconductors such as AlGaAs and In-
GaAsP. The bandgap energy of the material must be of such a value that the stimulated
emission exhibits the required laser wavelength, e.g., 1.55 pm.

The geometry in Fig. 3.5(a) provides little confinement of carriers or light, displaying a
very high threshold current (in the ampere range). In practice, the “double heterostructure”
of Fig. 3.5(b) is used, where a thin layer of GaAs is sandwiched between two p and n re-
gions of AlGaAs. With its higher bandgap energy, AlGaAs forms a barrier for the electrons
and holes generated in the active region. Furthermore, owing to its lower refractive index,
AlGaAs allows the active region to behave as an optical waveguide (i.e., a fiber), with the
light traveling back and forth between the cleaved facets 4 and B. The laser thus achieves
both carrier and optical confinement.

In reality, FP lasers may not produce a single light frequency. As the pumping current
exceeds the threshold, high-order modes in the cavity between the mirrors are stimulated,
generafing other frequencies as well (Fig. 3.6). As explained in Section 3.2.2, these “side-
modes” produce undesirable effects while propagating through fibers. FP lasers are nsed
for data rates as high as roughly 5 Gb/s. :

To suppress the sidemodes observed in FP lasers, a resonant structure can be added to
the simple cavity, thereby prohibiting unwanted components from growth in the feedback
loop. To convert a uniform piece of material to a frequency-selective medium, we introduce
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Figure 3.6 Effect of high-order modes in a Fabry-Perot laser.

a pertodic perturbation in thickness or refractive index in the direction of propagation. 11
ilustrated in Fig. 3.7(a), the idea is to allow one frequency to propagate through the medium
with minimal loss whereas cther frequencies are reflected from each interface. In optics,
the above structure is called a “grating” and realized as in Fig. 3.7(b), where each “groove”
modifies the effective value of n. If the light wavelength equals 2d, then it resonates with
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Figure 3.7 (a) Resonant structure using periodic variation of refractive index, (b} realization using
a grating,

the grating and passes through with little attenuation; other wavelengths experience less
gain. This phenomenon is analogous to resonance in LC circuits.
Figure 3.8 depicts a laser diode incorporating a resonant structure. The light traveling

Mirror Mirror

Figure 3.8 Distributed feedback laser.

around the loop between the two mirrors experiences the filtering selectivity provided by
the grating, yielding an oscillation concentrated arcund the natural frequency of the res-
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onator. Called a “distributed feedback™ (DFB) laser, this device exhibits sidemodes about
30 dB below the fundamental and operates at rates as high as 20 Gb/s,

It is interesting to note that FP lasers can be viewed as “optical ring oscillators” (the
light simply incurs a certain delay as it goes around the loop) whereas DEB lasers are
sirnilar to LC oscillators (the light experiences the resonant selectivity of the grating).

The laser geometries studied thus far are sometimes called “edge-emitting” structures
to emphasize that, as illustrated in Fig. 3.5(b), the light exits from the edge of the device.
Such structures suffer from a number of drawbacks: (a) the emitted light beam exhibits
a noncircular cross section and is therefore difficult to couple to the fiber; (b) on-wafer
testing of the laser diodes is not possible, requiring that they be diced first; (c) it is not
possible to construct a two-dimensional array of edge-emitting devices on a wafer.

“Vertical cavity surface emitting lasers” (VCSELs*) are heterostructures designed to
guide light in a direction perpendicular to the substrate. Approaching a true Fabry-Perot
geometry, VCSELs employ mirrors above and below the active region so that the light
travels up and down during amplification. Figure 3.9(a) depicts an example, where each
mirror consists of a large number of thin layers with alternating refractive indices n; and

Reflection §
Coefficient

1.0

(a) (b)
Figure 3.9 (a} VCSEL structure, (b) distribuied Bragg reflector.

nip. Called a “distributed Bragg reflector” (DBR), the mirror structure is shown in more de-
tail in Fig. 3.9(b), revealing that proper choice of n,, 7o, and the layer thicknesses ensures
that most of the light at the wavelength of interest is reflected. Each layer may be only a
few hundred angstroms thick. .

Most early VCSELSs produced light at a wavelength of 0.83 pem and also suffered from
a high series resistance. With improvements in the technology, VCSELs operating at 1.3
pm and 1.5 pm have been demonstrated and their series resistance has been reduced. In
contrast to edge-emitting devices, VCSELs typically require a lower threshold current with
smaller voltage swings, but their output power is also smaller.

3.1.3 Properties of Lasers

With our basic understanding of lasers, we now examine some of their properties that
impact the design of optical communication circuits and systems.

4Pronounced “vexels”
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Turn-On Delay When a laser diode is turned on, the photon generation begins as spon-
taneous emission until the carrier density exceeds a threshold level. Thus, stimulated emis-
sion, i.e., true laser action, occurs after some delay. _

If the laser current begins from below the threshold, then the turn-on delay experiences
substantial random variations due to the random nature of spontaneous emission. Conse-
quently, as shown in Fig. 3.10, the optical data suffers from jitter.

Figure 3.10 Effect of variable deldy in lasers.

Frequency Chirping The oscillation frequency of lasers is a function of the medinm’s
refractive index. This index in turn exhibits dependence on the carrier concentration in
the medium. As a result, when the laser current is modulated by ONEs and ZEROs, the
light frequency also experiences modulation. Illustrated in Fig, 3.11, this effect is called
“frequency chirping.” The principal consequence of chirping is the broadening of the light

Output Light
Iy -

Figure 3.11 Chirping in lasers.

=

spectrum (by even more than one order of magnitude), leading to substantial dispersion in
optical fibers carrying such signals (Section 3.2.2). ~

Relaxation Oscillation When the current flowing through a laser is stepped from a

small value (below the threshold) to a large value, the laser output power does not vary
. in the form of a simple step. Depicted in Fig. 3.12(a), the output time-domain waveform
suffers from “ringing,” requiring some time to settle. This effect is called “relaxation oscil-
Iation.” Equivalently, if the laser is driven by a sinusoidal current and F,,; is plotied as a
function of the input frequency, the behavior shown in Fig. 3.12(b) is observed, revealing
peaking in the vicinity of f;.

Relaxation oscillation results fromi the exchange of energy between photons and elec-
trons, As the laser turns on, if stimulated emission raises the photon density above a certain
level, then the electron density in the upper energy level begins to fell. This in turn lowers
the photon density. Electrons then accurnulate again to initiate strong light emission. The
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Figure 3,12 Relaxation oscillation in lasers.

rise and fall in the electron density and the output power continues (with decaying ampli-
tude) until the system reaches equilibrium. The frequency of ringing typically ranges from
1 to 4 GHz. '

Relaxation oscillation limits the speed of lasers. With random data, the ringing produced
at each transition may affect the next, thus creating intersymbol interference and jitter. The
system data rate is therefore typically limited to about 5 Gb/s for a fiber length of 5 km.
Note that the carrier density fluctuation also results in frequency chirping, further widening
the spectrum, '

In order to alleviate the problems of random delay and relaxation oscillation, lasers
are usually turned oft only partially during logical ZERQs. Illustrated in Fig. 3.13, this
method minimizes spontaneous emission at the cost of degrading the difference between

Fout A

ty

Figure 3.13 Choice of extinction ratio.

the logical ONEs and ZEROs (Py and aFpy, respectively). Called the “extinction ratio”
(ER), the quantity Py /(aPy) = 1/« creates a trade-off between speed (i.e., random
delay and relaxation oscillation) and detectability (the difference between highs and lows).
In fact, the signal-to-noise ratio degrades by approximately (1 — a). As a compromise, the
ER is typically set in the range of 10 to 15 dB.

Drift with Aging and Temperature The threshold current of laser diodes varies sub-
stantially with aging and temperature, For example, Iy rises by 1 to 2% per degree centi-
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grade. Thus, to maintain a constant extinction ratio, a servo loop is usually placed around
the laser driver and the diode, controlling the low and high ends of the pump current. The
servo loop Tequires monitoring the optical output, converting the result to an electrical
component, comparing this value with a reference, and using the error to adjust the output
current of the laser driver. Hlustrated conceptually in Fig. 3.14, the loop employs a photo-

diode (Section 3.3) to measure the light generated by the laser, adjusting I according to -

L.aser Package

Laser |
Diode\,.iL

Monitor
Photodiode

Laser
Driver

Figure 3.14 Scrvo loop to stabilize laser output power.

the difference between Ip; Ry and Vpgp. The photodiode is typically included in the laser
package. In some cases, the servo Joop may also control the amplitude of the modulation
current, [,,;. We return to this topology in Chapter 10.

3.1.4 External Modulation

Turn-on delay, relaxation oscillation, and frequency chirping limit the switching rate of
laser diodes and/or the length of the fiber carrying the information. For high-speed appli-
cations, e.g., at 10 Gb/s, it is common to separate the generation and modulation of the
light into two independent functions. As shown in Fig. 3.15, a “continuous-wave” (CW)
laser produces light with constant intensity, and an external modulator impresses the data
on the lght. '

CW Laser

+ | Optical £)
T =" Modulator -
Data

Figure 3.15 External modulation of lasers.

A common type of modulator used in high-speed applications is the “Mach-Zehnder” \

device. The Mach-Zehnder modulator employs a Lithium Niobate (LiNbO3) crystal, in
which the propagation velocity.is a function of the electric field applied across it. This
property allows the phase shift experienced by light to be modulated by an electrical sig-
~ nal. However, most systems require binary modulation of the light amplitude rather than
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the phase. The Mach-Zehnder modulator therefore controls the output amplitude through
phase modulation and addition of fwo signals. Shown in Fig. 3.16, the structure consists
of two signal paths, one of which experiences a variable phase shift controlled by V,. if

Path 1
Input Cutput
Light Signal

Path 2

Figure 3.16 Mach-Zehnder modulator.

path 1 delays the light by 7 radians, then the output rays add destructively, creating no
light. Thus, the peak value of V;,, and the path length must be chosen so as to produce the
required phase shift. : '

With the aid of Mach-Zehnder modulators, communication at rates of 10 Gb/s along
100 km of fiber has become possibie. These devices, however, introduce difficulties in cir-
cuit design. First, they require the peak value of V;, in Fig. 3.16 tobe as highas 4 to 6 V,
creating breakdown issues in high-speed transistors operating in the driver circuitry. Sec-
ond, since the modulator power/voltage characteristic drifts with aging and temperature, a
control loop similar to that in Fig. 3.14 is necessary (Chapter 10).

3.2 Optical Fibers

The light produced and modulated by laser diodes and external modulators travels through
an optical fiber. As mentioned in Chapter 1, fibers provide much greater bandwidths and
lower losses than coaxial cables do, playing a critical role in high-speed long-distance
communications. '

Figure 3.17 shows the structure of a fiber. The “core™ guides the light while the
“cladding” confines the propagation and the *“jacket” protects the fiber. This type is called
a “single-mode fiber” (SMF). The core in low-loss fibers is made of “silica,” a material
derived from silicon dioxide (SiOz). The small diameter of the core makes mechanical
handling and alignment very difficult.

Two aspects of fibers play critical roles in the performance of OC systems: loss and
dispersion.
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Core

Cladding

Jacket
Figure 3.17 Structure of single-mode fiber.

3.2.1 Fiber Loss

The loss of fibers directly impacts the maximum allowable distance between the transmitter
and the receiver, The light traveling through a fiber incurs two types of loss: absorptive and
radiative.

Absorptive losses appear when the light wavelength stimulates atomic resonances in the
fiber material itself (“intrinsic loss™) or in the impurities in the fiber. Radiative losses arise
when the light experiences scattering in the fiber, thereby exiting the core and radiating
throngh the cladding. The most significant scattering mechanism is due to small disloca-
tions (inhomogeneities) that occur in the fiber during fabrication and create fluctuations in
composition and density. Called “Rayleigh scattering,” this effect yields a loss that can be
expressed as

Cr
aR = 37 (3.1

where Cg is a coefficient determined by the fiber uniformity, dimensions, and doping. The
value of C'g typically falls in the range of 0.8 to 1 dB.um?/km, translating to a Joss of
about (.15 dB/km at A = 1.55 ym.

Figure 3.18 plots the loss characteristics of a typical silica SMF as a function of the light
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Figure 3.18 Loss profile of a typical SME

_ wavelength. The minimum atfenuation occurs at A & 1.55 pm, hence the widespread use
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of this wavelength in optical communications. The loss is relatively constant for about 200

* nm around this wavelength, providing a flat bandwidth of roughly 25,000 GHz. In reality,

however, fiber dispersion reduces the useful bandwidth by several orders of magnitude
below this value.

The high manufacturing cost and difficult mechanical handling of silica fibers have en-
couraged the use of other materials. A common alternative are “plastic” fibers, found in
three types: polymethylmethacrylate (PMMA), polysiyrene (PS), and polycarbonate {PC).
Plastic fibers have both a lower cost and a much greater core diameter {~ 1000 pm), obvi-

ating the need for precision connectors or cutters. Furthermore, they are soft and nonbritile.

Plastic fibers, however, suffer from a number of drawbacks. First, they exhibit substan-
tial loss, e.g., 55 dB/km for PMMA (at A & 0.76 um}, Second, their operation temperature
cannot exceed 80°C. Nevertheless, plastic fibers are extensively used over short distances,

3.2.2 Fiber Dispersion

Dispersion in fibers has become a serious issue, motivating extensive work in both optical
and electrical domains to reduce its effect. In this section, we study two important types of
dispersion and describe how they degrade the performance in modern networks.

Dispersion is & familiar phenomenon in electronics. If different frequencies comprising
a pulse propagate at different velocities in a medium, then the pulse shape changes. Equiva-
lently, if the phase of the medium’s transfer function does not vary linearly with frequency,
then dispersion arises.

As a simple example, suppose the two sinusoids shown in Fig. 3.19 are summed and
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Figure 3.19 Summation of two sinusoids.
applied to a linear time-invariant system:

z(t) = xl{t} + o (t) (3.2)
= A; coswit + Ag cos(3wyt). (3.3)

We note that for z(t) to retain its shape, the two components must incur equal delays (in
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seconds) as they propagate through the system®:

! (#) = A; coslwy (¢t — At)] (3.4)
yo(t) = As cos[3wy (8 — Af)]. 3.5
How do equal delays translate to phase shift? Expanding the argument in each output wave-
form, we write the phase shifts as:
P = —wy - At (3.6)
P2 = —3wy - AL (3.7)
Thus, in a nondispersive system, the phase shift (in radians) is a linear function of fre-
quency.

As an example of a dispersive system, consider the first-order RC network shown in
Fig. 3.20(a). As depicted in Fig. 3.20(b), the phase of the transfer function, ZH (s), is an

" /H(s) f
)
Vmo—)M-__T._O Vout (DO 0"3
¢ \ k
(a) ' ®

Figure 3.20 (a) First-order low-pass filter, (b) phase characteristic.

approximately linear function of frequency only for 0.1wp < w < 10wy.

As another example, suppose an all-pass system introduces a constant phase at all fre-
quencies [Fig. 3.21(a)]. Here, higher frequencies incur less delay, in a sense “falling be-
hind” lower frequencies. In particular, if the waveform %(#) shown in Fig. 3.19 is applied
to such a system, we have:

y1(t) = A cos(wit + ¢1) (3.8)
y2(t) = Az cos(3wit + é), ' 3.9)
and hence,
y(t) = Ay cosfus (t + %)] (3.10)
= by
y2(t) = As cos[3wy (f + S, IR .11

5We assume an “all-pass™ system, i.e., the magnitude of the transfer function remains equal to unity at all
frequencies.
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Figure 3.21 (a) All-pass system with flat phase response, (b) input and output signals.

Shown in Fig. 3.21(b), y1 (¢} + y2(¢) displays a different shape from z; {£) + zo(¢).

In digital data communication, dispersion becomes an issue because it typically broad-
ens the pulses, thereby creating ISI. We now study two types of dispersion, For more details
the reader is referred to [2, 6].

Chromatic Dispersion The propagation delay of light in a medium with a refractive
index n is given by v = ¢/n, where ¢ & 3 x 10® m/s. In practice, the value of n varies with
the light wavelength, leading to different velocitiés if’ the light contains different frequen-
cies. For example, the refractive index of pure silica is given by [1];

b A2 by A2 b3 \?
1V WA b

() =1
n() +)\2—a1 /\z—ag ,\2—&3J

~(3.12)

- where a; and b; are empirical constants. Since, as shown in Fig. 3.22, light modulated by

random binary data exhibits a squared sinc spectrum, components at f and f; reach the

Sx(f)h

fy fg 5 f
Figure 3.22 Spectrum of light modulated by random binary data.

far end at different times, thus creating chromatic dispersion.® Similarly, laser sidemodes
(Fig. 3.6) experience dispersion, corrupting the data.

6“Chromatic” means related to color, referring to dispersion of different light colors {(frequencies).




Sec. 3.2 Optical Fibers

In optical communications, it is common to study the effect of dispersion by applying
a Gaussian pulse to the system. Depicted in Fig. 3.23, such a pulse displays two useful

TO 1:1 .
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Figure 3.23 Broadening of Gaussian pulse due to dispersion.

properties: (a) due to its smooth edges, it occupies a small bandwidth; and (b) its Fourier
transform is also a Gaussian and can be constructed easily. It can be shown that a Gaus-
sian pulse p(t) = Aexp(—#?/73) modulating a light ray of wavelength Ao and traveling
through a fiber of length L remains Gaussian and exhibits a width of [1]

4r2 23 \? (dn\’
= 1+ — 2 — ] . 3.13
n To\/ + T (271’62) (d/\Q) (313)
For pulse broadening to be small, the second term under the square root must remain much
less than unity and hence

2 2 :
™R T+ %; (%) (%;g) - (3.14)
Thus, the pulse is broadened by
AT = T — To (315)
2 2 2
EEE e

Note that, for small dispersicn, A7 oc L% In tﬁe optical fiber literature, on the other hand,
it is common to define the broadening as [1]

AT = +J7% ~7¢, (3.17
which, from (3.13), is equal to
2L A2 |d*n
Ar == |—=]. :
AT T 27c? | dA? (.18)

With this definition, A7 oc L (!). This result is used to estimate the broadening for other
pulses as well. Since a Gaussian pulse of width 7y occupies a bandwidth of roughly Aw
2/ 19, we write Eq. (3.18) as '

&n
dX2

A3
AT = Awl - o

. (319
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Thus, a well-behaved pulse having a bandwidth Aw experiences a broadening given by
Eq. (3.19). As a rule of thumb, a broadening of greater than one-fourth of the bit period is
considered unacceptable [7].

While mathematically convenient, Gaussian pulses prove inadequate in representing
random binary data, As illustrated in Fig. 3.24, two consecutive ONEs appear as one wide
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Figure 3.24 Use of Gaussian pulses to represent random data.

pulse in reality but as two narrow pulses in Gaussian modeling. Broadenmg therefore leads
to unrealistic IS] between the ONEs.

Chromatic dispersion is usually quantified by an index, 4, that indicates the change in
delay incurred by light per kilometer of fiber length for 1 nm of change in the wavelength.
Figure 3.25 plots & as a function of A, suggesting that § exceeds 10 ps/nm/km at A = 1.55

o
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Figure 3.25 Chromatic dispersion profile of a typical SMF.

pm. This means wavelengths that are I nm (about 133 GHz) apart experience a delay dif-

ference of 10 ps across 1 km. While 133 GHz of bandwidth appears much greater than

today’s demand, we must note that (1) modulation of light amplitude at 40 Gb/s does pro-
duce significant energy at £100 GHz around the center frequency; (2) dispersion manifests
itself even at 10 Gb/s if the fiber is hundreds of kilometers long.

Figure 3.25 also reveals that § drops to zero in the vicinity of A = 1.3 gm. Thus,
the wavelengths of minimum loss and minimum dispersion do not coincide, requiring a
compromise.
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Some GaAs lasers produce a light wavelength of about 0.84 pm, at which the dispersion
index reaches several tens of ps/nm/km. The removal of the fiber-induced dispersion in the
electrical domain is under active research. Recent work has also produced “dispersion-
shifted fibers” (DSFs), in which the wavelength of minimum dispersion is shifted to 1.55
pm. A third type, the “dispersion-flattened fiber” (DFF), is designed to have minimum
dispersion in the range of 1.2 pm to 1.6 pm.

Polarization-Mode Dispersich During manufacturing, the cross section of optical
fibers inevitably suffers from slight asymmetries, appearing as an ellipse rather than a cir-
cle [Fig. 3.26(a)]. This effect is exacerbated if the fiber senses asymmetric stresses after
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Figure 3.26 (a) Ellipticity in a fiber, (b) PMD, (¢) pulse bifurcation.

installation. As depicted in Fig. 3.26(b), the resulting “ellipticity” yields different prop-
agation velocities for different polarization niodes, thereby leading to polarization-mode
dispersion (PMD) [6]. '

The difference between propagation velocities is modeled by different refractive con-
stants, n, and ng, for the slow and fast modes, respectively. Called the “birefringence,”
An = n, — ny typically falls in the range of 1077 to 1075,

Figure 3.26{c) illusirates the effect of PMD on a narrow pulse. As the waveform propa-
gales in the fiber, one polarization mode falls behind, resulting in “pulse bifurcation.” It can
be shown that, for a fiber of length L, the bifurcation time (“differential delay™) is given by

(6]
An  w 0O(An)

Ar =1L
T c c Bw |’

(3.20)

where w denotes the light frequency. The normalized quantity Ar/L often serves as a
measure of PMD in fibers, assuming a typical value of 1.5 ps/km.

Interestingly, the dependence of PMD upon the length of the fiber changes as the latter
increases. In long fibers, the direction of ellipticity does not remain constant from one end
to the other, leading to a slower accumulation of A7 with length (Fig. 3.27). If the ellipticity
appears randomly, then it can be assumed that A7 VL for L > L¢. Unfortunately, the

53



- 54

Chap. 3 Optical Devices
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Figure 3.27 Dependence of PMD on fiber length.

value of L varies from a few meters to 1 km under different conditions, making it difficult
to clearly distinguish the “short-fiber regime” from the “long-fiber regime.” Nevertheless,
since PMD is significant only for tens or hundreds of kilometers of length, the square-root
dependence proves more relevant to practical applications.

An important issue refated to PMD is its drift with temperature, necessitating adap-
tive cancellation at the far end. For long fibers, the drift is random and A~ exhibits a
Maxwellian distribution (Fig. 3.28) [6]:

' /2 x? —z?
Px(z) = o SXP o (3.21)

It can be shown that for a 1-dB power penalty with a probability of 1/18,000 (30 minutes

Py (x)

xy

Figure 3.28 PMD distribution.
per year), the mean differential delay, < A7 >, must satisfy:
< AT >< 0.147;, (3.22)

where T} denotes the bit rate. Also, for a given bit rate, Iy, the maximum tolerable PMD
is given by '

0.02

(PM Dppas)® = I

(3.23)

For example, if By = 10 Gb/sand L = 100 km, then PM D, = 14 ps,ie., 1.4 ps/v/km.
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3.3 Photodiodes

The light carried by a fiber is converted to an electrical signal at the receive end by means
of a photodiode. Various properties of photodiodes affect the sensitivity and speed of the
receiver front end. _

Photodiodes produce current in response to light, in a sense the reverse action of light-
emitting diodes. If a pn junction is illuminated with light, the electrons in the valence band
may be stimulated and raised to the conduction band. As a result, a photon is absorbed
and an electron-hole pair capable of conducting current is generated (Fig. 3.29). This phe-
nomenon occurs if the photon energy F, exceeds the bandgap energy of the material, E.

Conduction
Band

Valence
Band

Hole

Figure 3.29 Generation of an electron-hole pair by means of a photon.

“The photon energy is given by Plank’s equation:
(3.24)

where h = 6.63 x 10~3* J.s denotes the Plank constant. Thus, the light wavelength must
fall below a threshold, Argr ~ 1.24/ E, pm-eV o stimulate carrier generation.

The generatioh of electron-hole pairs in a pr junction shifts the reverse “breakdown™
characteristic toward the origin [Fig. 3.30(a)]. Indeed, if a reverse bias voltage is applied
across the diode, the electrons and holes created by light are absorbed to opposite polarities,
producing a continuous current [Fig. 3.30(b}]. _

It is important to note that photodiode action occurs mostly in the depletion region;
the electric field in other regions of the diode is small, allowing the electrons and holes
to recombine before they are swept away. For this reason, efficient photodiode operatioﬁ
demands both a reverse bias and a large depletion region.

3.3.1 Responsivity and Efficiency

The current generated by a photodiode, I, is linearly proportional to the optical power,
Pop:

Ip = RphPopa . (325)

where Ry, is called the “responsivity.” For example, some photodiodes exhibit a respon—
sivity of 1 A/W, i.e., they produce a current of 1 mA when illuminated by I mW of light

55



56

Chap. 3 Optical Devices

Yo
+ -Ip
— - .
Depletion
Ip . : Region
-
Light— p ol el TN
. > . .
1 = Vp —» i
: Holes Electrons
Without] | With —
Light * Light ' O
Vr
() {b)

Figure 3.30 (a) Photodiode characteristic, (b) current conduction by electrons and holes.

- with proper wavelength. The responsivity can be increased by widening the diode surface
-area that receives the light, but at the cost of greater junction capacitance.

In an ideal photodiode, every photon entering the device generates an electron-hole
pair. In reality, however, some photons are reflected from the surface or absorbed by the
material to produce heat. We therefore define the “quantum efficiency” of photodiodes as
the number of electrons generated divided by the number of photons applied (in a given
time interval):

Ip/q

S 1L 3.26
1= Bond (RN 320

where ¢ denotes the electron charge and the denominator represents the number of photons.
From (3.25), we have

he
— R, L 3.27
n Rph 5 ( )
12
- @. (3.28)

Typical values of i fall in the range of 0.8 to 0.9.

In this chapter, we study two types of photodiodes commonly used at the front end
of optical receivers. We should mention, however, that many of today’s high-performance
systems interpose an optical amplifier between the fiber and the photodiode to boost the
light Ievel, thereby lowering the effect of the receiver noise, '

3.3.2 PIN Diodes

Recall that photodiode action occurs primarily in the depletion region. To create a wide
depletion region, an intrinsic (undoped) piece of semiconductor can be interposed between
the p and 1 sections (Fig. 3.31), leading to a “PIN diode.” With a reverse-bias voltage, the
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Light

L;
Figure 3.31 PIN structure.

intrinsic region is almost completely depleted, providing a depletion region as wide as L;,
typically about 20 pm. PIN diodes exhibit a quantum efficiency of approximately 0.8.

The switching speed of PIN diodes is limited by two effects. First, the finite transit time -

of electrons and holes through the intrinsic region limits the rate at which the current can
vary in response to light. For a transit time of T3, the —3-dB bandwidth of the light-current
transfer function is roughly equal to (.44 /T;. [2]. For example, if carriers reach a saturated
velocity of 8 x 10¢ cm/s, then T, & 0.2 ns for L; = 20 ym, yielding a -3-dB bandwidth
of 2.2 GHz.

The second factor limiting the speed arises from the junction capacitance, C;, of the
diode. As explained in Chapter 4, C'; greatly impacts the design of transimpedance am-
plifiers. Interestingly, if L; in Fig. 3.31 is reduced to decrease the transit time, then the
junction capacitance rises (and the quantum efficiency falls). Also, if the cross section of
the diode is enlarged to increase the output current, then ('; increases as well. For photo-
diodes operating in the gigahertz range, C; falls in the range of 0.1 to 0.5 pF.

PIN diodes display a low noise, making the subsequent amplifier the major noise con-
tributor. Such diodes operate with wavelengths of 0.5 to 1 gm in Si and 1 to 1.6 ym in
AlGaAs.

3.3.3 Avalanche Photodiodes

The operation of PIN diodes is based on the generation of one electron-hole pair for each
photon entering the lattice. In avalanche photodiodes (APDs), on the other hand, the gen-
erated electrons and holes carry so much energy that they themselves can stimulate other
electrons and holes, creating an avalanche effect. :

To understand the principle of operation, we first review avalanche breakdown in pn
junctions. At high electric fields, an electron may travel at such high velocities (even oc-
casionally greater than the saturated velocity) that it can stimulate more electrons from
the valence band into the conduction band. Called “impact ionization,” this phenomenon
can lead to an indefinite growth (multiplication) of carriers, if each new conduction-band
electron acquires enough energy to free more electrons.

APDs operate with controlled avalanche, that is, with a multiplication factor, M, of
several hundred rather than infinity. Thus, each photon entering the device may create
hundreds of electron-hole pairs, providing a large output current. Shown in Fig. 3.32 is
the structure of a typical APD, consisting of a sandwich of nt, p, and I layers atop a p™
substrate. As in PIN diodes, the intrinsic region enables generation of electron-hole pairs,
Grown as a very uniform and thin Iayer, the p region supports a high electric field to create
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Figure 3.32 APD structure.

avalanche. For a light wavelength of 0.8 ym and 7 = 0.9, multiplication factors of several
hundred and responsivities of about 10 A/W are achieved.

Interestingly, APDs suffer from a “gain-bandwidth” trade-off. The higher the multipli-
cation factor is, the longer the avalanche persists, limiting the switching rate of the current.

" For this reason, APDs rarely achieve a speed higher than a few gigahertz.

The use of APDs in optical communications entails several other issues. First, the
avalanche process is quite noisy, making the noise of the photodiode significant. Second,
this avalanche noise appears only when light is applied, i.e., only for one logical level. We
say the noise is greater on ONEs than on ZEROs. Third, the reverse-bias voltage applied
to APDs must be controlled precisely so as to avoid full avalanche breakdown. Fourth, the
high responsivity of APDs is obtained only at high reverse voltages, typically in the vicin-
ity of 10 V, requiring additional power supplies in the system if the circuits themselves
must operate with lower voltages. The last two properties are in contrast to those of PIN
diodes.

3.4 Optical Systems

Following our study of optical devices, we now briefly describe general aspects of optical
systems, concentrating on issues resulting from device and circuit limitations,

The light produced by an optical transmitter is modulated by the data. While a variety of
schemes have been attempted, the most common method is direct modulation of the light
intensity by binary data, known as “amplitude shift keying” (ASK) or “on-off keying”
(OOK). To perform ASK, the laser diode or the modulator is directly driven by the data,
producing substantial light in response to one logical level (Fig. 3.33).

The light traveling through the fiber experiences loss, requiring a highly-sensitive re-
ceiver to detect the signal with acceptable bit error rate. The sensitivity of the receiver is
determined by (a) the responsivity of the photodiode, (b) the overall input-referred noise
of the receiver, and (c) the detection method employed in the receiver. For a transmitted
power of Pr, a fiber loss of Lz, and a photodiode responsivity of Rpp, the input current
applied to the receiver is

Iin=Pr-Lr-Rpp. (3.29)

For example, suppose an optical transmitter injects a “high” output level of 10 mW into
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Figure 3.33 ASK modulation of light.
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a plastic fiber that is 100 m long. Let us calculate the maximum tolerable receiver noise
for BER = 10~ if the fiber exhibits a loss of 300 dB/km and the receiver photodiode
has a responsivity of 1 A/W. The fiber attenuates the light power by 30 dB (a factor of
1000), yielding a peak-to-peak current I;; = 10 pA. For BER = 10~!2, Egs. (2.15) and

{2.16) require that the total input-referred rms noise current of the receiver be E =
10 pA/14 = 714 nA. _

This example ignores two important nonidealities. First, the finite extinction ratio of
the lasers brings the high and low levels closer to each other, degrading the detection.
Second, for avalanche photodiodes or PIN diodes followed by optical amplifiers, the noise
on logical ONEs may be greater than that on ZEROs.

The foregoing study provides the foundatien for “link budget” calculations. Based on
the transmitted power, the length (and hence loss) of the fiber, and the properties of the
photodiode, the link budget determines the maximum tolerable noise of the receiver and/or
the detection method for a given bit error rate. In this context, it is often said, “every dB

counts.” For example, if the fiber suffers from a loss of 0.2 dB/km, then a 1-dB improve- -

ment in the link budget allows a 5-km increase in the length of the fiber,

Most optical receivers employ “direct detection,” i.e., they sample the signal level every
bit period, compare the result to a threshold, and decide whether the bit is a ONE or a ZERQ
(Fig. 3.34). The error rate associated with direct detection is expressed by Eqs. (2.15) and

Figure 3.34 Direct detection of ASK-modulated light.

(2.16) for additive Gaussian noise.
The reader may wonder if direct detection is the optimum method of determining the
logical levels in the presence of noise. After all, if each bit lasts for T}, seconds, sampling

Recetver _-——/-\—/_\
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only one point in this interval seems to ignore a great deal of information. In fact, we
intuitively expect that if single-point sampling is preceded by integration, the effect of-
neise can be reduced. Hlustrated in Fig. 3.35, the ided is to integrate the waveform for each

Sampled
-~ Value

Vrn N’ B! LULLETE e o—im1 Receiver =  -for il Q
-

Th

Figure 3.35 Use of integration before detection.

bit period, sample the final value, and reset the integrator before the next bit. The detection
now “averages” the noise, producing a more reliable representation of the bit and lowering
the bit error rate.

The integrate-and-dump technique described above is an example of “matched filter-
ing,” a common method of optimum detection in digital communications [5]. While im-
proving the performance, the integrate-and-dump scheme nevertheless entails difficult is-
sues in high-speed systems. First, the integration must exactly coincide with bit period,
requiring phase alignment between data and clock while accounting for skews introduced
by the integrator itself, Second, the reset operation must be extremely fast so as to prepare
the integrator for the next bit. Interleaved matched filters may resolve the latter issue [3],
but the alignment of data and clock remains a challenging task if the data carries significant
noise. '

A common measure of performance in optical systems is the number of photons re-
quired per bit. For example, 1 mW of optical power corresponds to 7.5 x 10'® photons per
second. (With a responsivity of 1 A/W, a photodiode produces 1 mA of current from such
a'signal.) We may then ask: what is the minimum required number of photons per bit for
a given error rate? More specifically, does the error rate go to zero if the transmission and
reception introduce no neise? Recall from Section 3.3 that Plank’s equation gives the av-
erage number of photons per unit time as P, /(hc/A). However, the exact arrival time of
each photon is random.” Now suppose a noiseless receiver can count each single photon,
translating the arrival of the photon in the time interval T} to a logical ONE. If during a T}
period, no photon arrives, then either a logical ZERO has been transmitted, or the photon
corresponding to a logical ONE has been lost. From these observations, it can be proved
that a noiseless, “photon-counting” receiver exhibits the following error rate [2]: -

BER = % exp™?, (3.30)

where v = Pyp/{he/A) denotes the average number of photons received per unit time.
For example, 20 photons per bit yields an error rate of 107, This is called the “quantum

7The arrival time of photons has a Poisson distribution [2], similar to that of trains.
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CHAPTER 4

Transimpedance Amplifiers

The light traveling through a fiber experiences loss before reaching a photodiode at the far
end. The photodiode then transforms the light intensity to a proportional current, which is
subsequently amplified and converted to voltage by a transimpedance amplifier. The design
of TIAs entails many trade-offs between noise, bandwidth, gain, supply voltage, and power -
dissipation, presenting difficult challenges in both CMOS and bipolar technologies.

This chapter deals with the design of low-noise TIAs, Following a summary of per-
formance requirements, we describe basic TIA topologies and their noise, gain, and
speed trade-offs. Next, we study supply rejection and differential TIAs and review high-
performance techniques such as gain boosting, feedback, and inductive peaking. Finally,
we deal with automatic gain control (AGC) and present some case studies.

4.1 General Consideratiohs

A transimpedance amplifier converts an input current, I;,,, to an output voltage, Vo,:. The
circuit is characterized by a “transimpedance gain,” defined as R = V5, /014, For ex-
ample, a gain of 1 k{2 means the TIA produces a 1-mV change in the output in response to
a 1-pA change in the input. TIAs must satisfy stringent requirements imposed by link bud-
get and speed considerations. Before describing TIA performance parameters, we examine
a simple topology to arrive at some fundamental limitations.

Since photodiodes generate a small current and since most of the subsequent processing
occurs in the voltage domain, the current must be converted to voltage. As depicted in
Fig. 4.1(a), a single resistor can perform this function, providing a transimpedance gain
equal fo Ry,. However, the time constant R, Cp leads to a severe trade-off between gain,
noise, and bandwidth. Modeling the thermal noise of R, as shown in Fig. 4, 1(b) where
I2 = 4T /Ry, (per unit bandwidth), we have

. 4kT
V'r?,out = ](; R

2

LI WPV @)

L”O pi2rf
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Vop
Vout
R
(a) (b)
Y | )
I,? I r4 I Ao
R4
RBi2>Ryy Ry,
r I

©

Figure 4.1 (a) Conversion of photodiode current to voltage by a resistor, (b) equivalent circuit for
noise calculation, (c) effect of resistor value.

% 4T R2df
= . 42
/0 Ry, BLO%A= /2 11 4-2)
Noting that
| du _1
5= 4.
f1+-u2 tan~u, @3)
we can write
—— kT
,f,out = o “@.4)

This equation reveals that the total integrated noise is independent of Ry. We ob-
serve from Fig. 4.1(c) that, as Rj increases, I_Qz decreases but the area under |Z |2 =
R} /(R2C34%2 §2 + 1) increases such that V2 . remains constant. Of course, the cir-
cuits following the diode/resistor combination limit the bandwidth to less than infinity,
reducing the noise contributed by Ry,. Nonetheless, kT /Cp provides a rough estimate in
initial calculations. . :

For fair comparison of different designs, the noise must be referred to the input so that

it does not depend on the gain.! Since the circuit of Fig. 4.1(a) has a transimpedance gain

Input-referred noise is the value that, if applied to the input of the equivalent nojseless circuit, produces an
output noise equal to that of the original, noisy circuit. Note that input-referred noise is a fictitious quantity in
that it cannot be observed in a circuit. :
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of Ry, its total input-referred noise current is equal to

2

V .
2, = ot (4.5)
2T R%
kT
= R?L—CD’ (4.6)

indicating that Ry, must be maximized.

However, we must also apply a minimum bandwidth constraint proportional to the bit
rate. Assuming for now that the —3-dB bandwidth, (27 R;,Cp) ", must be equal to the bit
rate, Ry, we stnumarize the circuit’s properties as

Transimpedance Gain = Ry, 4.7
1 ' :
= 4.8
2R Cp Ry @8
—_ kT
nin = RiCo (4.9)

Equations (4.8) and (4.9} indicate a direct trade-off between speed and noise. More specif-
ically, eliminating Cp or R, from these equations yields the following results:
Iz, = 2ﬂ'kT% (4.10)

7,1
L

I* = An*kTCpR:. 4.11)

7n,in

n,in
the circuit following the diode and resistor may contribute significant noise as well,
The fundamental trade-offs expressed by Eqs. (4.10) and (4.11) snggest that the
diode/resistor network of Fig, 4.1(a} is ill-suited to high-performance applications, and
other circuit topologies must be sought that relax these constraints.

For example, if Cp = 0.2 pF and R = 10 Gby/s, then /T2 . = 1.81 pA s In practice,

4,1.1 TIA Performance Parameters

Noise The input-referred noise current, I, s, of a TIA determines the minimum input
current that yields a given bit error rate, directly impacting the link budget. (Recall from
Section 2.5 that an error rate of, say, 10712 requires that Ty, pp/ In in,rms & 14.) Thus, as
mentioned in Chapter 3, a 1-dB decrease in f, 4, allows a 5-km increase in the length of
the fiber if the latter has a loss of 0.2 dB/km. The total noise current of high-performance
TIAs typically falls in the range of 0.5 to 2 ptArms.

The stringent TIA noise requirements limit the choice of circuit topologies and in par-
ticular the number of devices in the signal path. As will be seen throughout this chapter,
the problem of noise becomes more severe as the supply voltage scales down.
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Bandwidth Our study of noise in Section 2.5 suggests that the bandwidth of TIAs must
be minimized so as to reduce the total integrated noise, On the other hand, the observations
in Section 2.4 reveal that limited bandwidth introduces intersymbol interference in random
data, closing the eye both vertically and-horizontally. To this end, we must quantify the
relationship between bandwidth and ISI. _

TIA circuits typically contain multiple poles (and zeros), making it difficult to calculate
the ISI. Here, we consider a single-pole low-pass filter to gain an intuitive understanding of
the phenomenon, As shown in Fig. 4.2(a), for moderate ISI, the effect of only the previous
bit need be taken into account, and the worst case occurs when two or more consecutive

Vo= Vour (T,) i
Yo
-1
10 -
-2
v 10
0 R, "
: I l | I VinD_MT Vout _/\/-\ 10 |
0 : i I I ] -
- . IC1 - e 025 05075 1.0 f,.
Ty < Ty R

@ (®
Figure 4.2 Response of an RC network to random data, (b) eye closure as a function of fractional
bandwidth.

ZEROs (ONEs) are followed by a single ONE (ZERQ). The settling for each bit is then
expressed as

. —t
Voug(t) = V() (1 — CXp ?) y (412)
“where 7 = R, (. The error between V,,,,; at £ = T} and the final value is equal to
~Ty
Vo — Vour{T) = Vo exp — : (4.13)
-2 f_
= Vyexp 2l =318 4.14)
Iy

where f_sqp = (2rR;C1)~! and Ry = 1/T). The error grows exponentially as the bit
rate increases. Figure 4.2(b) plots the normalized error as a function of f_syp/Hy. It is
important to note that the eye closure is fwice the value given by (4.14) and plotted in Fig.
4.2(b) because both the high and low levels experience ISL The typical bandwidth chosen
for TTAs is in the vicinity of 0.7 Ry, yielding a normalized error of 1.23% and hence a total
eye closure of 2.46%, i.e., |20 log(1 — 2.46%)| = 0.216 dB.
It is instructive to study the trade-off between noise and ISI as the bandwidth is reduced
from R, to 0.7R;, to 0.5Ry. For f_a34p = Rs, Bq. (4.14) yields a total eye closure of only
~ 0.033 dB, but the noise is integrated across more than R hertz. If f_345 = 0.78,, then
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the total integrated noise current (or voltage) drops by a factor of approximately /0.7 ~
0.84, i.e., 1.55 dB. Thus, the choice f_3qp = 0.7R) improves the performance by about
1.55dB — 0.033 dB = 1.517 dB. If f_g4p = 0.5;, then the eye closure due to ISI rises
to 0.79 dB whereas the integrated noise current drops by about 3 dB.

Let us now examine the jitter resulting from limited bandwidth. Assuming that the de-
cision threshold in Fig. 4.2(a) is equal to V5 /2, we wish to compute the time instants at
which the output waveform crosses the threshold. First, consider the case shown in Fig.
4.3(a), where a logical ONE is preceded by several ZEROs. The time for V,,; to reach

.

r (r)—
(a) (b) (©

Figure 4.3 Response of an RC network to a long run followed by (a) a rising edge, (b} a faﬂjﬁg
edge, and {(c) the resulting eye diagram. (As explained in Chapter 2, r{t) is a periodic ramp.)

Vo /2 is therefore determined from

-T
% = V(1 — exp Tl)_’ (4.15)
and hence
T =7In2 (4.16}
~ 0.6937. (4.17)

Next, consider the sequence depicted in Fig. 4.3(b), where a single logical ZERO ap-
pears between two ONEs, forcing V,,; to begin at a higher value at ¢ = 0. Here,
Vous reaches V4 /2 earlier than 0.6937, We write the initial value of Vi, att = 0 as
Vous (0) = Vg exp(—T3 /7), arriving at

Vout(#) = Vo — (Vo — Vo exp _TTb) exp _?t (4.18)
It follows that V,,, reaches V5 /2 at
—T;
Ty = 7In[2(1 — exp Tb)}. (4.19)

As expected, if 7 > 7, then T, — 17. The difference between T3 and T, can be viewed
as the jitter in the zero crossings [Fig. 4.3(c)]. Normalizing the jitter to the bit peried, we
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have
n-1 - =Ty
= Tin(1 - — 4.20
T 7, (1 —exp —), (4.20)
or, expressing in terms of f_3:5/Re,
L-T:  _—h In(1 — exp ﬁ-ﬁf‘iﬁ). (@21

Ty 2nf_ais Ry
For f_34p > 0.3R;, the exponential term is relatively small, allowing the approximation
In(l—¢e) ~e

Tl - T2 Rb _27rf—~3dB
= ex . 4,22
T 2nf_z4B P Ry (+22)

For example, the jitter equals 1.38% for f_syp = 0.5R,, and 0.28% for f_ 345 = 0.7L,.
~ Thus, the choice f_sgg = 0.7R, introduces negligible jitter in a first-order system,

As mentioned earlier, practical TIAs contain multiple poles (and zeros), requiring care-
ful simulations to determine the eye closure and the jitter resulting from the limited band-
width. Figure 4.4 depicts the output of a second-order system as the bandwidth goes from
Ry to 0.7R;y to 0.5R,. We note that the vertical closure of the eye is equal to 0.2 dB and
1 dB for the last two cases, respectively. While the noise-ISI trade-off appears to improve
as the bandwidth goes from 0.7 R to 0.5, the former choice is more common because
actual circuits may contain more poles and process and temperature variations mandate
additional margin.

Gain The transimpedance gain of TIAs must be large enough to overcome the noise
of the subsequent stage, typically a 50-Q driver or a limiting amplifier. Since the gain
trades with bandwidth and voltage headroom, the two stages are designed together so as to
optimize the overall performance. At high speeds (e.g., 10 Gb/s) and low supply voltages
(e.g-, 1.8 V), the gain of the TIA may be limited to a few hundred ohms, making the design
- of the following stage quite difficult.

As an example, suppose a limiting amplifier exhibits an input-referred noise voltage
of 5 nV/+/Hz. What transimpedance gain must precede the circuit to reduce its noise
contribution to 1 pA/+/Hz? We have Ry = (5 nV/vHz)/(1 pA/vHz) = 5 k.

Overload Response TIAs may receive large input currents, e.g., if they appear at the
end of a shot fiber. For example, with a |-mW received power and a responsivity of 1 A/W,
the input current reaches 1 mA. As with other analog circuits, TLAs introduce nonlinearity
in the signal as the input level increases. While the binary nature of data may imply that
‘a high nonlinearity can be tolerated, other issues must be taken into account. Some TIA
topologies or some types of transistors may substantially distort the data waveform if the
input current is large. For example, bipolar devices in the signal path may enter saturation
for one bit, failing to respond propetly to the next. Also, feedback circuits behave poorly
if the signal drives the stages into saturation. As a result, both the high and low levels.and
the zero crossings of the waveforms may be corrupted
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Figure 4.4 Response of a second-order TIA to random data for bandwidth equal to (a) Ry, (b)
0.7Rp, and (c} 0.5Ry.

The problem of overload often requires that the gain of TIA be adjusted according to
the input level. Called “automatic gain control,” the idea is to monitor the signal amplitude,
compare it with a reference, and continuously adjust the transimpedance such that the
output level remains relatively constant. AGC circuits are studied in Section 4.7.

In some applications, the TEA linearity may also mandate the use of AGC. For example, -
if the fiber introduces substantial dispersion (Chapter 3), then the TIA must amplify the
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signal with enough linearity to allow the subsequent equalizer to remove the ISL

Output Impedance Stand-alone TIAs must drive a 50-(} transmission line on a
printed-circuit board to communicate with the subsequent stage. As explained in Chapter
5, 50-§2 drivers impose severe trade-offs between gain, power dissipation, and bandwidth.
The trend, however, is to integrate the TIA and the limiting amplifier on one chip, thereby
avoiding the interstage driver.

4.1.2 SNR Calculations

Our knowledge of analog design suggests that the noise of a circuit must be referred to the
input so as to allow a fair comparison of different topologies. For example, in the common-
source stage of Fig. 4.5(a), we represent the thermal noise of M, and Rip in unit bandwidth

— Vpop
= 2
Rp= InRD
2
! * Vi, out
L
2
—] fnamt
M,
(a)
2 2
Vi, out A _ |A vlz 4 Viin 4

T e

2 f

(c)

Figure 4.5 (a) Noise sources in a common-source stage, (b) CS stage driving a capacitive load, (c)
input-referred noise of the stage.”

by two current sources:

I2 vy = 46T Ygm A?/Hz (4.23)

— T

o= AT 4 /Hz, (4.24)
4 RD

where v denotes the excess noise coefficient, equal to 2/3 for long-channel devices and
" reaching as high as 2.5 in deep submicron technologies. Neglecting channel-length modu-

-y
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lation in My, we express the output noise voltage as:

V2 ot = (2 35y + I2 pp)RD 4.25)
. _
= 4kT{(Ygm + — )R- (4.26)
Rp

Thus, the input-referred noise voltage per unit bandwidth equals

— 1
Vidin = 46T (Ygm + 7~ )R% + (gmRp)* (4.27)
; 35
¥ 1
= 4kT(— 4+ . 428
(gm granD) ¢ )

As a more complete example, let us repeat the above calculations for the circuit of Fig.
4.5(b), where a load capacitor C7p, is added to the output node. We rewrite Eq. (4.26) as

—— 1 1 P
vz . =4kT — — . 2
n,out (r}/gm + RD) bRD” |CLS! (4 9)
Since the voltage gain is equal to g, [Ep|(Crs) 1], we have
Vi |
Vi = e (4.30)
9m Bollz—
7y 1 '
=4kT(— + 4.31
( P RD) (4.31)

Interestingly, the input-réferred noise voltage is independent of the load capacitance be-
cause, as depicted in Fig. 4.5(c), the gain and the output noise voltage fall at the same rate
with frequency. Of course, the roll-off of the voltage gain at high frequencies makes the
noise of the subsequent stage more significant.

The foregoing calculations become more complex and less intuitive if (1) the circuit
contains additional poles and (2) the total integrated noise is of interest. (TIAs satisfy both
conditions.) To appreciate the difficulty, let us return to the above example, where V?

7,91

is independent of frequency. How is the total noise voltage calculated? Across what band-

width must V2, be integrated? To resolve this quandary, we recall that V2 is merely a
fictitious measure and consider the actual operation of the circuit. As illustrated in Fig. 4.6,
the common-source stage amplifies the signal by a factor of g, £p while adding thermal

noise. The total noise at the output is readily expressed as

Vﬂ2,oui,tot = L Vr%,outdf (432)

1 R2df

= /{; 4ET (vgm + E) B an ) + 1 (4.33)
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VDD
4 | Rp

Figure 4.6 Amplification of random data in the presence of noise.

1 © 4kT RLdf
= —)R L 434
which, from Eqgs. (4.2) and (4.4), reduces to:
= kT '
Vioutsor = - (YmBp +1). (4.35)
L

The above result suggests that the signal-to-noise ratio is more easily calculated at the
output port:

. 2
SNR = nfDVm)”

(4.36)
n,out,tot
mBH Vi
- Im D (4.37)
2 (vgmRp + 1
C
~ ﬁngDVﬂ%, (4.38)

where it is assumed that vg,, A > 1. For BER calculations, the square root of this result
serves as the argument of the ¢) function (Chapter 2).

In summary, for SNR calculations, it is the ousput noise that must be integrated across
0 < f < oo to represent the total noise corrupting the signal. Thus, the SNR is more easily
obtained at the output port—ijust as carried out in simulations or measurements. We can, of
course rewrite Eq. (4.37) as ’

Vz
E (vgmBD + 1) ’
Cr  g%LR%

SNR=

(4.39)

and, since the numerator denotes the input signal, view the denominator as the total input-
referred noise, V2, , ;. In other words,

V2 L V2 (4.40)

Y n,in,tot "" qunR%) @,out,tot'
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Note that the output noise is divided by the midband gain (rather than by the frequency-
dependent gain) because the output signal amplitude is approximately equal to g,, Fp V.

Ii is sometimes necessary to compare the noise performance of circuits having different
bandwidths and different gains. In such cases, the total noise does not provide a fair mea-
sure as it is not integrated across the same bandwidth. We therefore define the “average
input noise” as:

I 7 1)
V?f,in,a,ug = sl E . (4’41)
f-34m
where f_sqp is the —3-dB bandwidth of the overall circuit, Expressed per unit bandWidth,
Vn% in,avg Allows direct comparison of different designs.
As an example, let us compute the average input noise current of the circuit shown in
Fig. 4.7. Recall from Eq. (4.6) that the total input-referred noise current of this topology is

’iné.t) %co %HLO ”

Figure 4.7 Current source driving an RC load.

equal to ¥1'/ (R% Cp). Thus,

——— kT 1
2. = + 4.42
7ain,0Tg R%C'D ‘ 27TRLC'D ( )
MUY (4.43)
L_ .

4.1.3 Noise Bandwidth

The total noise corrupting a signal in a circuit results from all of the frequency components
that fatl in the bandwidth of the circuit. Consider a multipole circuit having the output noise
spectrum shown in Fig. 4.8(a). Since the noise components above wy are not negligible,

() )]

Figure 4.8 (a) Qutput noise spectrum of a circuit, (b) concept of noise bandwidth.

the total output noise must be evaluated by calculating the total area under the spectral
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density:

Vi = [ Vioull @ty
0 .

However, as depicted in Fig. 4.8(b), it is sometimes helpful to represent the total noise
simply as V§ - B, where the bandwidth B,, is chosen such that

VZ-B,= f V2 purdlf- (4.45)
0

Called the “noise bandwidth,” B,, allows a fair comparison of circuits that exhibit the same
low-frequency noise, Vi, but different high-frequency transfer functions. As an exercise,
the reader can prove that the noise bandwidth of a one-pole system is equal to 7/2 times
the pole frequency.

4.2 Open-Loop TIAs

The example of Fig. 4.1(a) and its stringent noise-bandwidth trade-off point to the need for
TIAs that provide higher performance. The problem of noise prohibits complex configura-
tions that introduce many devices in the signal path, constraining TIA circuits to primarily
two topologies: open-loop (common-gate/base) stages and current-feedback amplifiers.

Before studying TIAs, we make an observation. Recall from the example of Fig. 4.1
that By, directly couples the noise and bandwidth equations. Thus, for a given photodiode
capacitance, the (input) bandwidth of a TIA is maximized by minimizing the input resis-
tance of the circuit. We must therefore seek circuits that provide both a low input resistance
and a high gain.

4.2.1 Low-Freguency Behavior

An amplifier stage that exhibits a low input impedance is the common-gate (CG) (for field-
effect devices) or common-base (CB) (for bipolar devices) topology (Fig. 4.9). Neglecting
second-order effects in the trangistors for now, we note that the input resistance of each
stage is approximately equal to 1/gy,, Where g,,, denotes the transconductance of the input
transistor. Proper choice of the bias current (and, for M, device dimensions) yields a rela-
tively low input resistance, maximizing the input bandwidth. Let us first carefully examine
the low-frequency behavior of the two circuits shown in Fig. 4.9.

- CG Low-Frequency Behavior Including both body effect and channel-length modu-
lation and assuming I is ideal, we construct the small-signal equivalent circuit of the CG
stage (Fig. 4.10). Since all of I;,, flows through Ep, the transimpedance gain is

Rr = Rp. : (4.46)

To obtain the input resistance, which is equal to —V) /I, we recognize that the current
through ro is equal to Ly, + g Vi + gms V1. Adding the voltage drops across rp and Rp
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uf +
vy é} ImV1 3

Figure 4.10 Small-signal model of common-gate stage.

and equating the result to - V), we have

(I‘IH + ng1 + gmeI)TO + IM’LRD = _VI-

Thus,

-V
Iz‘n
ro + Rp
I+ (g_‘m + gmb)""O )

Since typically, (gm + gms)ro > 1, _
~ 1 n Bp .
Gm +Gmb  (Gm + Gm)To

i

* o Vout

(4.47)

(4.48)

(4.49)

(4.50)

Note that the positive feedback through ro increases the input resistance. If ro = oo, R
is simply equal to 1/(gm + gmes), reflecting the impact of body effect. With short-channel
devices, on the other hand, the second term in Eq. (4.50) may not be negligible.
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It is instructive to analyze the low-frequency noise performance of the CG stage.? Fig-
ure 4.11(a) depicts a more realistic implementation, with M, operating as the bias current

]
14RD

2
In,mm

2
w2

(a) (b)
Voo ~ Vop
Rp 128D =Ry
T : EE— Hg ! :?,nn
;2 = Vb1 JF Vi
n,M1
1 M,
1, _
F— Vi Vi
= M = M;
() (e)

‘Figure4.11 (a) Common-gate stage with bias current source, (b) equivalent circuit of (a), (c) effect
of noise current of My, (d) effect of noise current of A, (e) noise contribution of Rp.

source. Adding the noise sources as in Fig. 4.11(b) and neglecting channel-length mod-
ulation and body effect for simplicity, we compute the contribution of each source by
superposition. (1) All of 12 n,p3 Hows through Rp, generating an output noise of RZ,I2 M2

[Fig. 4.11(c)]; (2) No part of Iﬁ a1 flows through 2p [1] because in Fig. 4.11(d), 7, is
zero (rp2 = oo) and I must be equal to I,; (3) All of I FZ. _rp flows through Rp because

the impedance seen looking into the the drain of M; is mﬁmte [Fig. 4.11(e)]. It follows
that the output noise per unit bandwidth is

V2t = (I2 ppa + 12 pp)RD (4.51)

1
= 4kT (fygmz + ~——> B2, (4.52)
Ep

2We neglect flicker noise in broadbhand amplifiers because the bandwidths of interest in today’s technology
are much greater than typical flicker noise comer frequencies.
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Dividing this quantity by the transimpedance gain yields the input-referred noise current;

n,in

—_-— 1
2 i = AT (Ygma + 5—) (4.53)
Ep

= I2’M2 +I£,RD' (4.54)

T

Equation (4.54) is a remarkable result, suggésting that the noise currents of My and Rp
are referred to the input with a unity factor. This is the principal drawback of common-gate
TIAs. )

To extend our understanding, let us determine the contribution of £ g a1 0 Fig. 4.11(a)
if channel-length modulation is not neglected. Using the equivalent circuit shown in
Fig. 4.12 and noting that the currents throngh Ry and ro, are equal, we write V) =
Voo

Rp
2
o Vi out +—|1'
=ro1 é) Im1 V1

Vy
%"oz

(Vi out / Bp)To2. Since the current throughi roq is given by —V,;,out [Rp—9miVi—In a1,
the voltages across ro1, ip, and rps can be summed as

5
Thm1

Figure 4.12 Equivalent circuit of common-gate stage.

Voo V;
Z¥no t gmiVi — Inan ) 701 — wr(n — Vaous = 0. (4.55)
Rp Ep
Thus,
Vn,out = —T01RD 1. (456) .

o
r02(1 + gmiro1) +ro1 + Rp ™

Typically, griror 2 1 and gmiroi1ro2 3 ro1 + Rp, yielding

—-R _
Vinout & — I a1 (4.57)
Imi1T02
That is,
V2 s = 4T Rp 7R};’ : (4.58)
’ Im1T 5

In other words, if gm175, is comparable with yRp, then the noise contributed by A,
becomes comparable with that of Rp.
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Let us now return to Eq. (4.54) a 54) and attempt to minimize the noise currents of M> and
Rp. Interestingly, I72 1, and I7 o trade with each other. This is quantified as follows.
Since gma = 2Ipa/ (Vgs2 — VTHQ) where Ips and Viggo — Virge are the drain current
and gate- _source overdrive voltage of M, respectively, and since In a2 = kT vgma, we.
have

2Ip;

Lt = g o Ve

(4.59)

That is, for a given bias current, the overdrive voltage of My and hence the minimum
tolerable drain-scurce voltage of this transistor must be maximized. On the other hand, the
noise current of Bp is minimized by maximizing R p. Both of these trends require greater
voltage headroom. In fact, since RplIpg + Vpge must remain less than Vpp and Vpso
must exceed Vggy — Virprs, we have

2Ips

Rplps + < Vpp 4.60)

n,M2
4kTy

and hence

4T 8
i kT’)f < VDD

—_— . (4.61)
I?z,RD I?L,Mz Ip2

Thus, 12 145 ame + I g p Must be minimized subject to the above constraint. This limitation
makes low- voltage design more difficult.

CB Low-Frequency Behavior We now consider the common-base stage of Fig.
4.13(a), seeking the differences between this circuit and the CG topology. With the aid
of the equivalent circuit shown in Fig. 4.13(b), where ry represents the transistor base re-

Re
In
Vout 'T‘W‘F‘"'
o= ImVs =V,

+ TV
X 4—] T“E

lin m

(@) . (b)

Figure 4.13 (a) Common-base stage including transistor output resistance, (h) equivalent circuit.

sistance, we note that Vy = —Vo (1 + 75/r4). Also, (lin + Vi /7z)Ro = Vout. Adding
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- Vx and the voltage drop across ro and equating the result to V,,,;, we obtain the tran-
simpedance gain: '

Vout 1+ gmro)rs + 78
= R 4.62
Lin (L4 gmro)ra + 15+ BRo+ 1o ¢ (4.62)

It is reasonable to assume that (1 + g,ro)r, + 74 3> Bo + ro because (1 + gmro)rr &
Bro. That is,

Ry =~ Re. (4.63)

Using the above expressions for Vx and V., we can also derive the input impedance:

v
Rip = ~= (4.64)
I
1 Ty
{(— + 2)(ro + Ro)
gm 5 (4.65)
o+ ry + R !
°T B
For large £3, (4.63) reduces to
1 R
Rim v — 4 —C_ (4.66)
Om  GmTO

sirilar to the case of the CG stage.
Let us analyze the noise performance of the CB stage, including the contribution of
the bias current source [Fig. 4.14(a)] as well. Shown in Fig. 4.14(b}, the equivalent circuit

LA

Lidd
o

o

— i 2
= n,G1
III/n,rb1

(b

Figure 4.14 (a) CB stage with bias current source, (b} equivalent circuit including noise sources,
(c) small-signal equivaient.

contains (1) the collector current shot noise of @, Iﬁ,m = 4kT (g1 /2); (2) the base
resistance thermal notse of @, Vf’rbl = 4kT'rp1; (3) the same components for ()2 and
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represented by 12 ., o2 = 4T (gma/2)+(4kTro2)gie; (4) the thermal noise of Re, I} p. =
4kT [ R Neglecting the Early effect and assuming a large 3, we use the equivalent circuit
of Fig. 4.14(c) and write

v,
;"{"C“t 4+ Inpe = Ing1 + gma Vir (4.67)
and hence
1 v, .
V, = ;( E‘;“f Y Inge — Ing1)- (4.68)
e

Also, summing the currents at node X gives

V.
— 4+ g Vo + I = Lo : (4.69)
Tr1

- Substituting for V. from (4.68), we have

i V'n. out 1 : I Q1 _

—(1+ﬁ) o (1+ﬁ) nRC = = Q2 (4.70)
It 8> 1, then |
Va,out & Reodn e — % — Rolnge 4.71)
or |
V2t = 4kT R + %%T‘qml + 4T R ( 2;”2 + 742). (4.72)
Tn a typical design, the second term in (4.72) is negligible and
V2 i ~ 4kT Re + 4kT RE &5 (4.73)

m2

Thus, the output noise results from primarily (2 and R, similar to the case of the CG
stage. Also, the noise voltage V,, 51 does not contribute to V;, o because, with no Early
effect, the voltage gain from the base of ¢); to the output is zero.

Dividing both sides of (4.73) by R = R% yields the input-referred noise current per
unit bandwidth as

—_ 4T
I = Ro + 4’“T( =

+ T2). (4.74)

3The effect of the base shot noise current is neglected.
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Thus, the noise currents of B¢y and ), are referred to the input with unity gain.

It is possible to reduce the noise contribution of ()2 by emitter degeneration, but at the
cost of voltage headroom. The idea can be studied with the aid of the circuit shown in Fig.
4.15(a). To determine the output noise current, we use the equivalent circuit of Fig. 4,15(b)

! n,out
l"I‘I out
y ’ 2 V
s Vi n,Q2 . g m_2 T
R 2

E ! n,RE

(&) &)

Figure 4.15 (a) Current source with resistive degeneration, (b) equivalent circuit for noise calcula-

tion,

and write gma Ve + Ing2 = Inow and hence Vi = (I, ont — In.92)/gma. Summing the
voltage drops across Bg, rqe, and 4o vields

In,aut - In,QZ) In,out - In,QQ (

T
(In,rE + Dot + Rg + 1 =2) = Voo, (475)
GmzeTag 9m2 Tr2
It follows that
. R 1 P
-, reRe+ In,QZ(_E +—+ E) + Vo re2
I i~ ﬁ? gm2 62 4 76
n,out ~ 1 P . ( . )
b2
R+ —+— :
Gm2 /32

Voltage headroom issues typically limit the drop across By to a few hundred millivolts,
resulting in Rg /8y < 1/ gmso because Rplg/Bs < Vr. Thus,

T RE + 4TI (1 T2y 4 gy

T 2 i by : @77

To arrive at a simple expression, let us assume a practical case, 7p2 € Rp, f2/gma (to
minimize the noise of rp2) and :

_ Rp + 3
IZ 5 ART——m2 (4.78)
(Rp+—)*
™m2

1+ ngZRE gm2

a2 4T —
(1 + gm2RE)2 2

(4.79)
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Equation (4.79) suggests that resistive degeneration lowers the output noise current of a
bipolar current source by a factor of (1 + 2gm2Rg)/(1 + gmaRg)?, a monotonically
decreasing function of Rp. For example, if a drop of 10V is allocated to Rg, then
Ig2Rp ~ 10V and gma R = 10, reducing I?;, out DY approximately a factor of 6.

4.2.2 High-Frequency Behavior

CG High-Frequency Behavior Let us first consider the common-gate stage at high
frequencies. In the circuit shown in Fig. 4.16, Cin = Cp+Crs1+Csp1+Cap2+Cpa2,
where Cp denotes the photodiode capacitance. Also, Cyye includes Copi, Cppy, and

Figure 416 CG stage at high frequencies.

thie input capacitance of the following stage. Neglecting channel-length modulation for
simplicity and notmg that the resistance seen at the source of M to ground is equal to

(gm1 + gmp1) 1, we have
1

= Vy. 4.80
M( mSHle "}‘gmbl) X ( )

Since the drain current of M, is equal to {gm1 + gme1) Vi, the output voltage is given by

Vout = (gm1 + mel)VX (RDH ) ). (4.81)
It follows from (4.80) and (4.81) that
Vout 1 Ner oy L
ml + R 4.82
Iin (Q ! gmbl)(cmsllgml + Gmb1 )( D”CoutS) ¢ )
(le + gmbl)RD (4.83)

- (gml + Gmp1 + Cins)(RDOouts + 1) )

As expected, Vyue/Iin = Rp for s = 0. In a typical design, the input pole, (gm1 +
#ma1 ) [ Cin, may be closer to the origin than is the output pole, (Rp Couz )1, because the
photodiode capacitance is quite large (in the range of 100 to 500 fF).

It is instructive to examine the CG stage for trade-offs between noise, bandwidth, and
supply voltage. To maximize the magnitude of the input pole, the quantity g -+ gmb1
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must be maximized—Dby increasing the width or the bias current of ;. However, as the
width increases, C'gg: rises more rapidly than e + grp1 does, eventually limiting the
bandwidth. If the bias current is increased, then Vg g1, the voltage drop across Ep, and
the minimum allowable Vpgo must increase, requiring a greater supply voltage. If Rp is
decreased to accommodate a greater bias current, then its noise current increases and the
transimpedance gain falls. If M, is made wider to allow a smaller Vp g2, then both its noise
current and drain capacitance increase,

The foregoing observations reveal that it becomes increasingly more difficult to achieve
a broad band and a reasonable transimpedance gain at low supply voltages. In fact, owing
to the low available gain in the first stage, the noise contributed by the subsequent stage is
typically quite significant as well.

‘We now analyze the noise behavior of the CG stage at high frequencies (Fig. 4.17).
Since the noise current of M, £, are, is directly added to the input signal, we ignore

gl + * * 1 l © l/r;‘.:mut
R
V_1 - (J@:q.m'ﬁ éi)gmmiﬁ d’)’n,m Iﬁ’““é Rp Icout
. 2 -L C: T .= =

Io.m2 ™

~ Figure 417 High-frequency noise model of CG stage.

it for the moment. Neglecting channel-length modulation, we have (I, ar1 + gmpi Vi +
9miV1)/(Cins) = =V1,ie, Vi = —In a1 /(Cins + gmp1 + Gma ). Also, summing I, gp
and the currents through C,; and Bp yields

1 1
[_Vn,out(couts + R_D) + In,RD]m = -~W (4.84)
. In Mi
= : ; 4.85
Cins + gmdi +Gm1 . ( )
Thus,
—BpCinslyan InroRp
V, = : : . 4.86
O T Cins + Gt + Gmin ) (BpCouts + 1)  RpCows+1 (4.86)
Dividing (4.86) by the transimpedance gain given by (4.83), we obtain
Tinin = —Cinslnan 4 T, 2D (Cins + Gm1 + Gme1) (4.87)
Gm1 + Gmp1 gm1 + Gmb1
C; C;
oy (—2 ). (4.88)

B gm1 + Gmb1 Imi + mbl
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Equation (4.88) reveals two important properties of the CG stage.* First, the noise con-
tributed by M, directly scales with Cj, and the frequency; as |Ch, 5| increases, a greater
fraction of I, ar1 flows from the output node (rather than circulate inside Af; [1]). Second,
the noise contributed by Ep to the input also rises as 1Cy, s| becomes comparable with
gm1 + gmo1. This is because the transimpedance gain falls as the frequency approaches the
input pole.

While providing intuitive results, the above analysis does not readily yield the total
integrated noise current. As explained in Section 4.1.2, the total noise must be computed
at the output and subsequently divided by the midband gain. We must therefore integrate
the following function from f = 0 to f = co:

— (27 RpCin [P T2 11y
mout TC2 (0w )2 + (gm1 + gmn )| [RHCL, (27 )2 +1]
RLIZ rp
RECo(2mf)F +1

(gml + gmbl)zR?D 72-.-,M2
T LR T (G + Gt PIRB O (20 )2 + 1]

(4.89)

where the last term represents the product of the noise current of A, and the gain. The
algebra may appear formidable, but the final result will be simple and intuitive.

Before integrating (4.89), it is instructive to examine each term qualitatively. We assume
a typical case, where the input pole is much closer to the origin than the output pole is. As
plotted in Fig. 4.18, the first term rises from zero, reaches a value of B DI vy inmidband, 5
and begins to fall in the vicinity of the output pole Wp,out = (Rp Cout) L. The second term
corresponds to the noise of a first-order RC section similar to that studied in Section 4.1.
The third term begms as the noise in a first-order circuit but experiences sharper fall above
the output pole.®

In order to integrate (4.89), we note that

. 2 - 1 ( —b? 4 2
(a2x? 4+ 82) (222 + d2)  ald? — b2c? "z + 07 x4+ d?

) {4.90)

and

1 1 a? —c?

G TR D) - PE P @R i 2Rt

4.91)

4Recall that the total noise current must also include T ng2.
5In midband, C;,, exhibits a low impedance to ground, allowing most of T, a1 to flow from Re.

$1n practice, we may choose the output pole to be only a few times the input pole so as to minimize the arca
under the three plots in Fig. 4.18.
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Noise of
M,

®p,in ®p,out

1
Noise of
Rp : \
Op,in CDpl,cnut f=
Noise of

M,

@p,in Wp,out ]

Figure 4.18 Noise contributions in a CG stage.as a function of frequency.

To deal with the second-order fractions, we recall from Section 4.1 that

/ 4kT Rdf kT 4.92)
0

@rRCfE+1  C

Decomposing the first and third terms of (4.89) into partial fractions and carrying out the
integration with the aid of (4.92), we obtain

T _ kT g1 RpCliny + kT
n,out,tot Cout [Om + (gm1 + gmbl)RDOout] Cout

2kT(gml + Gmb1 )gm2R42D’Y
Cin + (gml + gmbl)RDcout

(4.93)

If the input pole is assumed to be dominant, i.e., Cin/{gm1 + gme1) 3> RpCous, then

T A kT (gmiBpy +1) + 25T (g1 + Gmot)gmaBoHYy
n,out,tot ™ Gout Cz .

(4.94)

Since for short-channel MOSFETs, 4 > 1, it is reasonable to assume g1 Epy > 1.
Dividing both sides by R% yields the total input-referred noise current:

T A ETgm1y | 2kT(9m1 + Gmb1 )gmay

nyintot ™ RDCout Cz (495)

1 1 i
~ 4kT7(ng1wp_,out - §gm2wp,m)- (4.96)
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This result can be interpreted as the noise of M; integrated across a bandwidth of
Wp,out/4 plus the noise of M, integrated across a bandwidth of wy ;n /2. 5ince wy o =
(BpCout) ™! and wp in = (gm1+gms1)/Cin determine the bandwidth, they are defined by
the optical standard and cannot be changed significantly. Thus, the only parameter under
the designer’s control is gy,2. However, for a given bias current, gm2 can be lowered only
at the cost of voltage headroom.

Equation (4.96) predicts little flexibility in the design of conmunon-gate TIAs, implying

that this topology is ill-suited to low-noise applications. However, since CG stages exhibit -

a broad band with high stability, they are utilized in short-haul applications.

CB High-Frequency Behavior Let us now consider the common-base topology at
high frequencies. As shown in Fig. 4.19(a), the circuit contains the following capacitances:
(1) Cip, which includes the photodiode capacitance, the collecter-base and collector-

(a) ' (b)
Figure 4.19 (a) CB stage at high frequencies, (b} simplified model of (a).

substrate capacitances of (Ja, and Cry; (2) Coue, which represents the collector-base and
collector-substrate capacitances of ¢J; and the input capacitance of the subsequent stage.
For gain calculations, we neglect the Early effect and the base resistance, arriving at the
equivalent circuit shown in Fig. 4.19(b). The topology is now similar to a common-gate
_ ‘stage, exhibiting the following transfer function (if 8 > 1):

V;)ut — gmlRG
1; [gm1 + (Cin + Cr1)s](BeCoums + 1)

(4.97)

The CB and CG stages suffer from somewhat similar trade-offs, To achieve a broad band,
gm1/(Cin+Chrz) and (BoCout) ™! must be maximized. For a given Cy,,, a higher collector
bias current gives a higher input pole {even though C7, increases as well), but it requires
a greater voltage drop across Rg. If R is decreased. the gain drops and the noise current
contributed by R rises.

For noise calculations, we neglect Cy;. This may not lead to accurate results, neces-
sitating careful simulations, but it provides an intuitive understanding of the trade-offs in
CB stages. Shown in Fig. 4.20(a), the noise equivalent resembles that in Fig. 4.17, but with
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(a) )

Figure 4.20 (a) Noise sources in CB stage, (b) alternative representation of base resistance noise.

71 and its noise voltage added to the circuit. Multiplying the noise voltage Vrirbl by g2,
we convert it to a current source connected between the collector and emitter of ¢y [Fig.
4.20(b)] [1]. If B >» 1, so that the effect of r4; is negligible, then the results derived for
the common-gate stage can be directly applied to this circuit as well. More specifically, we
note that 12 o, and I7 o) + g2, V2, in Fig. 4.20(b) play the same roles as I ., and

n,rbl

I2 3y inFig. 4.17, respectively.

‘We now utilize Eq. (4.93) to estimate the output noise of the CB stage. Since [ ﬁ,Qz =
2kT ga + 4ET [ryo, we must replace gp,oy in (4.93) with gpme -+ 2/rpe. Similarly, since
12 o) + 901 VE gy = 26T g + 4kT g2 71, We replace gmay in the numerator of the

first term of (4.93) with g1 + 92,1751 /2. Thus,

kT (gm1 +2951701)BcCin | kT
Cout (Gm + w1 RCGout) Cout

2kTQm1 (gml + 2/T62)R%)‘
Cin + leROOout ’

2 —
Vn,out -

(4.98)

Dividing both sides by the square of the midband gain, RZ, yields the total input-referred
noise current:
R KT (gm1 + 2951701)Cin KT 1
wmatol Cout(Cin + gm1BcCout)Bc  Cout R%’
2'I(:Tgml (gml + 2/”"()2)
C‘in + gmlRCCO'u.t '

-+

_ (4.99

Note that the base resistance thermal noise appears directly along with the collector current
shot noise, raising the overall input-referred noise. Larger transistors exhibit a smaller base
resistance but greater junction capacitances.

In the above derivations, Cf; was neglected. To improve the approximation, C;, can be
replaced with C},, + C; (as if 757 were zero) in Eq. (4.99).
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4.3 Feedback TIAs

The tight trade-offs in common-gate and common-base circuits make it difficult to achieve
low noise. As mentioned in Section 4.2.1, the noise current of the load resistor and the
bias current source are directly referred to the input, leading to a high noise at low supply
voltages. For this reason, we must seek other TIA topologies that ameliorate these trade-
offs.

The most common TIA configuration is the “voltage-current” or “shunt-shunt” feedback
topology, where a negative feedback network senses the voltage at the output and returns
a proportional current to the input. This type of feedback is chosen because it lowers both
the input resistance—thus increasing the input pole magnitude and allowing the amplifier
to absorb the photodiode current—and the output resistance, thereby yielding better drive
capability.

4.3.1 First-Order TIA

Let us begin with the simple topology shown in Fig. 4.21, where Rp provides feed-
back around an ideal voltage amplifier, A. Since Vx = Vi /(—A), we have (Vo +

Rg
Ak
"y
X % v, out
Figure 4.21 Feedback TIA.
Vout! A/ Rr = —lin — (Vout/ A)Cps. That is,
Vout _ A RF
Tin __A+11+RFC'DS' (4.100)
A+1

As expected, the feedback amplifier provides a midband transimpedance gain of approx-
imately Rz but with a time constant of RpCp/{A + 1), The —3-dB bandwidth is thus
equal to :

fsap
—3dB = 27 RpCp’

a factor of A greater than that of the simple resistive network of Fig. 4.1(a).

It is also instructive to examine the noise behavior of the circuit. Modeling the input-
referred noise of the amplifier by a voltage source V2 4 and neglecting its input noise
current, we arrive at the equivalent shown in Fig. 4.22. Smce Vx = Vaout/(—A) + Vi 4,
we have

Vn,out 1 _ Vn out
i Vn,;“; Varp) e = (-——

(_Vn,om; + . RF

+ Vr,4)Cps, - (4.102)

(4.101)
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+ 2
X4 . —0 Vn,out

T % "

Figure 4.22 Noise sources in feedback TIA.

and hence

Va,rr + (RrCps + 1)V, 4

= 4,
Vn,out ) 1 + RFCDS/A H ( 103)

where it is assumed A >3 1. Before attempting to integrate the noise across the bandwidth,
let us consider (4.103) in extreme cases. If Cp = 0, then V,, out = Vi rF + Vi, 4, yielding
an input noise current {per unit bandwidth) of

V2ap V2,
FE RFR—Q"’A (4.104)
4T V2,
) 4.1
o i) (4.105)

Thus, the noise of B is directly referred to the input, and the noise voltage of A is divided
by Ry. While the first term in Eq. (4.105) may appear to play the same role as the term
4kT[Rp in (4.53) for the common-gate/base structure, the critical difference is that in the -
topology of Fig. 4.21, Rp need not carry a bias current and its value does not limit the
voltage headroom. Also, if Ry is large, the second term in (4.105) may be guite smaller
than the contribution of the bias current source in CG and CB circuits. _

In the other extreme case, we let C'p or s approach infinity. Consequently, (4.103) ap-
proaches AV, 4. This is because Cp provides a low impedance from node X in Fig. 4.22
to ground, allowing V), 4 to be amplified by A.

To compute the total output noise, we must integrate the squared magnitude of (4.103)
from f = 0 to f = co. However, the observation that Vi, gut — AVp 4 a5 8 = 00
reveals that, if AV, 4 does not fall with frequency, then its integral diverges. In other
words, the assumption of infinite bandwidth for A vields an infinite output noise power!
Noise calculations therefore mandate a more realistic model for the core amplifier, leading
to second-order configurations.
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4.3.2 Second-Order T1A

The core amplifier in Fig. 4.21 exhibits at least one pole, altering the response of the TIA
in both the frequency and time domains. Assuming a transfer function of

Ao
=15 s/wy 4.
A =77 70 (4.106)
for the voltage amplifier and Ao > 1, we rewrite (4.100) as

Your _ _ Als) ity

Ln ~ Als)+1+ReCps. (4.107)
AR,
~ " Erlp = : (4.108)
——=5" + (RpCp+ —)s+ Ao +1
W wWo

We examine this result for two cases. First, suppose the second pole of the closed-loop
system is much higher in magnitude than the first pole. Noting that

2 1 1
(D4 )= et (— + )5+ 1, (4.109)
Wp1 Wy Wp1Wpa Wyl Wp2 .
and 1/wpt + 1/wpa & Lfwpr if wyp > wp1, we have
Ap+1
A, " {4110
Yot N o+ e (4.110)

Thus, the first pole is slightly lower than that of the first-order TIA topology. The second
pole is obtained by recognizing that (wyiwpe) ™t = RpCp/[(As + L)wy):

4.111)

Wy & Wy + .
»2 0 RF CD 7
Thus, the second pole is equal to the som of the open-loop peles of the circuit (so long as
the assumption wyg 3 wq remains valid).
Under what conditions can we assume wys 3 wp1 7 We require that

1 Ag+1
wo + e > o+ T . (4.112)
YD ReCp + —
wp
and hence
(RpCpuwy + 1)? > RpCpuwo(4o + 1). (4.113)

Ifwy > (RpCp) L, then RpCpuwp +1 = BpCpuw; and

Ag+1
Wo > o

(4.114) -
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In other words, the open-loop pole of the amplifier must be much higher than the closed-
loop pole resulting from Ry and Cp.

In practice, the above condition may not hold. We then treat the amplifier as a typi-
cal second-order systern, seeking means of ensuring a well-behaved time response, i.e.,
critically-damped behavior. Recall from basic control theory that if the denominator of a
second-order transfer function is expressed as s% + 2(w,s + w2, then ¢, the “damping

“factor,” must be equal to +/2/2 for critical damping. If ¢ < 1/2/2, then the step response

exhibits ringing, both creating IST and corrupting the high and low levels of the data.’
Rewriting (4.108), we have

Aowo
Vout _ OD
I; - RFCD+1/LLJQS+ (Ao—!—l)wg !
RFOD/WU RFCD

(4.115)
5% +

concluding that w? = (4g + L)we/(RrCp) and hence

RFCDL:JQ + 1
/(Ao + D)woRrCp

1
¢= 3 (4.116)

If ¢ = +/2/2, then
(RFCDWQ)2 ~240RFCpwg+1=10 {4117

and

Ag £ /43 -1 :

= ——, 4.118

wo Boln ( )
Recognizing that only the sum of the two terms gives a valid solution, we obtain

240
RrCp ’

Wy R (4.119)

Thus, the —3-dB bandwidth of the core amplifier must be chosen equal to fwice the closed-
loop bandwidth of the first-order TIA to ensure a critically-damped response. Intuitively,
we expect that as wy exceeds this value, the feedback becomes overdamped, a trend indeed
observed in (4.116). Conversely, if wo < 24¢/{RrCp), then the step response suffers
from ringing. For example, if wg = Ag/(RrCp), then { = 0.5,

7The choice ¢ = +/2/2 is somewhat conservative for TIA design. Even with ¢ = 0.5, the circuit exhibits
acceptable tinging. However, process and ternperature variations often necessitate such conservatism.
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" With the above condition for critical damping, let us now determine other parameters of
the circuit. In particular, we have

W = %}%‘i’ﬁ (4.120)
o }‘fg]‘;. 4.121)

More importantly, the —3-dB bandwidth of the TIA is obtained by setting the magnitude
of (4.115) to +/2/2 times its low-frequency value. Writing (4.115) in a more general form,

5 .
I;Zm T ey 2}2:’; Fw2’ (4.122)
where Ry = [4g/(Ap + 1)]RF, we have
2
—w? g+ 2120:13-3&; + w2 B ?RO' (4.123)
That is,
(wh — w2gap)? +ACWW gy, = 20, (4.124)
which, along with ¢ = v/2/2, yields
| W_3dp = Wn. | (4.125)
Thus, the —3-dB bandwidth of the second-order T1A is equal to
L V24 (4.126)

fozap = % ReCo

Interestingly, the bandwidth is greater than that of the first-order topology by about 41%.
- This is because the pole introduced by the core amplifier creates an inductive behav-
ior in the input impedance of the TIA, partially cancelling the roll-off due to the input
capacitance.® Plotted in Fig. 4.23 is the —3-dB bandwidth as a function of wy, revealing
that the bandwidth can be increased considerably.

The noise behavior of second-order TIA heavily depends on the actual implementation
of the core amplifier. We analyze the noise performance of a typical implementation below.

Typical Implementation Let us now study a typical transistor implementation of the
feedback TIA. Shown in Fig. 4.24 is a MOS example, with the core amplifier consisting

8Note that, despite the resonance between the capacitance and the effective inductance, proper choice of
circuit parameters leads to two coincident real poles.
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Figu're 4.23 TIA bandwidth improvement.
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Figure 4.24 Tmplementation of feedback TIA.

of a common-source stage and a source follower. The source follower isolates Rp from
the loading effect of both Ry and the input capacitance of the subsequent stage. In our
analysis, we neglect channel-length modulation and body effect for simplicity.

. If the output impedance of the source follower, g, 5, is much less than Ry, the open-
loop voltage gain of the core amplifier is approximately equal to gn,; K and the closed-
loop transimpedance gain is

= 2 R, 4,127
. 1+gm1RD F ( )

Since the loop gain is equal to gm1.Rp, the closed-loop input and output impedances at
low frequencies are respectively given by

Er

R gy — F
"7 1+ gmiRp

(4.128)

and

1 1

. 4.129
1 + gmlRD Omo ( )

Rout =

It is important to note the voltage headroom issues in the circuit of Fig. 4.24. Since the

voltage drop across Rp, Vip, is limited to Vap = Vpp — Vasz — Vas, it is difficult
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to achieve a high open-loop gain by increasing Rp (for a given bias current). Thus, g1
must be maximized by choosing a larger width for A7, but at the cost of increasing the
capacitances of M. At supply voltages below 2 V, this limitation may simply rule out the
use of the source follower.

We now compute the input-referred noise current of the TIA using the method applied
to the topology of Fig. 4.22. Viewing M7, Ep, and M» as the core voltage amplifier and
neglecting channel-length modulation and body effect, we express the output noise voltage
as:

V2, i oore = 4T g1y RS + 4KT Rp + 4kT——, (4.130)

Gm2

where the last term represents the gate-referred noise voltage of Ms. Dividing (4.130) by
the square of the voltage gain yields the input-referred noise of the core:

4T '}'

VZ i core = 4kTg—11 et 4kTm. (4.131)
| From (4.105), we have
T = S0 ) Vnimame (4.132)
e Re R% .
_ AT 4T oy 1 Y w133

+
" Rr R% It | BD | gt BB

For a given transimpedance gain, only the noise contributed by the core can be minimized.
This requires maximizing Rp and the transconductances of M; and M. We will consider
the frequency-dependent noise performance later.

Frequency Response The frequency response of the TIA implementation of Fig.
4.24 is also of interest. From the open-loop circuit of Fig. 4.25, we identify three poles:

VDD
=R,
! X IE M2

Vour
'Tc:ou

Figure 4.25 Open-loop equivalent of Fig. 4.24.

{()Rp,Cp, Casi, and the Miller multiplication of Cpy create a pole at the input node;

(2) Rp,Cpri. Cops, and a fraction of Cggy yield a pole at node X; (3) Cspe and the
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input capacitance of the following stage, Cy,, along with the output resistance of the source
follower, g5||RF = g;,3, form a pole at the output.
. With three poles around the feedback loop, the TIA can even oscillate. Since the mag-

“nitudes of the poles may be comparable, it is difficult to ensure that the closed-loop step

response exhibits negligible ringing. For example, for a large Ry and Cp (or a wide input
transistor) the input pole may be critical. Similarly, since the stage following the TIA typ-
ically incorporates wide devices to achieve a reasonable noise and gain, the effect of the
output pole may also be significant.?

It is also important to recognize that the TIA of Fig. 4.24 exhibits an inductive output
impedance. This is because, as the frequency increases, the feedback becomes weaker,
lowering the loop gain. For example, if only the input pole is considered, we can write:

1

Zous A fm2 (4.134)
1+ gmifBip

RFCmS +1
N RpCins+1 1
RrCins+ 14+ gmiRp gme

(4.135)

where C;,, denotes the total capacitance from the input node to ground. Figure 4.26 plots
the magnitude of Z,,; as a function of frequency, revealing that the inductive behav-

| Z guel &
1

Im2

1 1
9mz 1+ Im1 Ap

1 1+GmiRp ©
) Re Gy, R Gy
Figure 4.26 Output impedance of feedback TIA as a function of frequency.

ior begins in the vicinity of the dominant pole, 1/(RpCy,). Note that Z,¢(s = 0) =
9/ (1 + g Rp) and Z,,(s = 00) = g.-5. As an exercise, the reader can determine
the equivalent RE circuit that displays this behavior. The inductive cutput impedance may
lead to ringing if the circuit drives substantial load capacitance.

To alleviate the stability issue, the circuit can be modified as shown in Fig. 4.27. Here,
the output stage employs two source followers, one to drive the load capacitance and an-
other to serve in the feedback loop. Now, the pole associated with the source of M3 appears
at very high frequencies, and C', affects the phase margin negligibly. The circuit still con-
tains two poles at the input and at the drain of A but proper positioning of the poles

2 Addition of a small capacitor in paralle] with the feedback resistor may reduce ringing.
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Figure 4.27 Modified feedback TTA to improve stability.

can yield an acceptable time response. In fact, we recall from (4.119) that for optimal re-
sponse, the open-loop pole of the core amplifier, wy = 1/{RpC'x ), must be equal to twice
the closed-loop pole of the first-order circuit, Ag/(BrCin) = gmi1Bp/(BpCiyn). That is,

RpCin = 2gmi1Rp - (RpCx). (4.136)

Thus, for given values of Cy,, gmi, Bp, and Cx, the feedback res1stor can be chosen so
as to provide a well-behaved step response.

Placing the source follower M, outside the feedback loop in Flg 4.27 raises the out- -

put resistance, Ry, of the TIA, but it also reduces the inductive component. The output
impedance of a source follower driven by a resistance Rg behaves as shown in Fig. 4.28
[1]. Since for M3 in Fig. 4.27, B equals Bp /(1 + gm1 Bp) &~ 1/gm1 at low frequencies

| Zomlh
Ag
1
Im X
1 Im ®
RsCgs  Cas

Figure 4.28 Output impedance of source follower.

and Bp at high frequencies (if Rp is less than Rr), and since Cgga is typically smaller
than ',,, the zero in Fig. 428 [= 1/(RsCqg)] has a higher magnitude than that in Fig.

426 [= 1/(RpCip)]. In other words, the inductive component manifests itself at higher

frequencies.

High-Frequency Noise Performance The high-frequency noise performance of the
TIAs in Figs. 4.24 and 4.27 must be analyzed by integrating the output noise voltage and
dividing it by Er. Let us model the circuit of Fig. 4.27 by the simplified eguivalent shown
_in Fig. 4.29. Here, the feedback source follower is represented by a unity-gain voltage
buffer and the noise of the outpui source follower is ignored. Summing the currents at
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- Figure 4.29 Noise sources in feedback TIA.

node X yields

1
—Vanout(Cxs + E) + Inrp = Lnan = Ipg, (4.137)y

where Ip; denotes the small-signal drain current of M7 . Also, since the voltage across Ry
is equal to Vigg1Ci s Ry, we have

Vas1 + Vas1 RpCins + Vo, rF + Va,sF = Voo (4.138)

Noting that g1 Iy = Va1, we obtain from (4.137) and (4.138)

1 1
_Vn,out(CXs -+ “"”“““) + In,RD - In,Ml _(1 +RFOin5)+Vn,RF +Vn,SF = Vn,out-

RD gml
(4.139)
It follows that
1+ RpCiys
{(In,rD — In,Ml)% + Varr + Vo sr
Vn,out = CX - ml CX 3 (4-140)
—RFCmSz + (BRrCin + —)s+1
Gl Om1

where it is assumed g,y Rp > 1. We note that the noise currents of Ry and M experience
a first-order roll-off at high frequencies whereas the noise contributed by the feedback
devices, Ry and the source follower, falls at a higher rate.

The second-order denominator of (4.140) makes the integration of noise by hand diffi-
cult, necessitating simulations. Nevertheless, applying the condition given by (4.136) sim-
plifies the denominator to

D(s) = 2R3,C%5* + (2¢muBHCx + gm’f»)s + 1. (4.141)

ml
If g2, R2, » 1, then

D(s) = 2R%C% &% 4+ 20m1 R5C0x s + 1, (4.142)
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yielding the pole locations

o . — _9mPBHOx + /g, BLCE - 2RHCY
b2 2R%,C%

‘ / 2
=1+./1- 1. (4.144)
Q?an?J

Assuming g2,; R%, > 2 and /1 — € = 1 — ¢/2 for small ¢, we obtain

(4.143)

_ +gm1R2DCX
2E,CE

-1
1™ @gm RD)(RpCx)

sp v ML (4.146)

(4.145)

Now, using integration techniques described in Section 4.2.1, the total noise can be calcu-
lated. The details are left as an exercise for the reader.

4.4 Supply Rejection

Most TIAs are designed as single-ended circuits because photodiodes provide a single-
ended current. As a consequence, they suffer from poor supply rejection and even supply-
dependent biasing. In this section, we study this issue.

In the common-gate and common-base topologies of Fig. 4.9, the bias current can be
defined accurately by means of supply-independent bandgap techniques [1]. However, the.
output signal, V;., is single-ended and prone to supply noise. In Fig. 4.9(a), for example,
Vout = Vpp — IpRp. Since Vo is referenced to Vpp rather than ground, it is essential
that the following stage sense its input with respect to Vpp as well, :

To understand the above concept, let us consider the topologies shown in Fig. 4.30. The
NMOS common-source stage in Fig. 4.30(a) produces an output proportional to Vgg, =
V19 thus amplifying the noise on Vpp along with the signal. On the other hand, the
PMOS common-source stage of Fig. 4.30(b) senses its input with respect to Vpp, thereby
suppressing the effect of supply noise. That is, as Vpp rises and falls, the gate and source
voltages of Mz vary by the same amount, leading to a constant drain current. (In reality,
channel-length modulation and device capacitances degrade the supply rejection.)

If the first stage of a TIA. is followed by a differential pair [Fig, 4.31(a}], then the ref-
erence voltage Ve must be generated such that it experiences the same amount of supply
noise as does Vx. Thus, as shown in Fig. 4.31 (b), a replica of the common-gate stage
generates V2. As explained in Section 4.5, the input-referred noise current of the overall
circuit is /2 times that of the single-ended counterpart. The noise of the replica stage can
be suppressed by adding C}, but at the cost of a slight asymmetry with respect to the effect
of supply noise at nodes X and V',

19T hese are small-signal quantities.
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Vop
=Ry =R,
X |>+M ——oV
My =V rle
Fin Ie fin
@ ' (b)
Figure 4.3 Effect of supply noise on CG stage with (2) NMOS and (b) PMOS common-source

stages.

(@ (b

Figure 4.31 (a) Common-gate stage followed by differential pair, (b) addition of replica stage to
improve symimetry.

The problem of supply dependence is more proncunced in single-ended feedback TIAs.
Consider, for example, the simple topology of Fig. 4.24 again, depicted in Fig. 4.32(a) to
analyze its supply rejection. The gate-source voltage of My is given by '

Vop — Bplp1 — Vas2 = Vasi, (4.147)
displaying direct dependence on Vpp. Neglecting channel-length modulation and body

effect, we calculate the small-signal “gain” from Vp py to V¢ by differentiating both sides
of (4.147) with respect to Vpp: ’ '

(4.148)

(4.149)
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(a) L)
Figure 4.32 (a) Supply noise in feedback TIA, (b} equivalent circuit.

1 8Im

- . . 4.150
gmi 9Vpp ¢ )
Thus,
;;Dl = — ' (4.151)
bo — +Rp
ml

We also note that Vpp — BplIps — Vgsz = Vour and hence 0V, /0Vpp = 1 —
RD(?IDI/BVDD. It follows that:

aV;mt _ 1
aVDD 1+ gmlRD '

(4.152)

- Equation (4.152) can also be obtained by viewing the circuit as shown in Fig. 4.32(b} and
recognizing that My operates as a diode-connected device in this test, i.e., it introduces a
small-signal resistance equal to 1/g,,1 from node X to ground. Thus, to the first order,
supply variations are attenuated by only the resistive divider formed by Rp and 1/gpm;.

" The supply dependence of single-ended feedback TIAs poses a difficult challenge. To
appreciate the issue, let us consider a remedy. Hllustrated in Fig. 4.33, the idea is to bias the
. input stage by a constant current source and add a large capacitor Cg to provide a flat gain
in the band of interest. But how large must C'g be? Recall from Chapter 2 that some optical
standards specify a cut-off frequency of only a few tens of kilohertz for the lower end of
the band. Thus, if, for example, g1 = (100 2)7%, then Cp must exceed 30 oF to yield
a corner frequency of 50 kHz. Such a large capacitor must be placed off-chip, requiring a
bond wire and a package pin that may experience noise coupling from other connections
to the chip. Furthermore, if C'g acts as a short for such a broad bandw1dth then 1t fails to
I‘Q]&C’E Supply noise frequencies in the range of interest.
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Figure 4.33 Feedback TIA with current-biased input stage.
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4.5 Differential TIAs

It is desirable to employ differential topologies for TIAs, thus suppressing the effect of
supply and substrate noise. However, since photodiodes produce a single-ended current
and since their cathode is connected to a high voltage to allow a high quantum efficiency,
the input signal is not differential, leading to several difficulties.

Let us begin with a common-gate TIA, convert it to differential form, and add a dif-
ferential pair at the output [Fig. 4.34(a)]. We identify three issues in this circuit. First, the

Voo w Vpp
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v
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- (e) _
Fignre 4.34 (a) Pscudo-differential CG stage, (b) half-circuit equivalent, (¢) cutput waveforms.
signal generated at node X propagates to the output through two different paths, with M3

operating as a common-source stage in the X -P path and M3-M, as a cascade of a source
follower and common-gate stage in the X -Q) path. As a result, the high-frequency compo-
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nents of the signal experience unequal gains and phase shifts in the two paths, producing
an asymmetric output waveform. Second, as the half circuit of Fig. 4.34(b) suggests, the
input-referred noise current of the circuit is /2 times that of its single-ended counterpart,
degrading the sensitivity by 3 dB. Third, if the circuit is perfectly symmetric, the output
swings are not fully differential. As illustrated in Fig. 4.34(c), when the photodiode is off,

Voue1 and Viuzo are equal and when the diode turns on, Vyyz1 and V2 change in opposite

directions. This is a serious issue because it makes the choice of the decision threshold
difficult.

The feedback TIA of Section 4.3 can also be converted to differential form. Depicted
in Fig. 4.35, the circuit suffers from the same three issues as the above example. How-
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Ak
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(a)
Figure 435 Differential feedback TIA.

®)

gver, in contrast to is si.ngle-ended version, the circuit of Fig. 4.35 benefits from supply-
independent biasing.
Figure 4,36 illustrates a common approach to converting the output of a single-ended

i1

L \
=

=]

Q

Figure 4.36  Single-ended to differential conversion.

TIA to a truly-differential signal. Here, the low-pass filter consisting of R; and (' extracts
the dc level of the TIA output, applying the result to the gate of M,. Since Vx — Wy
displays a zero average, the output of the differential pair is also free from offset.

Note that the topology of Fig. 4.36 acts as a high-pass filter: at sufficiently low fre-
quencies, the signals at nodes X and Y are identical, leading to a zero cutput. The time
constant &; C; must therefore reach tens of microseconds if the lower corner frequency of
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the high-pass transfer function is to fall below a few tens of kilohertz. For this reason, this
technique often demands a large external capacitor.

- The bond wire connecting the photodiode to the input of a TIA can experience substan-
tial capacitive and inductive coupling from other bond wires. As a result, the signal may be
heavily corrupted if the chip receives or delivers other large, high-speed waveforms, For
example, as illustrated in Fig. 4.37, if the TIA is integrated along with a clock recovery

TIA Limiter

i

1 > }—=——] CDR Circuit
: Betimed
Data

Figure 4.37 Noise coupling from CDR output to TIA input.

circuit, the retimed data, while exiting the chip, couples to the input current.

Another consequence of coupling to the input is instability. For a stand-alone TIA or
a TIA/limiter cascade, the output signal delivered to an off-chip load couples to the TIA
input through bondwires, the substrate, and the supply, thus creating a feedback loop (Fig.
4.38). The high loop gain and the existence of multiple poles and zeros in the loop may

TIA Limiter

A
Y

for

Figure 4.38 Coupling from limiter output t(=) TIA input.

therefore give rise to oscillation or at least considerable ringing in the step response.

It is important to make two observations at this point. (1) If the high-speed outputs are
differential, then the coupling to the input is determined by the mismatches between two
nominally identical paths and is therefore greatly reduced. As shown in Fig. 4.39(a), the
input signal now experiences the sum of the two outputs. Of course, in reality, the pads are
arranged as shown in Fig. 4.39(b) to ensure minimal coupling. (2) For the differential TIAs
of Fig. 4.35, the unused input must still be brought out through a bond wire so as to create
partial symmetry at the input. Depicted in Fig. 4.40, the idea is that coupling from other
wires disturbs the two inputs approximately equally, introducing mostly a common-mode
change.
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~ Figure 439 (a) Symmetric placement of limiter output pads to lower coupling to TIA input, (b)
placement of limiter outputs far from TIA input.
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Figure 4.40 Connection of bond wire to unused TIA input to improve symmetry.

4.6 High-Performance Techniques

The topologies studied thus far in this chapter form the foundation for TIA design. In this
section, we introduce a number of techniques that improve the performance along various
dimensions: gain, noise, speed, and voltage headroom.

4.6.1 Gain Boosting

As mentioned in Sections 4.2.1 and 4.3, low supply voltages impose a small dc voltage
drop across the load resistor in the input stage, thereby limiting the gain and yielding a
high-inpui referred noise. For example, in the CG stage of Fig. 4.9(a) or the feedback
TIA of Fig. 4.24, Ipi Rp is constrained by the supply voltage. In CMOS technology, it is
possible to add a PMOS current source in parallel with Bp, thus providing part of the bias
current. Hlustrated in Fig. 4.41 for both types of TIAs, this technique employs a current
mirror consisting of Mz and M, to deliver a large portion of the bias current drawn by
the input transistor, M. For example, if M carries 0.81py, then the value of Ep can be
increased by a factor of five while maintaining the same voltage drop as the case without
the PMOS current source. As a result, the gain of the input stage increases and the noise
contributed by Ry decreases [as expressed by Eqgs. (4.53) and (4.133)].1

11The finite value of Rp in Fig. 4.41(a) allows the definition of the output bias voltage. In Fig. 4.41(b), Rp
may be infinite. )
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Figure4.41 Addition of PMOS current source to () CG stage, (b) feedback TIA.

The addition of M, in the circuit of Fig. 4,41 nonetheless leads to other difficulties.
First, the drain-bulk and drain-gate capacitances of A4 may substantially increase the time
constant at node X because the PMOS transistor suffers from low mobility and must there-
fore be quite wide to carry a large current with a reasonable drain-source voltage. This
capacitance is especially problematic in the feedback TIA of Fig. 4 41(b) as it affects the
phase margin and the step response. Second, the thermal noise current of A, directly adds
to that of REp, thus raising the input-referred noise. To quantify this effect, let us consider
the two cases depicted in Fig. 4.42 and compare their input-referred noise currents. We

Vpp ~ Voo
+
Vl]_ Rm ERDZ
F("—Dﬁ.)’u
ol
My JH— Vi O my o Ver
fy Iy

(@) (b)
Figure 4.42 Noise performance of CG stage (a) without and (b) with PMOS current source.

assume the maximum allowable voltage across REp; or Bpg is equal to V. In case (a),
Rp1 = Vu /Iy contributes a noise current of 4T /Rp, . In case (b), suppose Ipy = aly
and hence Igps = {1 — a)ly. Consequently, Ry can be as large as V4 /[(1 — @) fp]. On
the other hand, M, exhibits a transconductance of

_ 2Ip4

" Vesa— Vraa
_ 2aly
=5

Gm4 (4.153)

(4.154)
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where it is assumed the transistor is biased at the edge of saturation, i.e., Vggs — Vrps =
Visa. Adding the thermal noise currents of Bps and My, we have

- —— 4T
T2 ppo + 12 pps = 5— + 4T Ygma (4.155)
L » RD2 .
(1-a)l 2yady
= dpT—— 20 g gt 0 4.156
L S (4.136)
by
= 4kT?°[1 + a2y —1)). (4.157)
0

How does this result compare with the thermal noise of Ep, in Fig. 4.42(a)? If v < 0.5,
then (4.157) yields a lower value for any a > 0. If v > 0.5, the noise of Bps and My is
greater than that of 2 p; . Since +y is equal to 2/3 for long-channel devices and greater than
2 for deep-submicron transistors, the addition of M, inevitably gives a somewhat higher
noise.

The choice of & in Fig. 4.42(b) is determined by three factors: the desired increase in
gain, the increase in noise [Eq. (4.157)], and the matching between Iy and Ipy. Arising
from mismatches in the current mirror and other sources of error, the last issue dictates an
upper limit on v, .2., &« = 0.8 0r 0.9.

In pure bipolar technologies, addition of a prp current source may not be feasible. Typ-
ical pnp transistors suffer from substantial collector-base and collector-substrate capaci-
tance, degrading the speed.

4,6.2 Capacitive Coupling

The source followers in feedback TIAs constrain the voltage headroom considerably. With
body effect and typical current levels and device dimensions, the source follower in Fig.
4,24 may require a gate-source voliage of 0.6 to 0.7 V in 0.18-pm technology. A possible
remedy is to employ capacitive coupling, thereby isolating the dc levels. lilustrated in Fig.
4.43 are two embodiments of the idea. In Fig. 4.43(a}, the input stage is coupled to the
source follower through C and the gate bias voltage of My is set at Vipp through Rp.
Now R can sustain a greater voltage drop, thus providing a higher gain and a lower input-

referred noise. However, the bottom—plate parasitic capacitance of ' increases the time'

constant at node X.

In Fig. 4.43(b), the feedback incorporates capacitive coupling, I; and My define the bias
current of M7, and REp is large enough to isolate the signal path from the low impedance
introduced by Mz, Capacitor C'p shunts the noise of f; and M3 to ground. Note that the
minimum supply voltage is now determined by I Ep + Vs + Vi, where Vi1 denotes
the minimum allowable voltage across Iy .

The principal issue in the ac-coupled circuits of Fig. 4.43 relates to the lower cor-
ner frequency of the passband. The closed-loop gain drops for f < fi1 = (1 +
gm1Rp)/ (27 RpCc) in the circuit of Fig. 4.43(a) and rises for f < fo = 1/(2nRzCc)
n the circuit of Fig. 4.43(b).12 Since some standards require this frequency to be as low as

12%e assume Rp can be sufficiently large.
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Figﬁre 4.43 Capacitive coupling in feedback TIA.

a few tens of kilohertz, the time constants must reach tens of microseconds, necessitating
very large resistor and capacitor values. For example, if Co = 1 pF, the required value of
Rp may exceed 10 M£2. Such a large resistor exhibits substantial capacitance to the sub-
strate, degrading the speed and/or the loop gain. Nonetheless, standards such as 10 Gigabit
Ethernet and Fibre Channel, which employ 8B/10B encoding (Chapter 2), can benefit from
these techniques. '

4.6.3 Feedback TIAs

The feedback TTAs studied thus far incorporate a source/emitter follower as a buffer. In
CMOS technology, however, source followers suffer from poor drive capability while
consuming a large voltage headroom. We may then consider eliminating the source fol-
lower, arriving at the circuit of Fig. 4.44(a). In a typical design, the loading of B on
Rp may not be negligible, and from the equivalent circuit of Fig. 4.44(b), we can write
Vi = LinRp + Vour and g (Jin Br + Voui) + Vour /Rp = Iin. Thus,

V;rat o _ngF —1

T, gmBp+1 2

4.158)
(Noté that the output resistance of M; can be included in parallel with Rp.) If g, i,
gmEBp > 1, then

Vout
1 in

m—Rp. (4.159)
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(@ (b) ()
Figore 4.44 (a) TIA with no buffer in feedback path, (b) equivalent circuit of (a), (¢) circuit to
calculate the output impedance.

We also note that the input resistance of the circuit is given by

Ry = %’1_ (4.160)
ngF -1
=Rp - "—F"— 4.161
e Rp 1P ( )
Ry + BRp
=L 4.162
gmBip + 1 @162
For the output resistance, the circuit of Fig. 4.44(c) gives
1
Ryt = RD”_ (4.163).
gm

because Ep carries no current. .

Comparing the above results with those expressed by (4.127), (4.128), and (4.129), we
observe that the TIA of Fig. 4.44(a) provides approximately the same transimpedance gain
but with higher input and output resistances. The advantage of this topology lies in the
voltage headroom consumption, as is evident from Vpp == RplIp; + V1. For a given
current, increasing Rp leads to a lower input noise and increasing Vg5, yields a lower
input capacitance.

Let us analyze the noise behavior of the circuit as well. From the equivalent circuit of
Fig. 4.45, we note that the drain current of M; is equal to g,, (Va,out — Voo,rF) and sum

Figure 4.45 Noise equivalent of the TIA shown in Fig. 4.44(a}.
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the currents at the output node as

Vn o |
.R,_'; + In,Ml - I‘R,RD +gm(Vn,out - Vn,RF) =0. (4164)

It follows that

~Inm1 + Inrp + gm Vo, mF
ngD -+ 1

Rp. (4.165)

Vn,out =

Dividing both sides by the gain, Ep, assuming ¢,.Rp > 1, and computing the mean-
square values, we have

T _ Lo+ pp+ 90V pre
T4 Q?RR%'
4ET 4kT akT
T el IR, | R

(4.166)

(4.167)

This quantity is similar to that in (4.133) but lacking the contribution of the source follower.

It is instructive to examine the frequency response of the TIA in Fig. 4.44(a). Con-
sider the circuit shown in Fig. 4.46(a), where (;,, is equal to the sum of the photodiode
capacitance and Cgg1; Cr = Cgpi; and O, is equal to the sum of Cppgy and the input
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(a) )
Figure 4.46 (a) TIA of Fig. 4.44(a) at high frequencies, (b) small-signal equivalent circuit of (a).

capacitance of the following stage. Using the equivalent circuit in Fig. 4.46(b), we have
1
Lin = V1Cins + Vo (Crs + R—) +gmW1, (4.168)
: D
and hence

1
Iin — Vout(CLS + “]T)
D

Vi = T s . {4.169)
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Also, V1 and the voltage drop across Bp||(Crs) ' must add up to Viy:

1 1
Lin — Vout{CrLs + E) Iin — Vous (Crs + 1—%‘;)

Brp ’ 1
—'.V;)u = ) T Ym - Vouf.
Cins + Om +RFCFS +1 _ t(OLS + RD) g Cins + Gm . g
' (4.170)
It follows that
-Vo_uE _ {RrCrs+1—gnRr)Rp _
I; RrRpés® + [Rr(1+ gnBp)Cr + RpCr + (Rr + Rp)Cinls +1+ g(??’%,)

where £ = CpCr + Cr.Cyy, + CinCr. As expecied, (4.171) reduces to (4.158) for s = 0.
The circuit contains one zero and two poles.

We must now determine the conditions for optimum step response. Following the anal-
ysis in Section 4.3 and neglecting the effect of the zero for now, we obtain the natural
frequency and the damping factor as

2 1 +ngD

"~ RpRp(CrCr 1 CrCim + CinCr)

= 1 Bp(1+ gmBEp)Cr+ BpCr+ (Br + Rp)Cip,
"~ 2/RpRp(1+ gnRp)(CrCL + C1.Cin + CinCr)

w (4.172)

(4.173)

The circuit parameters can be chosen to yield ¢ = \/ﬁ/ 2 and, from (4.125), the —3-dB
bandwidth is equal to w,,. Note that if g,, Bp >3 1, then

o~ | Im ) '
o \/RF(CFCL + 00 + CinCp)’ (4.174)

Interestingly, feedback yields a —3-dB bandwidth relatively independent of Rp. Note that

_ the zero of the transfer function is given by w, = (1 — g Rr)/ RrCr = —gn/Cr, which
typically exhibits a much greater magnitude than «w,,. Thus, the effect of the zero is usually
negligible, '

The low-voltage topology of Fig. 4.44(a) can also be realized in bipolar technology. The
analysis is similar to that described above for the MOS implementation.

The TIA of Fig. 4.44(a) still suffers from supply-dependent biasing. To alleviate this
issue, the load resistor can be replaced with a current source whose value is defined by
supply-independentbiasing techniques [Fig. 4.47(a)] [1]. Due to the low output impedance
of PMOS devices, transistor My must be relatively long, and due to the limited voltage
headroom, it must be wide. Thus, Ms contributes substantial junction and overlap capaci-
tance at the output node.

Let us compute the performance parameters of the above circuit. If B goes to infinity
in Egs. (4.158), (4.159) and (4.162), then Vi /Lin = —RF, Rin = 1/gm, and Ry =
1/ gy To calculate the input-referred noise current, we write from Fig. 4.47(b):

gml{Vﬂ.,out - Vn,RF) + In,Ml =fam2 . 4.17%)
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(a) &
Figure 4.47 (a) Feedback TIA using a current-source load, (b) implementation of (a) along with
noise sources.

and hence

I In
Vi gy 7= ML T ImM2 (4.176)

gml

Dividing by the transimpedance gain and calculating the mean-square values, we have

M gmBe gmBy - RBr’

4177

where 7y, and <y, denote the excess noise coefficients of NMOS and PMOS devices, re-

~ spectively. As expected, the second term in (4.177) is greater than that in (4.167) because,

for a given allowable dc voltage, ypgmz > 1/Rp.

The frequency response of the circuit can be derived by allowing Rp to approach in-
finity in Eq. (4.171). The optimum —3-dB bandwidth is still given by (4.174), but ( is
simplified to

1 gmBirCr + Cp + Cipy
2 \/gmBr(CrCL + CrCip + CinCr)

(= (4.178)

. 4.6.4 Inductive Peaking

With the advent of monolithic inductors, inductive peaking techniques have become fea-
sible in integrated circuits. The idea is to allow the capacitance that limits the bandwidth
to resonate with an inductor, thereby improving the speed. The resonance must of course -
occur with minimal peaking and overshoot so as to provide a well-behaved response to
random data.

Let us study inductive peaking with the aid of the example illustrated in Fig, 4.48, The
common-source stage of Fig. 4.48(a) is simplified as shown in Fig. 4.48(b), revealinga —3-
dB bandwidth equal to (2r RpCr,) . Now suppose an inductor is placed in series with the
load resistor [Fig. 4.48(c)]. Using the equivalent circuit of Fig. 4.48(d), we seek conditions
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Figure 4.48 (a) CS stage with load capacitance, {b) small-signal equivalent of (a), (c) addition of
‘inductor peaking, (d) small-signal equivalent of (c).

for a well-behaved response.’® Comparing the circuits of Figs. 4.48(b) and 4.48(d), we
note intuitively that, with an input step waveform, the inductor initially serves as an open
circuit, allowing all of the current to flow through the capacitor rather than through the
resistor, As a result, the output voltage changes faster in Fig. 4.48(d) than in Fig. 4.48(b). Iif

. the inductor value is excessively large, then V,,,; experiences oversheot before settling, We

must therefore determine the amount of overshoot as a function of the circuit parameters,
Summing the currents flowing through the capacitor and the RL branch, we have

V.
VoutCrs + out

Lrs+ Bp —0m Vin- (4.179)

Thuis,

Vout _ Lps+ Rp
Vin : gmLpCL82+RDCLS+1
5§+ 20w, W

= —gnBp o Xn  Wn 4.181
ImiD o S Coms + w2 2 (4.181)

(4.180)

where { = (Rp/2)y/CL/Lp and w2 = (LpCy)~'. Neglecting the effect of the zero and
assuming { = +/2/2, we can write from Eq. (4.125): w_3_gp = w, = V2/(RpCy).

131t is interesting to note that, for broadband circuits, inductive “peaking” must exhibit minimal peaking in
the frequency domain (although there may be some overshoot in the time domain).
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However, with this choice, the zero frequency is equal to Rp/Lp = 2/{RpCyr), only

‘slightly higher than the —3-dB bandwidth, For this reason, the zero must be included in

the calculation of the bandwidth and time response.
To obtain the —3-dB bandwidth in the presence of the zero, we equate the squared
magnitude of (4.181) to [wp Rp /{2¢)]*/2, arriving at

Wy 4p = [% 41— 2¢% \/(1%-2- 41 -202)2 4 1J w2, (4.182)

Since { = (Rp/2}/Cr/Lp, we have wZ = (LpCr)™! = 4¢2/(R%C?) and hence

w? = i+‘1—2g2+ (i+1—2g2)+1 A (4.183)
SaB T age a¢ RLCE '

This eguation expresses the bandwidth improvement beyond the value 1/{RpCr). But
how should the value of { be chosen? Owing to the zero in the transfer function, the step
response of the circuit exhibits more overshoot than the second-order systems of Section
4.3 do. Table 4.1 displays the characteristics for various overshoots with and without a zero
in the transfer function.

QOvershoot 5% 7.5% 10%
g 0.73 0.69 0.65
{with zero)
g 069 | 054 0.59
{without zero)
Bandwidth
Improvement 78% 82% 84%
{with zero)

Table 4.1 Characteristics of inductive peaking.

Let us interpret the above results carefully. In a typical design, Rp and Cp are de-
termined by gain and voltage headroom requirements and the value of Lp is chosen 1o
increase the speed. With the margin needed for process and temperature variations, a nom-
inal overshoot of 7.5% provides a reasonable compromise between control over the step
response and the improvement in bandwidth. Thus, in principle, inductive peaking can en- .
hance the speed by 82%.!* Note that the sharper (second-order) roll-off of the gain beyond
the resonance frequency reduces the effect of the out-of-band noise as well.

In practice, since monolithic inductors suffer from parasitic capacitance and a low qual-
ity factor, ¢}, inductive peaking improves the speed to a lesser extent. Figure 4.49 shows the

M However, inductive peaking within. a feedback loop may increase the ringing.
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Figure 4.49 Inductive peaking including more realistic model of inductor.

circuit of Fig. 4.48(d) but with the inductor modeled by a simple parallel network, where
Rp represents the effect of finite 2, i.e., Rp = Lpw/(@, and Cp denotes the parasitic
capacitance of the inductor to ground. The circuit is now of third order and, due to the
shunting effect of Rp, Lp has less impact on the output. Typical monolithic inductor char-
acteristics limit the bandwidth improvement to roughly 50%. Accurate broadband inductor
models are therefore necessary to predict the circuit’s behavior (Chapter 7).

The inductive peaking concept studied thus far is called “shunt peaking” because the
resistor/finductor combination appears in paralle] with the output. This technique is usually
applied to the oufput node(s) of amplifiers because most circuits of interest produce a
current that subsequently flows through a load impedance. It is also possible to utilize
inductive peaking at the input. For example, as shown in Fig. 4.50, an inductor can be
interposed between a photodiode and the input of a transimpedance amplifier so as to

RE
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Lg X
—'O out

fin C
T 6

Figure 4.50 Series peaking at the input of a TIA.

increase the bandwidth. Called “series peaking” (because the inductor appears in series
with the source), this method is similar to shunt peaking but it introduces no zero in the

transfer function, Noting that the current through R is equal to (Viys + Viur / AY /Ry and-

hence the voltage drop across Lg is [(Vour + Vour / A)/ Br| Lgs, we sum the currents at the
input node: :

—Vou Vour  Lss Vi 1
— = Vou + =55) 5| Crns = fin + (Vous + 55 ) - (4.184)
1t follows that
. %ut —1 A.RF
_ . . 4.185
Lin 52+ Rp 1 (A + 1)GPDLS ( )

(A + l)LsS + Cpplg
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Following Eg. (4.125), we set { = +/2/2 and hence

(4.186)

thereby increasing the bandwidth by approximately 41% with an overshoot of 4.3%.
We should point out two limitations of input series peaking. First, the loss and parasitic
capacitance of monolithic inductors make them a poor candidate for Lg in Fig. 4.50. It

. is possible to employ a bond wire instead [2], but the length and shape of the wire and

the capacitance of the photodiode must be controlled tightly. Second, the above analysis
assumed infinite bandwidth for the core amplifier; even with one pole in A, the overall
transfer function is of third order, possibly leading to IST.

4.7 Automatic Gain Control

_ Optical receivers may experience vastly different input currents because the transmitted

laser power, the length and hence loss of the fiber, and the efficiency of the photodiode
may vary from one link to another. Thus, transimpedance amplifiers must accommodate a
relatively wide dynamic range, typically from a few microamperes to a few milliamperes.
How does a TIA behave with a high input current? Consider the circuit shown in Fig.
4.51(a) and assume Br = 1 k{? and V,,;; = 0.6 V when [;;, = 0. If a logical ONE is
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Figure 4.51 ' Effect of overload in a CMOS feedback TIA.

represented by I, = 100 uA, then Vout goes down by 100 pAx1 k2 = 100 mV [Fig.
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4.51(b)]. But what happens if [;, rises to 1 mA? Since a negative change of 1 mAx1
k{} = 1 V cannot be accommodated in V,,,;, the circuit becomes heavily nonlinear. More
specifically, as Voo falls, M3 enters the triode region, reducing the gain of the source
follower and hence the loop gain so that the transimpedance gain is much lower than Rg.
Thus, Vs may seem to approach zero in this case {Fig. 4.51(c}]. However, as depicted
in Fig. 4.51(d), the large input current flowing through B must also be absorbed by M3,
prohibiting V,.,; from reaching zero.

The above overload behavior appears benign: for large input currents, the TLA produces
a reasonable voltage swing even though transistor Mg enters the triode region. Unfortu-
nately, at high speeds, other effects arise that make overload undesirable. First, with finite
rise and fall times, clipping of the large signals may result in narrower widths for logical
ZEROs or ONEs at the output, leading to pulsewidth distortion and hence degraded detec-
tion. Second, if the TTA drives a load capacitance, then, as illustrated in Fig. 4.51(d), the
current available to discharge this capacitance, I, is rediced at high input levels. Thus,
the logical ZEROs at the output exhibit a long tail, introducing significant 1S1.

The problem of overload is even more serious in bipolar TIAs as it may drive some of

the transistors into saturation, degrading the speed considerably. For example, in the circuit

_of Fig. 4.52, a high input current forces both Vx and Vi, to low values, saturating €)1 and
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Figure 4.52 Effect of overload in a bipolar TIA.
Q3.

The foregoing study suggests that the gain of TIAs must be automatically adjusted such
that high input currents do not distort the output waveform. To this end, two functions must
be added: a means of measuring the output swing and a method of reducing the gain. Let
us examine these concepts in detail.

Interestingly, unlike typical voltage amplifiers, TIAs sense currents with only one po-
larity because the photodiode injects either electrons or no charge into the TIA, Hlustrated
in Fig. 4.53, this property implies that the average value of the output voltage varies in
proportion to the amplitude of the input current. Thus, AGC can simply utilize the dc con-
tent of the cutput as a measure of the input swing. This is in contrast to AGC in amplifiers
sensing both positive and negative inputs, where wave rectification or peak detection are
required.

- The above:observation leads to the amplitude measurement circuit shown in Fig. 4.54.
Here, a low-pass filter following the main TIA generates the output time average Vout,avg-
and a replica of the TIA establishes a reference voltage corresponding to a zero input
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Figure 453 Conceptual illustration of AGC.
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Figure 4.54 Generation of error voltage for AGC.

current. Amplifier A, then produces an ou’tput, Vieont» proportional to the error and hence
the input amplitude. Note that the replica amplifier can be scaled down with respect to the
main TIA, saving power dissipation.

The principal issue in the topology of Fig. 4.54 stems from the roqun'ed corner fre-
quency of the low-pass filter, wypr = 1/(RiC1). If wppr is excessively large, then
low-frequency components in the data waveform pass through the B,-C network nnat-
tenuated, forcing V., to change with time and uitimately corrupt the data when the AGC
loop is closed around the TEA. From another perspective, as depicted in Fig. 4.55, if a
long run appears at the TIA output and the time constant B, C7 is not large enough, then

Vout _J_l_l |_I I_l_
Veont ,\/\//A/

Figure 4.55 Effect of AGC for long runs.

~y

Vout,avg changes, exhibiting an incorrect average for subseguent bits.

Since some optical standards specify a low-frequency corner of only a few tens of kilo-
hertz for the data, the time constant B,y in Fig. 4.54 must be on the order of a few hun-
dred microseconds, requiring very large resistor and/or capacitor values. For this reason,
capacitor (' is usually placed off-chip. However, the bond wire and package trace con-
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necting node X to the external capacitor may experience substantial crosstalk from other
high-speed signals. Thus, a reasonable fraction of ' is included on the chip to suppress
the effect of coupled interference.

Having developed a method of measuring the cutput swing, we now address the second
task: gain control, In feedback TIAs, the transimpedance gain is nearly equal to the feed-
back resistor, suggesting that varying the value of this resistor directly controls the gain.
Shown in Fig. 4.56 is an example, where an NMOS device placed in parallel with Rp low-
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Figure 4.56 AGC in a feedback TIA.

ers the gain as V., becomes more positive. This is the most common approach to gain
control in T1As. -

The above technique must nonetheless deal with several issues. First, recall from Sec-
tion 4.3 that the feedback resistor affects the closed-loop poles and hence the step response.
Thus, if Rp is varied over a wide range, the stability of the circuit suffers. In fact, consid-
ering Bq. (4.116) and noting that typically RpCpwg > 1 [for example, RpCpwy = 24,
from (4.119)], we have

RFCDUJO
\/(Ao + I)RFCDMD

1 /RrCphuwy :
~ g /—AO - . (4.188)

That is, if Ry is lowered by, say, a factor of two, then { degrades by approximately 40%.
In order to maintain a relatively constant £, it is possible to lower Ag in Eq. (4.188)
- along with Rp. For example, as shown in Fig. 4.57, a PMOS device acting as a variable
resistor can be utilized to reduce the gain of the input common-source stage [3]. Here, V!,
and V.. vary in opposite directions. A more complete version of this circuit is studied in

Section 4.8.

The second issue related to scheme of Fig. 4.56 is the limited gain range at low supply
voltages. Since M3 twrns on only for Vogn: > Vst + Vs, its overdrive voltage cannot
exceed Vpp — (Vigsr + Virgrs). In fact, the overdrive is even less than this vafue because

amplifier A.,- in Fig. 4.54 cannot produce a control voltage as high as Vpp.

(4.187)

o =
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VDD

—o l/Dut

Figure 457 Open-loop and closed—lo.op gain controf in a feedback TIA.

The limited overdrive of Ad; creates a trade-off between the gain dynamic range and
the sensitivity of the gain control. To understand this effect, let us consider two extreme
cases where M3 is very wide or very narrow. As shown in Fig. 4.58, in each case, the
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Figure 4.58 Variation of MOS device resistance and overall transimpedance.

on-resistance of the transistor, Ronz = [tnCoz(W/L)3(Vass ~ Virps)] L, varies from
00 to a minimum value, Byp3 min, thereby changing the transimpedance gain from Rr to
Rp||Rons,min. If M3 is very wide, Rons min is small, yielding a wide gain range but at the
cost of high sensitivity in R,,. Conversely, if M3 is very narrow, the gain range is limited
but the sensitivity of R,y is lower. The high gain sensitivity is undesirable because it may
lead to instability in the AGC loop.

The third critical drawback of the technique shown in Fig. 4.56 relates to the capaci-
tances introduced by My itself. If R,,3 msn 18 to be low enough to provide a reasonable
gain range, then M3 must be a wide transistor because of its limited overdrive voltage.
Thus, the channel and junction capacitances of M3 may degrade the speed and raise the
input-referred noise. ) :

4.8 Case Studies

In order to solidify the concepts introduced in this chapter, we now study several examples
of TIAs. While realized in bipolar and BiCMOS technologies, these circuit topologies are
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applicable to CMOS implementations as well.
Figure 4.59 shows the core circuit of a feedback TIA [4]. Operating from a 5-V supply,

Figure 4.59 Bipolar feedback TIA.

- the amplifier incorporates two cascaded emitter followers so as to allow a relatively high
current in the output stage. Note that the output signal is sensed at the collector (rather than
the emitier) of )3 for two reasons: (1) to isolate the feedback from the input capacitance of
the subsequent stage; (2) to provide a dc level closer to V¢ and hence compatible with the
subsequent stage. Note, however, that all three stages suffer from supply-dependent bias
points.

In order to ensure a frequency response relatively independent of the photodicde ca-
pacitance, the above design employs a large device for (J; and a high voltage gain from
XV, Axy = 100, thereby making the Miller multiplication of the collector-base ca-
pacitance of ()1, Axy )1, dominant. Since the voltage gain of the two emitter followers
is near unity, the low-frequency loop gain is equal to Axy, yielding a closed-loop —3-
dB bandwidth of roughly (2rRpC,,;)~L. For the required bandwidth (~ 200 MHz), this
relationship determines the value of Rp.

The bias current and collector load resistor of ¢} are constrained by a trade-off between
noise and stability. The large value of Rp(~ 7.2 k2) requires that the base shot noise
current of (); be minimized, necessitating a low bias current. On the hand, for a given
voltage gain, |Axy| = gmi By, a lower bias current translates to a greater value for R,
bringing the pole at node ¥ closer to the origin and degrading the phase margin. As a
compromise, this design nses Iy = 0.5 mA and B; = 5 k€.

Figure 4.60 depicts the core TIA along with the subsequent single-ended to differentiat
converter. Resistors Rg and Hg provide level shift and the degenerated pair produces a
differential output. As with the example of Fig. 4.34, the output voltages V4 and Vg are
offset because the circuit generates equal voltages at A and B in the absence of light.

Another example of TIA design is shown in Fig. 4.61 in simplified form [5]. Emple-
mented in GaAs MESFET technology, the circuit employs a cascode stage at the input of a
feedback configuration. Resistor R; provides a path for the bias current of M, allowing a
greater value for R, with a given supply voltage. The integrator consisting of Rs, Ca, and
A; measures the average voltage at the input and adjusts the on-resistance of My, thereby
performing AGC. Note that the time constant RG01 must be very large to prov1de a low
corner frequency for the passband,
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Figure 4.60 Circuit of Fig. 4.59 along with output stage.
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Figure 4.61 Feedback TIA using AGC.

Figure 4.62 shows a BiCMOS TIA with AGC {3]. Employing a feedback topology
around a common-emitter core (21, Rg, and Rg), the circuit senses- the average output
by means of amplifier A; and the low-pass network R; and ;. The result controls the
gate voltage of Mp, varying the transimpedance gain. Recall from: Section 4.7 that if only
the feedback resistance is varied, then the stability degrades. In this design, the open-loop
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Figure 4.62 BiCMOS TIA applying gain control to emitter and collector networks.

gam of the amplifier is also controlled through Ag, M3, and My, thereby maintaining

~ v/ RpCpwo/ Ap /2 constant. The voltage gain of the common-emitter stage is adjusted

by both Mz and 3My. If V] is low, then RE degenerates (77 while A, shunts Rp, vielding

minimum gain. Conversely, if V; is high, M3 provides a low resistance from the emiiter of
(J1 to ground and M, is off, maximizing the gain.

Figure 4.63(a) illustrates an example of TIA design for 10-Gb/s operation [2]. The broad

Peaking
Network

Input Stage Overall Gain
Output Stage : \ :: \
f 12
(B

Figure 4.63 (a) Feedback TIA using series peaking at input, (b) effect of output peaking network.

bandwidth required here prohibits the use of feedback around more than one stage, reduc-
ing the TIA to a common-emitter stage with local feedback from the collector to the base.

Two emitter followers are interposed between the input and output stages to aveid _loading'
* . the former by the input capacitance of the latter.
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The above design utilizes the bond wire inductance, L, to create inductive peaking
at the input. Chosen to resonate with Cp near the —3-dB bandwidth of the amplifier, L,
both reduces the input-referred noise current and increases the overall bandwidth. This
design also employs a network in the emitter of (J4 to raise the gain at high frequencies,
compensating for the roll-off in the input stage and widening the band of the overall circuit
[Fig. 4.63(b)] [2].

Another example of feedback TIA design is shown in Fig. 4.64 in simplified form [6].

Figure 4.64 TIA using two feedback paths.

In addition to current feedback to the input, the circuif incorporates voltage feedback to
the emitter of (}; through Bro and ('} [6]. Note that ()2 serves as an emitter follower for
R and a common-emitter stage for R y». The additional feedback network is designed to
compensate for the phase shift experienced by the signal through path 1, thereby reducing
peaking in the frequency domain. The principal drawback of this approach is that feedback
path 2 raises the input noise of the circuit considerably.
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CHAPTER 5

Limiting Amplifiers
and Output Buffers

. The signal produced by the front-end transimpedance amplifier usually suffers from a small
amplitude, on the order of a few tens of millivolts for the minimum input current level. The
TIA must therefore be followed by additional amplifying stages that boost the signal swing
to logical levels, e.g., on the order of 500 mV. Limiting amplifiers (also called “limiters™)!
provide both a high voltage gain and large output swings.

In this chapter, we study the design of low-noise, broadband limiters. Following an
overview of limiter requirements, we examine basic cascaded amplifier stages and their
shortcomings. Next, we study broadband techniques such as active-inductor peaking, ca-
pacitive degeneration, and fr doublers. We then describe the design of output buffers and
distributed amplifiers (DAs).

5.1 General Considerations

_5.1.1 Performance Parameters

Limiters used in optical receivers must satisfy stringent requirements. Consider the typical
arrangement illustrated in Fig. 5.1. Here, the limiter amplifies the TIA output and deliv-
ers large voltage swings to 50-(2 loads. The following aspects of the limiter are therefore
important. :

Input Capacitance The limiter must exhibit a sufficiently low input capacitance so
that it does not reduce the TIA bandwidth significantly. At low supply voltages, it becomes
increasingly difficult to interpose a buffer between the TIA and the limiter to avoid this
loading effect, especially if noise is critical. Also, the first stage of the limiter suffers from
direct trade-offs between its input capacitance, input noise, and voltage gain.

Bandwidth Recall from Chapter 4 that the bandwidth of TIAs is deliberately set o

approximately 70% of the data rate so as to minimize the noise. Limiters, on the other

1For some reason, the optical communication literature uses the term “limiting amplifier” and the RF de&gn
community the term “limiter” to refer to the same circuit. We use these terms interchangeably here.
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Figure 51 Roleofa limiting amplifier in a receiver front end.

hand, are designed for a greater bandwidth—usually equal to the data rate. This is because,
if two stages with equal bandwidths are cascaded, then the overall small-signal bandwidth
is quite narrower. As shown in Fig. 5.1, the data transitions at the output of the TIA are
relatively slow, but the limiter must amplify and clip the signal such that V,,,; exhibits a
high slew rate and short rise and fall times.

Noise The input-referred noise of limiters is critical for two reasons: (1) their large
bandwidth vields a greater integrated noise; and (2) the design of TIAs with a high trans-
impedance gain becomes increasingly more difficult at high speeds, making the contribu-
tion of the limiter noise significant. Denoting the noise bandwidths of the TIA and the
limiter by Br and By, respectively, we express the overall input-referred noise current of
the TIA/limiter cascade as

_ __  V%,B
7] ) n,L
In,in,tﬂt - In,TBT + R%‘ H

where I, r is the TIA input-referred noise current, 1, 1, is the limiter input-referred noise
voltage, and Ry is the TIA gain. It is desirable to choose V;, 1, so small that the second
term in (5.1) becomes negligible,

(5.1)

Gain- The first stage of a limiting amplifier must provide enough gain so as to minimize
the noise contributed by the following stages. While it is possible to design each of the
subsequent stages for a low gain, the power dissipation and the total noise may still prove
prohibitively high. For this reason, limiters typically employ only three to four stages.
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Output Drive Capability In the arrangement of Fig. 5.1, the output stage must deliver
large currents to the 50-(2 loads. For exampie, for a 1-V differential output swing, a current
of 10 mA must be steered between the two resistors. The very large transistors required in
the output driver both exhibit a large input capacitance and introduce a long time constant
at the output nodes. Thus, the stage preceding the driver must tolerate a heavy capacitive
load while achieving a wide band.

Jitter Limiting amplifiers may introduce jitter in the signal. It is desirable to maintain
the limiter jitter below a few percent of the bit period.

Ofiset Voltage The differential stages shown in Fig. 5.1 suffer from a finite offset volt-
age, which, after experiencing a large gain in the limiter, may saturate the latter stages. For
this reason, limiters usually incorporate offset cancellation.

5.1.2 Cascaded Gain Stages

As our first step toward understanding the properties of limiters, we study the small-signal
and large-signal bandwidths of cascaded gain stages. Consider the circuit depicted in Fig,
5.2, where each stage is represented by an ideal voltage amplifier A, an output resistance

Rout Rout
Vino w w % Vout
I“ I

Figare 5.2 Cascade of small-signal amplifiers.

Rous. and a load capacitance C'r,. The overall transfer function is given by

2
He)= | 2|, 52)
14+ 2
o

where wg = (RouwCr) ™! is the —3-dB bandwidth of ‘each stage. To determine the max-
imum bit rate that can be amplified by the cascade with reasonable ISI, we employ the
—3-dB bandwidth of the overall circuit as a measure of its speed. We must therefore as-
sume s = jw_sqp and calculate the value of w_s45 such that

2

2
4o = (ﬂf’«) . (5.3)

V2

W_3dB 3

1 Zosels

+ (25

Thus,

W_34B = wpl/ V2 -1 (5.4)
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% 0.644w, . (5.5)

revealing that cascading two identical stages decreases the bandwidth by about 36%. Sim-
ilarly, for NV identical stages, the —3-dB bandwidth is given by:

w_sgp = woy V2 —1. (5.6)
For N > 2, this expression can be approximated as:

09
W-_34B = wt)ﬁ-

The foregoing observation suggests that each stage in a limiting amplifier must achieve
a very wide band such that the overall bandwidth given by Eq. (5.7) is still on the order of
Ry, where Ry denotes the bit rate. For example, if N = 4 and we choose w_zgp = 27 < Rp,
then wp must be at least equal to wy &~ 2.3 x 27 x Rp. In other words, the bandwidth of
each stage must exceed 2.3 R;.

From these calculations, we artive at a gain-bandwidth trade-off: if each stage provides
a small gain and a wide band, then IV must be large so as to achieve the required gain
and vice versa. Consequently, for a given overall gain, A4, an optimum value of IV exists
that yields the maximum overall bandwidth. In order to obtain this value, we assume the
transfer function of each stage is expressed as

(5.7)

B

H(s) = 20 (5.8)

1+ —
Wo

where B denotes the gain-bandwidth product and is assumed to be constant for a given
power dissipation in a given technology. Equation (5.8) embodies the gain-speed trade-off
of each stage: if a higher wy is chosen, then the gain, B/uwyq, is reduced proportionally.

For N identical stages, A;o; = (B/wp)? and hence wy = B/ ¥/A,,. Substituting this
value in Eq. (5.6), we have

V2-1
w_ggp = B——=—, {5.9)
] s NV Atot
which, with the approximation given by (5.7), reduces to
0.9
woggp & B——o— (3.10y
\/_ Vv Atot

To minimize the denominator, I = VN ¥/ Ay, we take its natural logarithm: lnD
(1/2)Iln N + (1/N)In At,,t, and differentiate with respect to IN:

18D 1

DON ~ 2N N2 In Ator- G0
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The derivative vanishes at
Nopt = 21n Ay : (5.12)

Interestingly, IV, is independent of the gain-bandwidth product, B. The corresponding
bandwidth is thus equal to

1
098 Afzzn Aps

Wmaz = m tot (513)
1
0.6368 \ " 3TnAsur (5.14)

- AV In Agot

1t is instructive to study the behavior of w_zgp given by Eq. (5.10) as a function of ¥
for a given A;o;. For example, if a limiting amplifier requires a gain of A, = 100 (40
dB), then the behavicr shown in Fig. 5.3 is obtained. As predicted by (3.12), the bandwidth

O_zgp i
B
0.18 |
0.16
0.14
0.12
0.10
0.08
0.06
0.04
0.02

1 I —
2 3 4 5 6 7 8 9 10 11 12
Figure 5.3 Normalized bandwidth as a function of N for Agpy = 100.

- reaches a maximum at IV =z 10. However, the plot also reveals only an incremental change
inw_3qp/B for N > 5. In fact, as N goes from 5 to 10, the bandwidth increases by

. - less than 15%. Furthermore, with N = 10, the gain per stage is small, making the noise
~. contributed by all of the stages significant. For these reasons, typical high-gain limiters

employ no more than five gain stages.

Another important result of the above study is that the maximum bandwidth for a given
gain of 100 is only 0.18 B. While this may imply that B must be on the order of 27 (5 x Rp)
80 as to minimize IST, in practice, the small-signal bandwidth need not be this large. This is
because the second or third stage typically senses sufficiently large input swings, thereby
- experiencing switching and operating in the large-signal mode. Illustrated in Fig. 5.4 for a
cascade of three differential pairs, this effect manifests itself in the drain currents of Mj-
. My and, more visibly, M5-Ms. Owing to relatively complete switching of the tail current
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Figure 5.4 Effect of limiting on bandwidth.

and the finite delay of each stage, the last two differential pairs process the zero crossings
of the data at different times, violating the assumptions behind Eq. (5.2).

To better understand why the small-signal bandwidth of limiting stages provides a con-
servative measure of the large-signal speed, let us consider the differential pair in Fig. 5.5,
assuming that M; and M-, sense a relatively large input swing and exhibit a high small-

Vv,
i Dui Vini i
€ G Vinz P
Voutt 4 Vourz Ip1
Vi F=oVinz I X X

My My 02—
' AT

= Vouﬂ ! ’

T= R'l C1 t

Figure 5.5 Delay through a differential pair.

signal transconductance in equilibrium.? Even though the input signals suffer from long
transition times, the high transconductance enables M, and My to steer Igg during AT,
sharpening the signal edges considerably. Upon flowing through the loads consisting of 1)
and €1, Ip; and Ip, generate output voltage waveforms with a time constant of By C—

. as if the input signal had nearly zero transition times. We conclude that, in a cascade of

identical stages operating with sufficiently large signals, the speed is limited by only that
of one stage. This is, of course, a common effect in cascaded digital gates.

2The term “equilibrium™ refers to the condition where the differential input voltage is around zero.
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If an amplifier is to deliver signals to 50-{2 loads, then it must employ high currents
and large output transistors in the last stage. The large input capacitance of this stage in
turn requires that the preceding circuit provide a relatively low output impedance. Thus, as
conceptually illustrated in Fig. 5.6, the cascade must be “tapered” in device dimensions and

V‘“:&> Vout

Figure 5.6 Tapered output buffer.

bias currents from the first stage to the last so as to maintain a wide band while delivering
high output currents.

5.1.3 AM/PM Conversion

A nonlinear, dynamic system can potentially convert signal amplitude variations to phase
disturbance. For example, a nonlinear, low-pass circuit converts amplitude modulation
(AM) to phase modulation (PM).

To understand the origin of AM/PM conversion, let us consider the differential pair of
Fig. 5.7, where By = Ry (= R) and €y = (5 (= () determine the bandwidth. For

VDD -
. =R, L ¢,
Vourt oL« 140 Voutz

- Vin2

M, M,

s
=

AR
Yy

AR

- Figure 5.7 AM/PM conversion in a differential pair.

moderate input swings, the voltage-to-current- characteristic of the differential pair can be

approximated as [, ~ a1V, + a3V, where Iy and Vi, are differential quantities.

Now suppose V;, = V), sinwt and hence

Tout = a1 Vi sinwt + a3 V2 sin® we (5.15)

= (o Vi + Zagii) sinwt —gagv,i sin Jwt. {5.16)
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Despite harmonic distortion, o, still crosses zero at ¢ = n7/w, where n is an integer.
In other words, variation of V,,, (amplitude modulation) does not affect the phase of f,,;.
However, upon flowing through the frequency-dependentload, the first and third harmonics
experience different phase shifts:

Vout (t) = A (a1 Vi, + gagiﬁ) sin(wt + 61) — A3?i—a3V,ri sin(3wt + 62), (5.17)

_where A; = R/vV1+ R*C%2, 6 = —tan Y{RCw), A3 = R/V1+9R2C?w?, and

"0y = —tan 1 (3RCw). The key point here is that, if V,, varies, the output zero-crossing

points shift in time. Thus, if the input signal contains random noise on its amplitude, the
output signaj suffers from random shift in its zero crossings, i.e., jitter.

Before quantifying AM/PM conversion, we should note that the signal applied to lim-
iters in an optical receiver may exhibit amplitude variations resulting from various sources.
In fibers carrying several channels on different wavelengths, crosstalk among the signals
introduces amplitude modulation. Furthermore, nonidealities such as package parasitics
and limited bandwidth create ISI and hence amplitude variation.

To estimate the jitter resulting from AM/PM conversion, we obtain the dependence of
signal delay upon the input amplitude. If the output zero crossings deviate from their ideal
points in time by A#, then we can substitute t = na/w + At in Eq. (5.17) and, assuming
a small At, obtain

%ut(%)z + At) = A (051 Vin + %agvni)(sin 1+ w- Aicos 91)
N .
wAgzagVn?;(sinBQ + 3w - Atcoséy). ' (5.18)
Setting the right-hand side to zero, we have:

—Al (011 + §Q3Vn2’t) sin 91 -+ Agﬁagii sin 92
At = 4 4

3 3 (5.19)
As (o + ZagVé)w ccosfh — Ag Za3V,,i(3w) cosfy

To arrive at a simpler result, let us assume that the second term in the denominator of (5.19)
is much less than the first. Thus,

3a V2
14; 1™ i
At w220 s Smg?, (5.20)
W W 1(11_1_1&31/% costh

or, if oy > (3/4)azV,2,

tanf; 31 Az g, sinfy

w 4&).41 [e4} mcosel'

At s — (5.21)
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Note that the first term in (5.21) corresponds to the RC delay in the absence of nonlin-
earity, i.e., if arg or V;,, are very small.® The second term reveals the dependence of At upon
nonlinearity and the signal amplitude. For example, if the delay variation must remain less
than 5% of the period, then we have

Az ag 5 sinfg

419, 522
A oy mcosﬁl < 0419 (5-22)

In practice, the delay variation is measured for the minimom and maximum specified values
of V... The result is quite conservative becaunse the actual signal experiences much less
amplitude noise.

5.2 Broadband Techniques

A cascade of simple differential pairs with resistive loads, e.g., as shown in Fig. 5.4, often

proves inadequate as a broadband amplifier, especially if the input amplitude is small and

the first several stages operate linearly. Many broadband techniques have been invented to
~ allow higher speeds in a given IC technology.

5.2.1 Inductive Peaking

As described in Chapter 4, inductive peaking can substantially increase the bandwidth
of gain stages. If chip area is critical, inductive peaking can also be realized by means
of active devices, For example, consider the source follower shown in Fig. 5.8(a), where
resistor Rg is placed in series with the gate of M. Proper choice of values can yield an

VDD
Rg
L
' II_M——'I M 1
‘—] <_l
Ay 7
Zout R, out
- O
@ ) ©
Figure 5.8 (a) Source follower providing an inductive output, (b) equivalent circuit, {c) simplified

network.

~inductive output impedance, Neglecting the gate-drain overlap capacitance, the source-bulk
capacitance, channel-length modulation, and body effect, we construct the small-signal
equivalent circuit depicted in Fig. 5.8(b), writing '

ViCass + gmVh = —Ix. (5.23)

3The actual delay in this case is given by —#81 /w. The stight discrepancy is left for the reader 1o resolve.
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Since V;CassRs + V4 = —Vx, we have

RBsCgss+1

Zout = .
T g+ Cass

(5.24)
Note that | Z,.s(s = 0)| = 1/gm and |Zoyi(s = 00)| == Rg. Thus, if Rs 3> 1/gm, then
| Zout| increases with frequency, exhibiting an inductive behavior. It can be shown {1] that

under this condition the output impedance is modeled as illustrated in Fig, 5.8(c), where
Ry = Rs —1/gm, B2 = 1/gm, and

L= %(RS R (5.25)
gm Gm

In order to obtain a high-quality inductor, we must maximize £; and minimize Ry.
However, since the () of the parallel combination is given by R /{Lw) and since Ry /L =
dm/Cas, the value of Rg does not impact the @ significantly. Thus, the transistor transcon-
ductance plays the principal role in the circuit.

The primary drawback of the active inductor of Fig. 5.8(a} is the large voltage headroom
consumption. To maximize the transconductance without introducing substantial source-
bulk and gate-drain overlap capacitance, the bias current of the device must be maximized,
thereby leading to a large gate-source voltage. At supply voltages below 1.5 V, it may
simply be impaossible to utilize this circuit as the load of a differential pair,

Figure 5.9(a) shows another example, where the load exhibits an impedance of

Voo

(a) ' {b)
Figure 5.9 (a) PMOS device configured as active inductor, (b) differential NMOS version of (a).

(1/gm1)||ro1 at low frequencies and Rg||ro: at high frequencies, providing inductive
behavior if 1/g,,1 < Ri. As with the topology in Fig. 5.8(a), this type of load severely
limits the voltage headroom.

Figure 5.9(b) depicts a modification where the active inductors are realized by NMOS
devices to allow low-voltage operation. In practice, however, the large capacitances intro-
duced at nodes X and ¥ by the load current sources and M3-344 limit the bandwidth to
well below that achievable with passive inductors. A
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5.2.2 Capacitive Degeneration

In order to create a broadband response, it is possible to degenerate the transistors in a
differential pair such that their effective transconductance increases at high frequencies,
thereby compensaiing for the gain roll-off resulting from the pole at the output node.
Shown in Fig. 5.10(a), such an arrangement employs both capacitive and resistive degen-

@ (b)

Figure 5.10 (a) Differential pair with capacitive degeneration, (b) half-circuit equivalent .

eration. Using the half circuit of Fig. 5.10(b), we express the equivalent transconductance

as
_ Gm
G = - (&” T ) (5.26)
Gom 2 "2Cgs

_ gm(RsCsS + 1)
RgCss+ 1+ ng5/2'

- (5.27)

The transconductance therefore contains a zero at 1/(RsCsg) and a pole at (1 +
gmBg/2)/{RgCs) [Fig. 5.11(a)]. I the zero cancels the pole at the drain, i.e., if Rg Cs =

|G | & |a,] &

—/__ i Coincident
; : : Pole and Zero:!

1 1+gmRglz O 1 1+ gnfsg2 O
RgCq RgCg AsCq AsCy

| @) )
. Figure 5.11 Variation of (2} G, and (b} voltage pain with frequency.
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Rp(C'r, then the overall amplifier’s bandwidth is extended to (1 + g, Rs/2)/(RsCs) =
(1 + gmRs/2)/(RpCL). In other words, as illustrated in Fig. 5.11(b), the speed is in-
creased by a factor of 1-}- g, Rg /2. This is, of course, obtained at the cost of a proportional
reduction in the gain because 4, = g Rp/(1+gm Rs/2) at low frequencies. The thermal
noise of Rz may also pose difficulties.

The reader may wonder if the above degeneration technique offers any advantage over
simply reducing the load resistance by the same factor and thus increasing the bandwidth
proportionally. An important benefit of capacitive/resistive degeneration stems from the
change in the input impedance of the amplifier and hence the load seen by the preceding
stage. To understand this point, we analyze the circuit of Fig, 5.10(b) while including the
output resistance of the previous stage as Ry in series with the gate (Fig, 5.12). Since
gmV1 = I, the current through Cgg is given by (Lout/gm)Cass and that through the

Figure 5.12 Input capacitance of & capacitively-degenerated stage.

parallel combination of Rg/2 and 2Cs by (Ioui/9m)Cas8 + Iout. Summing the voltage
drops across Rg, Cos and (Rs/2)||(2Css) ™! and equating the result to V;,,, we have

Iout Iout Iout RS/2
Zout Zout L) — .
. CassRa + - Cass + ( = Cgss + out)RSCSs+ 1= Vin (5.28)
It foilows that
Lows _ gm(FsCss +1) (5.29)
Vin  ReCgsRsCss® + (RgCgs + RsCs + RsCas/2)s + 1+ gnRs/2"
Note that the zero still appears at 1/(RsCyg). To estimate the poles, we write
2 1 1
(D) 1) = —— 4 (— + —)s+ 1 (5.30)
LWyt Wp2 Wp1dpo Wyl Wp2
and assume wy,; € wpe, obtaining
. 2 1
(S N A ) PN AR S (5.31)
Wal Wpz eyl Wpa Wyl
From (5.29) and (5.31), we have
1 Rg/2

'™ ReCqs + RsCs + RsCag/2
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1 1 1

RsCs + ToCos + T (5.33)

Wp2 g

Since gm Rg is usually below 5 (to avoid reducing the gain of the stages excessively), the
assumption wy) <€ wpy is reasonable: wyy is inversely proportional to the sum of three time
constants whereas w,y is equal to the sum of three pole magnitudes.

The key observation here is that, if RgCas 3 Rs(Cs + Cas/2), then

R 34
Wp1 FoCos (5.34)

that is, the input pole magnitude is increased by a factor of 1 + g, Rg/2. Figure 5.13
summarizes the performance of three stages with and without degeneration, assuming a

Voo Voo
Rp
M1 Vout M1 Vout
VEHO_“_I VIV I C|_ I/iI‘IQ_I I CL
clﬂ Cin
Cin~ Cgs Cin~ Cgs  Cipm Cggf2
|Av|%ngD IAV[NQmRDIZ IAv!Ngmﬂnlz
1 2 2

BWrR —— ; BWR ——— BW A —————

. ZEHD CL 2TCRDCL 2TERDCL

@ ) (©)

Figare 5,13 Three stages with and without capacitive degeneration.

gm g of 2, equal bias currents, and negligible Miller effect.

In a cascade of differential pairs, it is possible to allow the zero resulting from capac-
itive degeneration to cancel the pole due to the gate-source capacitance of the transistors
themselves. That is, wy is made equal to 1/{RsCs):

RgCes + RsCs + RsCas/2 T RsCsg’ ’
- It follows that
2 ) C :
9155 s = RoCos + Rs 222, 639
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and hence

Cs 1 2Rq
Cags gmBs’ Rs

+1). (5.37)
Under this condition, wy and the drain-substrate capacitance limit the bandwidth.

5.2.3 Cherry-Hooper Amplifier

The Cherry-Hooper amplifier incorporates local feedback in the drain {(or collector) net-
work to improve the speed. To arrive at this topology, let us first consider the cascade of
common-source stages shown in Fig. 5.14(a), where C'x denotes the total capacitance seen

Voo Vop
= Fpy =Ap;

AR

= Rpy = Apy
© Vout X | Mgy 9 °© Vou

Vmo—lE% %cx I_“:.LMZ Vin°_|I:E‘LM1 Emz

AL

@) _ ()
VDD
Ig
HF Y
Vout
X
X1 12 Vino—{
I/ino_-“i-M-l - n M1

(© (d)

Figure 514 (a) Cascade of two CS stages, (b) use of source follower as buffer, (c) two stages with
feedback, (d) circuit of (¢) with node capacitances.

from node X to ground. The voltage gain and bandwidth of the first stage directly trade
with each other: |A,| = gmi1Rp1 and wp x = (Rp1Cx)~!. Since Mo must be wide
enough to allow a reasonable gain in the second stage, Cg2 and the Miller effect of Cgp2
may severely limit the bandwidth at node X .

It is possible to interpose a source follower between the two stages, as shown in Fig.
3.14(b), thereby isolating node X from the input capacitance of the second CS stage. How-
ever, the follower consumes substantial voltage headroom, limiting the allowable bias volt-
age across Kp; and hence the voltage gain. The follower may also attenuate the signal by
as much as a factor of two if body effect and channel-length modulation are significant.

Now consider the topology depicted in Fig. 5.14(c). Here, B establishes feedback
around M> by sensing the output voltage and returning a proportional current to X. Note
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that the circuit contains two paths to the output: one through M, and another through
Rp. It is desirable to make the signal flowing through Rr negligible because it opposes
that generated by Ma. Let us first calculate the low-frequency voltage gain of the circuit,
assuming Ig is ideal and channel-length modulation is negligible. Given by gim1Vix, the
small-signal drain current of 3/ flows through R, creating a voltage drop across it equal
0 g1 Vin B p. Thus,

Vous — gmlmnRF =Vx. (5.38)

The small-signal current produced by Ms (= gmgVx) must flow through Rp:

Gm2 (Vout - gmlmnRF) = —glem- (5.39)
Tt follows that
Vou m '
Tf—i = gmip - mt (5.40)
% Gm2

If Ry » g?;;, then the gain is equal to that of a simple CS stage having a load resistance
of R F.

The key advantage of the circuit of Fig. 5.14(c) over those in Figs. 5.14(a) and (b)
lies in the small-signal resistance seen at nodes X and Y. The reader can prove that this
resistance is equal to g;é for both nodes, a value typically much less than Er. Thus,
if the capacitances at these nodes are modeled as shown in Fig. 5.14(d), then the pole
frequencies are on the order of wp x & gm2/Cx and wpy & gma/Cy, much higher than
those of the circuits in Figs. 5.14(a) and (b). For example, if we assume Cx =~ Cggs,
then wy x & gma/Casz = 27 fro, where frz denotes the unity current gain frequency
(“transit” frequency) of M.

In summary, the circuit of Fig. 5.14(c) provides a voltage gain of approximately g, Fg

but with low resistance levels at nodes X and V', yielding only high-frequency poles. Called

the Cherry-Hooper amplifier [2], this topology has been extensively used in broadband
applications.*

While intuitively appealing, the approximations wpy x = gma/Cx andwp,y & gma/Cy
are inaccurate. This is because, at high frequencies, C'y shunts the output node, thereby
lowering the loop gain and increasing the impedance seen at the gate of M. Similarly, Cx
shunts node X, yielding a higher output impedance. We must therefore analyze the circuit
more carefully. Using the equivalent circuit shown in Fig. 5.15, where Fi, = gimi1 Vin, we
note that the parallel combination of Ry and Cqps carries a current equal to I, +Vx Cx s,
sustaining a voltage drop of (I, + Vx Cx 8)Rp /(BpCgpes +1). Adding this drop to Vi
and equating the result to V,,z, we have

Ep

(Im + Vx st)m + Vyx = Vous- (5.41)

4In the original Cherry-Hooper amplifier, the load of the second stage is realized as a resistor rather than a

.. current source.
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A

Y
VYY © Vout
Cap2 Cy
X1 P I

lin_? ch:

Figure 5.15 Equivalent circuit of Cherry-Hooper amplifier.

Also, summing the currents at the output node yields

~VoutCy s — gmaVx = Iin + VxCxs, (5.42)
and hence
Substituting for Vx in (5.41), we obtain
Vout R3CxCapas® + (gm2RrCap2 + Cx — Cap2)Rrs + gmaRp ~ 1
I Rr(CxCy + Cap2Cy + CapaCx)s? + (Cy + gm2RrCapz + Cx )5 + gma
(5.44)

This equation does not offer much insight but, as a special case, suppose the two poles are
equal. The reader can then prove that ' :

2gm2

' . 5.45
Cx + Cy + gm2RrCqpa (54)

Lpt = Wp2 =

If the third term in the denominator is negligible, the pole frequency is given by g2 and
the gverage value of Cx and Cy. Thus, wp; and wpy are still much higher than those
without feedback, e.g., (RpCx) ! or (RpCy) .

Used in limiters, the differential version of the Cherry-Hooper amplifier assames the
configurations shown in Fig. 5.16(a).® Since PMOS or pnp current sources typically con-
tribute substantial capacitance to the output nodes, f; and I are often replaced by resistors
[Fig. 5.16(b)].

While ailowing high speeds, the Cherry-Hooper amplifier faces difficulties at low sup-
ply voltages. In Fig. 5.16(b), for example, {54, must flow through the feedback resistors
and Isg; -+ Iggs through the load resistors. The minimum supply voltage is therefore equal

1o

Igsi +1 I ‘
(Issi . SSZ)RD + 5'25'1 Br + Vossa + Visss, (5.46)

Vobp,min =

5This circuit requires common-mode feedback.
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Figure 5.16 Differential Cherry-Hooper amplifier with (a) current-source loads and (b) resistive
loads.

where V759, denotes the minimum voltage required across Isss.% This constraint limits
the-voltage gain of the circuit.

To alleviate the gain-headroom trade-off, the circuit can be medified as shown in Fig.
5.17, where resistors or current sources provide part or all of the bias current of the input

VDD
Ry= RAp= =Rp =Ry
R : R
I oVt © MW

(a) : &)

Figure 5.17 Modified Cherry-Hooper amplifier with (a) resistive loads and (b) current-source loads.

ditferential pair. In Fig. 5.17(a), Kz must be much greater than the input resistance of the
second stage (= g;é if B p is large) to avoid degrading the gain. In Fig. 5.17(b), the current

SWe assume Vipga 4 > Vasi,e — Vrme.
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sources connected to the drains of M -M4 may introduce substantial capacitance at these
nodes.” This is because, with their low mobility, PMOS devices require a large width to
carry the required currents while consuming a reasonable voltage headroom.

Figure 5.18 shows a variant of the Cherry-Hooper amplifier. Here, emitter followers are

Vec
Rp= =hRp
a; 1 t+—a
Vour1 o—¢ +— Vourz
Rp= =R

Figﬁre 5.18 Cherry-Hooper amplifier with emitter followers in feedback loop.

inserted in the feedback path so as to drive the load capacitance. In addition to isolating the
collectors of ()3 and (}4 from the load capacitance, the other advantage of this circuit is that
feedback lowers the output impedance of the followers. However, the voltage headroom
consumed by the followers prohibits the use of this configuration at low supply voltages.

It is also worth noting that the benefits of feedback in a Cherry-Hooper amplifier begin
to diminish as the signal amplitude increases and the differential pair experiences large-
signal operation. This means that the technique proves more useful in the first few stages
of a limiting amplifier than in the last few.

5.2.4 fr Doublers

The input capacitance of differential pairs in a cascade of stages is the principal limiting
factor in achieving a broad bandwidth. As explained in Section 5.3, this issue becomes
even more serious in output buffers that must deliver large currents to off-chip loads.

A method of reducing the input capacitance of differential pairs while maintaining the
same gain is realized by “ fr doublers.” Consider the circuit shown in Fig. 5.19(a), where
the device dimensions and bias currents are chosen according to gain and voltage headroom
requirements. We wish to modify the circuit such that the input capacitance decreases while
the voltage gain remains unchanged. The small-signal behavior of the circuit is expressed
as

Vaut = gm (le - V%nE)RD) (547)

"The circuit requires common-mode feedback.
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Figure 5.19 (a) Simple differential stage, (b} fr doubler, (c) input capacitance of f7 doubler.

where g, denotes the transconductance of each transistor. Now suppose two such differ-
entiaf pairs are configured as shown in Fig. 5.19(b), where the input ports are placed in
series while the output ports are connected in parallel. (The load resisters are still equal
to Rp.) The bias voltage V} is chosen equal to the common-mode level of Vi, and Vs,
allowing the differential pairs to operate with zero systematic offset. Using superposition
to calculate Vi, in terms of Vi, and Ve, we have

Vout = 9m (Vi1 — Vin2)Rp. (5.48)

The circuit thus provides the same voltage gain but with a lower input capacitance. In fact,
if the parasitic capacitance at nodes A and B is negligible, then the input capacitance seen
by Vi1 or Vige is roughly equal to Crg/2 [Fig. 5.19(c)]. Since this circuit halves the

. input capacitance while maintaining the same overall transconductance, it is called an fr
doubler.

" The fr doubler of Fig. 5.19(b) suffers from several drawbacks. First, the power dissi-
pation is doubled.® Second, the total current flowing through the load resistors is doubled,
possibly driving the transistors into the triode region. Third, the total capacitance con-
tributed by the transistors to the ousput nodes is doubled, lowering the output pole. Fourth,
if the source-bulk junction capacitance of the transistors and the capacitance introduced

81n bipolar implementations, it is easier to ensure that the two differential pairs experience full switching. The
total bias current of such an f doubler need not be higher than that of a single differential pair.
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by the tail current sources is not negligible, the input capacitance is higher than Cgg/2.
Despite these issues, fr doublers still prove useful in broadband output buffers (Section
5.3). :

5.3 Output Buffers

Various subsystems of an optical fiber transceiver must drive off-chip loads at high speeds,
For example, the SERDES output must travel on a printed-circuit beard (PCB) to reach
the laser driver (Fig. 5.20). To minimize reflections (which introduce ISI in random data),

: Laser }
SERDES —4 > Driver
500 ' 50Q

Figure 5.20 Connection of a SERDES and a laser driver through a transmission line.

the characteristic impedance of the trace carrying the signal is matched to that of the laser
driver input (across the entire signal band). With typical impedance levels of 50 £, the
SERDES must provide a large output current so as to produce reasonable voltage swings.

An output buffer topology commonly used in today’s high-speed systems is the “open-
drain” or “open-collector” differential pair. Illustrated in Fig. 5.21, the circuit produces a
differential current that flows through differential transmission lines and is absorbed by
two termination resistors at the far end. For example, a step of Igg in fp1 and Ipy sees an
impedance of Zp = Ry at each of nodes 4 and B, immediately creating a voltage swing
of IggZy. The voltage steps then travel to the far end, reaching the termination resistors
after some delay AT If Zy = Ry, then voltage and current equations are satisfied at the
far end, producing no reflection (Chapter 2).

It is important to note that the differential pair exhibits a Aigh output impedance, fail-
ing to provide impedance matching at the near-end interface. Nonetheless, if the input
impedance seen at the far end is matched to that of the lines, the signal experiences no
reflection and driving the line by open-drain transistors does not pose serious issues. We
now study various aspects of this topology.

5.3.1 Difierential Signaling

While requiring two pads and two package pins for every signal, differentiaf transm1ss10n
and reception offers many important benefits.

Noise Coupling The large transients generated by a differential circuit and coupled to
sensitive nodes cancel each other to the first order. For example, the waveforms V4 and Vg
in Fig. 5.21 may switch at very high speeds with a single-ended amplitude of 0.5 V, thereby
coupling electrically and magnetically through bond wires to other signals. With differen-
tial operation and reasonable physical symmetry, the noise produced by “aggressors” is
minimized.
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Figure 5.21 Open-drain output buffer.

The second advantage of differential operation stems from the noise coupling expe-
rienced by “victims.” If processed and distributed differentially, sensitive signals receive
the noise generated by aggressors as a common-mode disturbance, rejecting it by virtue of
symmetry. The two properties are illustrated in Fig, 5.22,

Aggressors Victims

AL L

TN s 7

% ¥

Small Ney Small Differential
Noise Corruption

Figure 5,22 Noise generation and pickup by differential circuits.

In reality, mismatches between devices and connections do limit the above benefits.
Nevertheless, with mismatches of, say, 1%, the differential noise produced by an aggressor
is suppressed by 40 dB and that sensed by & victim is rejected by the same amount. In
other words, £0.5-V differential swings of an aggressor are reduced to £0.05 mV when
- they appear on a victim signal.
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Supply Noise Another important property of differential signaling relates to the tran-
sient currents drawn from the supply voltage, In Fig. 5.21, for example, the total current
flowing through the termination resistors is approximately equal to Fgg at any point in
time. Thus, even if Vpp sutfers from a finite output impedance due to bond wire and pack-
age inductance, it experiences negligible transient changes. By contrast, if the signal were
single-ended, e.g., if, as depicted in Fig. 5.23, only the drain current of A, or M, were

VDDZ

R

ZD= RL

?’ss

Figure 523 Open-drain buffer with single-ended output.

to drive the transmission line, each data pulse would create a large current change in both
Vo1 and Vp pa, requiring extremely small parasitic inductance.

It is worth noting that even the differential topology of Fig. 5.21 introduces some tran-
sient currents in the supply. Illustrated in Fig. 5.24, this effect occurs as a result of the finite

Figure 5.24 Supply current transients in a differential stage.

capacitance, C'gg, seen at the common-soutce node to ground. During switching, Ad; and
M, draw a current equal to I'ss plus the displacement current required to charge C'ss. As
a result, the total current drawn from the supply is equal to Igs + CsgdVp /dt. This issue
is alleviated through the use of on-chip bypass capacitors between Vpp and ground.

Package Parasitics Differential operation also relaxes package parasitic requirements
for signal lines. Consider the arrangement shown in Fig. 5.23, where two transmission
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Packaged Circuit
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Figure 5.25 Effect of package parasitics.

lines carry differential signals to a packaged circuit. The package and bond wire parasitics
are represented by Ly and L, and various capacitances are lumped into C;,,. The mutual
coupling between the inductors, A, yields the following voltage drops across each:

Vin =I5 Lis— I, Ms (5.49)
Vie = —1, Las+ I} Ms. (5.50)

With Ly = Ls = Lp and I;; = I, we have

1727

Vi = I} (Lp~ M)s (5.51)
Vio = Iz';(_LP + M)s. (5.52)

The key observation here is that mutual coupling reduces the transient drop across each in-
ductor, thus lowering the effective inductance that appears in each signal line. With carefut
design of the chip pad frame and the package, M may approach 0.5Lp to 0.75L p, yielding
a small equivalent inductance in (5.51) and (5.52). For single-ended signals, on the other
hand, this property cannot be exploited.

Stability In the presence of package parasitics, a single-ended multistage amplifier may
- ‘become unstable. Figure 5.26 illustrates {two examples of this effect. In Fig. 5.26(a), the
parasitic inductance in series with Vpp provides a finite impedance at node X, thereby
allowing the transient current in the last stage to develop a voltage at this node. This voltage
then feeds back to node P through Rp,, possibly driving the last two common-source
stages into oscillation. In Fig. 5.26(b), the ground inductance creates a positive-feedback
path from M5 to M1, potentially leading to instability.

We should recognize that, even with a small Lp, the circuits of Fig. 5.26 may oscillate

because the transistors exhibit a high cut-off frequency, allowing a high-frequency noise
component to experience sufficient gain around the loop. By contrast, the differential coun-
terparts, shown in Fig. 5.27, are much more stable. In Fig. 5.27(a), the last stage draws a
small transient current from the supply and, more importantly, the feedback through the

~ supply line appears as a common-mode disturbance at nodes P and Q. In Fig. 5.27(b), the
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Figure 5.26 Examples of instability due to parasitic inductance.
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Figure 5.27 Feedback paths in cascaded differential stages.

ground inductance does not affect the primary feedback path, i.c., the path consisting of
the overlap capacitances C; and Cy. Capacitor C), suppresses this feedback.®

5.3.2 Double Termination

In the arrangement of Fig. 5.21, the buffer exhibits a relatively high output impedance, a
benign effect if the far end is perfectly matched. Indeed, this method is used for frequencies
as high as a few gigahertz. However, the package parasitics and the input capacitance of
the circuit at the far end (e.g., as depicted in Fig. 5.25) inevitably introduce impedance
mismatches. At higher speeds, such mismatches create significant reflections that travel
back to the buffer, see a heavy impedance mismatch at the near end, are reflected again,
and reach the far end with some delay with respect to the original signal. As a result, the

9With the parasitic capacitances that appear from the common-sotrce node of each differential pair to ground,
the circuit may experience common-mode oscillation. Careful simulations are therefore necessary to ensure this
does not happen.
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reception at the far end may experience substantial ISL.
To better understand the above phencmenon, let us consider the simple case illustrated
in Fig. 5.28, where only the input capacitanice of the far-end circuit is taken into account

Zy=R : Ig

V.
é;‘) | VOUt "in '
Tin A C; '
in N P4
I T I , i T0%o
= - - 1 ’
Iy Zy

Vom _/_—V
0— * !

Vieri 0 ——l/

Viet2 l -

0 AT 2AT  3AT

Figure 5.28 Reflectionsina T line.

and the load resistance matches the line characteristic impedance. Assuming [;;, steps from
"~ 0to Iy att = 0, we note that the current initially sees an impedance equal to Zy, forcing V1
to jump to £y Zy. The resulting voltage and current pulses travel along the line, reaching the
far end after a delay, AT The current pulse flows throngh the load impedance, generating
a voltage waveform given by

(t — AT)

Vout = IoRy[1 — exp — Jul(t — AT), (5.53)

where 7 = Ry Ciy = ZoChp and u(t) denotes the unit step. Since this voltage waveform
differs from the voltage pulse launched by f,,,, a voltage equal to the difference between
the two must be reflected from the far end: :

' —{t - AT
V;'efl (t) = IoZU[l — exp g

~(t— AT)
~-ah,

Jult — AT) — Iy Zou(t — AT)  (5.54)

= —IyZyexp (t — AT). (5.55)

The reflected component reaches the near end at-t = 2AT, sees a high impedance, and is
reflected in its entirety:

Veep2(t) = —InZo exp:wu(t — 2AT). (5.56)

T
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This component travels to the far end, changing V. by approximately the same value:

—(t — AT) —(t — 3AT)

Vout(t) = IoRr |1 —exp ult— AT)— Iy Zpexp u(t —3AT).

(5.57)
The impedance mismatch at the far end leads to more reflections but the effect is typically
negligible. The second term in this equation exhibits an amplitude proportional to Iy and
a delay proportional to the line length, potentially corrupting subsequent bits in a random
sequence. '

The foregoing analysis reveals that the high output impedance of the buffer may intro-
duce significant ISI in the presence of mismatches at the far end. For this reason, buffers
operating at speeds higher than a few gigahertz incorporate “double termination.” IHus-
trated in Fig. 5.29, the idea is to add on-chip resistors 3 = Ry = Zg so that the output

Voo Voo
A E =R, Zy=R, RL= =R
] )
e ) ) T ———— ¥
Zy=A,

vt Ml
’ ? Iss

Figure 5.29 Doubly-terminated output buffer.

impedance of the buffer approaches the characteristic impedance of the transmission line,
thereby minimizing reflections from the near end.

The principal difficulty with double termination is the inevitable doubling of the power
dissipation. To deliver a given voltage swing to the far end, the buffer tail current must be
twice that of the high-impedance topology of Fig. 5.21. For example, with Zy = 50 €2, a
tail current of 20 mA is required to generate a differential swing of 1 Vp, at nodes A and
B.

The actual value of the on-chip termination resistors in Fig. 5.29 is sometimes chosen to
be higher than the line impedance so as to accommodate package parasitics [3]. Consider,
for example, the simple package model shown in Fig. 5.30(a), where R,,; must match Zg
to minimize reflections from the nearend. Let us first analyze the section consisting of Ha,
O, and Ly [Fig. 5.30(b)]. For a narrow frequency band, the parallel combination of £
and € can be modeled by a series network [Fig. 5.30(c)]:

Ry . _ RsCss+1

= 5.58
RiCis+1 Cyqs ( )

For s = jw, wehave B1C1 = (RsCsw?) tand B Cy +RsCs—R1Cs =0.1f By > Rs
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Package
Parasitics

R = | : Z, Ly
; ; )] ) ﬁ
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Cs% ZT Rs I Cz Rout
RS - =
© ¥

Figure 5.30 Effect of package parasitics on output impedance.

(i.e., the capacitor has a high @), then Cs &~ C; and

1
) %
= —g—;, (5.60)

where () = It;Chw. If Ly and C; resonate, the circuit of Fig. 5.30(c) reduces to a single
resistance equal to Rg that is much smaller than B, if @ exceeds 3. That is, the network
consisting of £; and C) transforms R to a lower value. Consequently, in the vicinity of
the resonance frequency of L; and €4, the overall circuit of Fig. 5.30(a} can be simplified
as shown in Fig. 5.30(d), revealing that the output impedance is equivalent to the parallel
combination of Bg and (' in a narrow band.

While assuming a narrow range around the resonance frequency of Ly and C1, the above
analysis still yields the important conclusion that the output impedance may be lowered by
package parasitics, mandating a value for R, greater than Zy. Accurate package modeling
and careful simulations can determine the value of R, that yields minimum ISI. A value of
75 §2 to 100 2 typically satisfies this condition, saving substantial power as well.

5.3.3 Predriver Design

In order to steer the large tail current to the two outputs, differential buffers must employ
wide transistors, thus exhibiting a high input capacitance. A “predriver” stage is therefore
necessary to drive the output stage with large, fast transitions. Various trade-offs require
that the two stages be designed .as a single circuit. As an example, consider the cascade
shown in Fig. 5.31. Suppose I is large enough to generate the required output voltage
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Figure 531 Cascade of a differential pair and output buffer.

swings, and M7 and M5 are wide enough (o steer 90% of Iz to one side if they sense a
differential swing of 1 V,,; at nodes X and Y. This means that [y ) must be equal to 0.5
V if M3 and M, experience complete switching. What happens if the width of the output
transistors W , is doubled? Then;, the differential swing at X and Y required to steer 90%
of I, decreases (but not by as much as a factor of 2), allowing the use of a smaller value for
R . Unfortunately, since ; cannot be halved, the time constant at X and Y still increases.
Conversely, if the width of M and M5 is halved, B; must increase (but by a factor of less’
than 2), decreasing the time constant at X and Y.

The above observation implies that reducing the width of the output transistors and
increasing the value of R; can maintain a constant output swing while enhancing the
predriver speed. However, as W, 5 decreases and R; increases, the minimum voltage at
node P falls, eventvally driving 5 into the triode region. In addition, M3 and M, alse
enter the triode region if Vx and Vy swing below the input common-mede level by more
than one threshold voltage. These issues become increasingly more difficult as the supply
voltage scales down. - :

The trade-off between speed and voltage headroom can be alleviated by inductive peak-
ing.- As shown in Fig. 5.32, inductors placed in series with the predriver load resistors
resonate with the total capacitance at nodes X and V', increasing the bandwidth and hence

Vpp
Ly Ly
R =R,

Figure 5,32 Inductive peaking in a predriver.
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allowing the use of wide output transistors. Of course, as the width of M and M> in-
creases, their drain junction and overlap capacitance eventually limits the bandwidth at the
output nodes, necessitating inductive peaking at the output as well. '

* To achieve even higher speeds, the output stage can be configured as an fr doubler,
Depicted in Fig. 5.33, the overall buffer may also incorporate inductive peaking in the

?"ss

Figure 5.33 Inductive peaking prior to an f doubler.

predriver.
Figure 5.34(a) shows another example employing high-speed techniques to deliver a

100m
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Figure 5.34 (a) High-speed output buffer, (b) simulated output eye diagram.

_ differential voltage swing of approximately 340 mV to 75-£ on-chip termination resistors
and 50- off-chip loads. The output stage also uses inductive peaking to achieve faster
_transitions [3]. The simulated eye diagram for a data rate of 40 Gb/s in 0.13-m technology

- is shown in Fig. 5.34(b). '
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5.4 Distributed Amplification

Our study of broadband amplification thus far indicates fundamental gain-bandwidth trade-
offs, especially if the circuit must employ large transistors to deliver high currents to ter-
mination resistors. A method of overcoming such trade-offs is based on “distributed am-
plification,” originally introduced by Ginzton in 1948 [4]. DAs are particularly suited to
driving low-impedance loads but they also present a relatively low impedance to the pre-
ceding stage. Before describing the principle of distributed amplification, we briefly review
monolithic transmission lines.

5.4.1 Monolithic Transmission Lines

The integration of T lines in monolithic technologies is a relatively new development,
dating back only a few decades. The performance and utility of T lines depend on three
parameters: inductance, capacitance, and loss, with the latter two trading with each other
heavily in monclithic implementations. For this reason, only IC technologies that pro-
vide low-resistance and/or low-capacitance interconnects can accommodate high-quality
T lines.

To identify T lines that lend themselves to fabrication in VLSI technologies, we first
review the back end of a typical CMOS process. As depicted in Fig. 5.35 for a 0.13-
pm generation, the process provides a silicided polysilicon layer and eight metal layers.

7um

RS Poly

Substrate

Figure 5.35 Back end of a typical CMOS process.

Due to its high resistivity (about 5 to 10 {2/0), the polysilicon layer is ill-suited to T line
fabrication. Each of the first seven metal layers has a thickness of about 0.3 pgm and a
sheet resistance, 2,5, of 70 m{2/0. The top layer typically has a thickness of 0.8 ym and
Ry, = 25 mf3/G. The metals are separated by two types of dielectrics: a 0.7-ym layer
with €, ~ 3.5 and a 0.1-um layer with e, & 7.

The above back end example suggests three T line structures as candidates for mono-
lithic integration. Illustrated in Fig. 5.36(a), the first is the microstrip topology, where a
signal strip lies on top of a ground plane. As explained later, it is desirable to minimize
the capacitance per unit length of the line, Cy, hence the use of M8 and M1 for signal
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(a} (b) (@

Figore 5.36 Monolithic T line geometries: (a} microstrip, (b) coplanar line, and (c) stripline.

and ground, respectively. Shown in Fig. 5.36(b), the second structure, a coplanar T line,
employs widely-spaced signal and ground strips in M8 so as to reduce Cp. However, the
signal line still exhibits substantial capacitance to the substrate.

Depicted in Fig. 5.36(c), the third structure is the stripline configuration, where the
signal line is realized in an intermediate metal layer and it is shielded by ground planes in
M1 and M8. Stacked vias provide vertical walls, connecting the two ground planes while
confining the fields within the shield.

In circuit design, several properties of T lines become critical: characteristic impedance,
loss, wave velocity, and field confinement.

Characteristic Impedance For a lossless T line, the characteristic impedance, Zp, is
given by Zg = +/Lp/Clo, where Ly and Cp denote the inductance and capaciiance per unit
length, respectively. Most circuit applications of T lines require that Cy be minimized so
as to accommodate larger transistor capacitances while still achieving a high value for 7.
From this viewpoint, the microstrip and coplanar structures of Fig. 5.36 are advantageous
over the stripline, For most T lines, the exact value of Z; must be obtained through the use
of electromagnetic field simulators, but to develop intuition, closed-form expressions prove
useful. In particular, for the microstrip geometry shown in Fig. 5.37, the characteristic
impedance is given by [5]:

EA s T
o
o = ]
x
/’F

7 ‘;“‘/ /‘/ L
i
e

. Figure 5.37 Example of microstrip dimensions.
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3R 1

gy= 2L , (5.61)
0 ASEp We 14 1.7356;0.0724(%)—0.836 ) '
where
: t 2
We=W+ ;(1 +1in Th) (5.62)

In the back-end example of Fig. 5.35, h = 7T pum, ¢t = 0.8 pm,and ¢, = 4. If W =3
pm, then W, = 3.98 pm and Zg = 94.3 Q. For W = 4 um, Z, falls to 5.9 Q.

Loss The loss of microstrips arises from three sources: low-frequency resistance of in-
terconnects, skin effect in interconnects, and dielectric loss.1® The loss due to skin effect
in the microstrip of Fig. 5.37 is expressed as [6]:

4.34 R, wh\? h B 2k 1+1i/h
in=—=— 1= — ] I —t— |In{—+1] - —F
Cskin = —- th[ (4h) Yyt o n(t L) T TEen
for 2 > W/h > 1/(2x). In this equation,
2h
W’=W+£ln(1+—), ' (5.64)
T t
R, denotes the sheet resistance due to skin effect:
Ry = /@ fpop, (5.65)
and gy, is expressed in dB/cm. For aluminum interconnects and W = 3 um,
Qphin = 2.156 x 1075/ dB/cm. (5.66)
For example, at f = 40 GHz, azp4n, = 0.431 dB/mm.
It is instructive to compare the skin loss of a microstrip at f == 40 GHz with that due
to its low-frequency resistance. This is accomplished by obtaining an equivalent resistance

per unit length, Rk, due to skin effect. Recall from Chapter 2 that the voltage wave at
point z along a line is expressed as

V(z) = Voe~*e 902 (5.67)

where e denotes the loss and 8 = 27/ A. The value of cgps, given by (5.63) is related to o
as

Aapin = —20 log(e_“”")- (5.68)

10¥f the skin depth in the ground plane is greater than the metal thickness, the substrate may introduce addi-
tional Joss.
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Thus, o = 0.0496 mm~!. For a T line with negligible dielectric loss,

Rskin
o R

57, " (5.69)

which, for Zy = 94.3 {}, yields Bz = 9.35 Q/mm. On the other hand, the low-frequency
resistance of the metal 8 wire is given by (25 m/0) x (1000 pm/3 pm) & 8.33 /mm.
The apparent resistance of the line therefore increases by about 12% as the frequency goes
from zero to 40 GHz.

-In coplanar lines, the loss through the substrate may also become significant [7]. Re-
sulting from the electric field lines that terminate on the substrate (Fig. 5.38), this loss is
much more significant in silicon technologies than in I[I-V processes.

L1 M8

Figure 5.38 Substrate loss in a coplanar line.

The trade-off between the characteristic impedance and the loss limits the performance
of circuits using T lines. The resistivity of interconnects in standard silicon processes fur-
ther exacerbates this issue.

Wave Velocity The propagation velocity, », in T lines determines the end-to-end delay -

that a signal experiences, playing a critical role in distributed oscillators. For a lossless line,

1

- . (5.70)
VLoCo
An empirical expression for v in microstrips appears as [3]:
8
v= 3X1OW if%<0.6
¢1 + 0-6(6;- - 1)(75)0.0297
8
- 3% 10 if % > 0.6,

\/ 1+ 0.63(e, — 1)(%)‘“255

where W, is given by (5.62). For the above example with W = 3 pm, v = 1.803 x 108

- m/s, and hence Lo = 523 pH/mm and Cy = 58.8 fF/mm.
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Field Confinement The leakage of fields from a T line to its environment can increase
the loss whereas the leakage in the opposite direction can lead to noise coupling. In the
coplanar geometry of Fig. 5.38, for example, noise in the substrate couples through the
capacitances to the signal line. In this respect, the microstrip and particularly the stripline
exhibit a higher performance. It therefore appears that the microstrip provides a reasonable
compromise among Zg, 10ss, and field confinement.

5.4.2 Distributed Amplifiers

As described earlier, lossless uniform transmission lines exhibit two important properties:
(1) infinite bandwidth and (2) a constant delay and hence a finear phase response. Even
though practical T lines suffer from some loss, we can still exploit these properties to
construct broadband amplifiers.

Ideal Amplifier As the first step toward understanding distributed amplification, con--
sider a simple common-source stage that is driven by a finite source impedance, Rg (Fig.
5.39). Invoking the Miller effect for U p, we can approximate the input and output poles

Figure 5.3% Simple common-source stage.

as
|win| ! (5.71)
1™ RslCas + (1 + gm1Rp)Cap) o
1
ou g 3 5.72
{Wout| e (5.72)

where C, includes the drain junction and the gate-drain overlap capacitance of M; and the
Joad capacitance (resulting from the subsequent stage). If the width of M is increased to
achieve greater voltage gain, both wy, and w,,; decrease in magnitude. Thus, the circuit
suffers from gain-bandwidth trade-offs.

Let us now decompose the large transistor into smaller equal units and uniformly dis-
tribute them along a transmission line. [Hustrated in Fig. 5.40(a), such an arrangement
employs mwo T lines, one for the input and another for the output. The capacitances in-
troduced by each transistor decrease both the line characteristic impedance and the wave
velocity. We denote the loaded values by Zpr, and vpp, respectively, assuming for now
that the loaded input and output lines exhibit roughly equal parameters. For proper oper-
ation, both lines must be terminated as shown in Fig. 5.40(b). (The bias network for the
transistors is not shown.}
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Input T Line

(2)
Figure 5,40 (a) Basic distributed amptifier, (b) addition of termination resistors.

We first analyze the circuit of Fig. 5.40(b) qualitatively. Suppose V;,, jumps from O to 14
at£ == (). The resulting step begins to travel to the right, reaching the gates of the transistors
after some delay. Upon sensing the step, each transistor draws a current equal to g, Vp from
the output line. This current sees an instantaneous impedance of Zy;, to the left and to the
right and hence splits equally, thereby creating two voltage steps of height {g,, Vo) (Zor /2);
one traveling toward Ry and the other toward Ky, If the wave velocities of the input and
output lines are equal, then each transistor senses the input step at exactly the same time as
the output step produced by the preceding transistor(s) arrives at its drain. Since the waves
reaching the ends of both lines are absorbed by Res, Ry, and R, no reflections corrupt
the signal.

The key observation here is that, in a distributed amplifier, the transistor capacitances

. do not translate to a time constant. Rather, they simply lower the characteristic impedance
- of the input and cutput T lines. In other words, with lossless lines, the DA of Fig. 5.40(b)
can in principle provide infinite gain with infinite bandwidth! Each common-source stage
along with an additional length of T lines increases the gain by g, Zor/2.11 (The DA
therefore trades delay for gain.)

Let us now quantify the behavior of a DA using lossless T lines. Suppose the ampli-
fier incorporates n common-source stages uniformly distributed over a length I. Neglect-
ing-Miller effect, we express the loaded capacitance per unit length of the input line as
Co + nCgg/l. We also assume that the output line is loaded such that it exhibits the same
characteristics as the input line. Thus,

Zop, = (5.73)

1n contrast to cascaded stages, here the gains of the CS stages are added rather than multiplied.
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The total voltage gain is equal to

A, = -2tk (5.74)

(5.75) -

For simplicity, we assume a constant overdrive voltage, Viog — Virg, for the MOSFETS,
writing

W
gm = I-"nCOX"E“(VGS — Vru) (5.76)
2Ip
=g 5.77
Vos — Vra 577

This means both W/ L and Ip must be scaled proportionally to scale gm. 12 Bquation (5.75)
is then rewritten as

Ly
nCas’
l

- |
Ay = SpnCox 1 (Vas = Vra) (5.78)

Co+

In the ideal case, the capacitance of the line itself, Cy, is negligible with respect to nCag /i
We also assume Cg = (2/3)Cox - WL. Thus,

3 C L
Ay~ T2 (VGS ~Vra) | e (5.79)
I
3 tin nC
LB (Vs — Vi) |88 Ly - 12 (5.80)
412
3 tin l
~ 2B (Vs — Vi) = 81
a7z Ves ~Vra)z. (5.81)

The voltage gain is therefore proportional to the end-to-end delay, {/v.
Another form of Eq. (5.81) can be derived as follows. For MOSFETs, the transconduc-
tance and the gate-source capacitance yield the transit frequency as:

o fr = T (5.82)

m
Cas’

12For any active device, scaling the device width and bias current by k scales the transconductance by the
same factor.
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if the gate-drain overlap capacitance is neglected. Consequently, (5.753) reduces to

n Ly
Ay = 5 25 frCgs ; (5.83)
2 Co+ ?T'C;GS
which, with Cp € nCgs/l, gives
I
Ay ‘II'fT;. (5.84)

For example, the voltage gain approaches a value of 7 for a delay equalto 1/ f7.

The derivations leading to Eq. (5.81) have assumed that » can be arbitrarily large: the
longer the line is, the more gain stages are required. In practice, however, the supply voltage
limits n or the bias current of each stage.

If a distributed amplifier is driven by an on-chip circuit, e.g., a predriver, then its input
impedance loads the preceding stage, possibly degrading the overall gain of the cascade.
Modeling the cascade as shown in Fig. 5.41, we note that the output voltage of the DA
is equal to [y Zyr Ay, i.e., it is the product of Zyr, and A, that determines the gain of the

Ay
G, m
117 1 Distributed v
|——-> Amplifier out
ZoL

" Figure 5.41 Cascade of a predriver and a distributed amplifier.

overall circuit. From this perspective, we have

I
AyZpr &= mfr ;ZOL (5-85)
= 1w frlLy. (5.86)

Interestingly, for a given fr, the product is independent of the transistor gate-source ca-

" pacitance, suggesting that Ly must be maximized.

" Nonidealities 1In reality, DAs provide neither infinite gain nor infinite bandwidth. The
reasons are as follows. (1} The supply voltage limits the nomber of common-source stages
and hence the maximum achievable gain. (2) As depicted in Fig. 5.42, the resistive loss in

" the input line gradually attenuates the signal applied to the gates of the transistors, leaving

little amplitude for the stages near the far end and making themn useless. (3) Resistive losses
* in the output line also limit the bandwidth. (4) The output resistance of the transistors

o appears as the ¢ conductance in Fig. 2.35, thus raising the loss in the output T liné. (5)

- The Miller multiplication of each transistor’s gate-drain overlap capacitance becomes more
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Fignre 542 Lossina distributed amplifier.

significant as the wave travels toward the far end. We now study some of these issues in
more detail. .

The loss of T lines limits the performance of distributed amplifiers. Intuitively, we note
that, even though every section increases the gain monotonically, the input line -attenua-
tion vields smaller signal levels at the end of each section. Thus, beyond a certain point,
adding sections yields negligible increase in the gain while consuming power and voltage
headroom.

Let us now determine how the number of sections must be chosen in the presence of -
loss in the input line. Consider the circuit of Fig. 5.43, where each section incorporates a

Figure 5.43 Example of DA for loss calculations.

transistor with transconductance gm and a line of length [,,. Recall from Chapter 2 that a
wave propagating on a lossy line can be expressed as

V(z) = Vye *%e P2, (5.87)

Since the input signal amplitude drops by a factor of exp(—&i,,) after & sections, we ex-
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press the total gain resulting from n sections as'?

n-1 A
Ay =Y et Im0L (5.88)
k=0

1— emonk gmZoL
l—eak 2 7

(5.89)

In a well-designed DA, it is reasonable to assume anl,, < 0.5, allowing the approximation
expe &2 1 + ¢ + €2 /2 for both the numerator and the denominator of the first fraction in
(5.89):

1 andy,
V.2 gmiop '
A”Nnml_a_lu 7 (5.90)
2

As expected, if @ — 0, then A, approaches ng,, Zpz /2. Since al, < 1, we assume
1/{1 — €) = 1 + € and rewrite {5.90) as

n—1 ngOL
)

5 (53.91)

Ap mn(l - aly
where the second-order term is neglected.
Equation (5.91) reveals that as n increases, the term in the parentheses slows down the
growth of the gain. Of course, with the assumption anl,, < 0.5 made earlier, the factor
1 —aly(n — 1}/2 does not fall below 0.75. Now suppose we choose n such that this term
is equal to 0.8:

1- alu—; =0.8, (5.92)
obtaining the number of sections as:
4
= 9— + 1. (5.93)
el

* For example, if e, = 0.1, then n = 5 and n[1 — al,(n — 1)/2] = 4. With this value of

©o ody, ifn is raised to 6, then n[l — al,(n — 1)/2] = 4.5, a relatively small increase.

The output resistance of short-channel MOSFETs biased at high currents can increase

the loss of the ouzpuz T line in a distributed amplifier. Appearing from each drain node to
~ ground, such resistance can be included as the & conductance in Eq. (2.43):

1 RS m
a=-{—
2 %0 TO

-+ 13The loss in the output line is neglected here.

+ ™ Zon). | 59
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where it is assumed m transistors, each having an output resistance of ro, are used per
unit length of the T line. As an example, suppose Rg = 10 Q/mm and Zyp = 80 0. With
ro = oo, the attenuation factor o & 0.0625 mm~! and hence |20 loglexp({—0.0625)} =
{1.542 dB/mm. If a DA employs ten transistors per millimeter and if the transistor output
resistances must raise ¢ by no more than 20%, then

1
_(ﬁ + E ~Zo1) < 0.0625 mm ™ x 1.2 (5.95)

It follows that
ro > 32 k. (3.96)

With typ'ica] current levels used in DAs, it is difficult to achieve such a high output resis-
tance in deep-submicron technologies.

Fig. 5.44(a) illustrates the effect of Miller multlphcatlon the apparent voltage gain seen_
from the gate to drain of transistor number m is m times that seen by transistor number

@ ' (b)
Figure 5.44 (a) Miller effect in a DA, (b) reduction of Miller effect by cascoding.

1. From another point of view, the voltage on the input T line rises by Vy whereas that on

 the output T line falls by mg,, Zoz, /2, thereby opposing the change at node X. As a result,

the effective capacitance per unit length of the input T line increases from left to right,
lowering both the characteristic impedance and the wave velocity.

The effect of Miller multiplication can be reduced through the use of cascode stages
[Fig. 5.44(b)] [8]. In this case, however, the capacitance associated with the cascode junc-
tion (node F) cannot be absorbed by a transmission line, thus limiting the bandwidth. This
capacitance arises from the drain junction and gate-drain overlap of My, source junction
of M1, and the gate oxide of M. '

Cascaded DAs The issues described above can be alleviated by cascading two or more
distributed amplifiers. Hiustrated in Fig. 5.45, such a cascade allows the output current’
of the first DA to flow through the input T line of the next. Since each DA incorporates
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Figure 5.45 Cascaded distributed amplifiers.

only a few sections, the above effects do not accumulate through the chain. Unfortunately,
the drain bias voltage of M;-M, must be high enough to provide the gate-source voltage
required for M;- Mg, further limiting the voltage drop across Ry |{ Ry and hence the gain.
Without My-Mg, the first DA could allow Vy to be lower than Vi by one MOS threshold
voltage, a substantial difference in voltage headroom. '

5.4.3 Distributed Amb]iﬁers with Lumped Devices

The use of aciual transmission lines in DAs has posed difficulties in VLSI technologies.
The tight trade-off between the capacitance and loss of integrated T lines has made such
implementations more amenable to (GaAs technologies because their semi-insulating sub-
strates and thick interconnect layers relax these trade-offs considerably. Fortunately, mod-
ern VLSI technologies offer a large number of metal layers (e.g., eight in the 0.13-pm
generation) that can form transmission lines with reasonable performance. Nevertheless,
it is sometimes desirable to construct DAs without T lines. For example, in the frequency
range below 10 GHz, the lines would be prohibitively long (from both layout and loss
points of view). '

~Since it is possible to approximate T lines by a series of lumped 1.C sections, we pos-
tulate that a DA can simply incorporate a chain of inductors and capacitors in both the
input and output networks. Depicted in Fig. 5.46, such an arrangement may not require
explicit capacitors as the transistor and inductor capacitances can be used to define the
characteristic impedance and wave velocity.

The circuit of Fig. 5.46 becomes an attractive choice at low frequencies because, for a
given series dc resistance, spiral inductors provide much more inductance than transmis-
* gion lines do. Consequently, the wave velocity, v = 1/+/LoCh, can be reduced substan-
tially, allowing a higher gain with a reasonable “length”:

Ay =m fT:—). (5.97)

~ Note that v can also be lowered by increasing Cy, but the resulting reduction of the char-
" - acteristic impedance makes the design of the circuit driving the DA more difficult.
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Figure 5.46 DA using lumped elements.

The choice between lumped inductors and T lines depends on both the operation fre-
quency range and the environment. The transition from the former to the latter falls in the
vicinity of 20 to 40 GHz.
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CHAPTER 6

Oscillator Fundamentals

Oscillators are an integral part of many electronic systems. Applications range from clock
generation in microprocessors to carrier synthesis in cellular telephones, requiring vastly
different oscillator topologies and performance parameters. Robust, high-performance os-
cillator design in CMOS technology continues to pose interesting challenges. As described
in Chapter &, oscillators are usually embedded in a phase-locked system.

This chapter deals with the analysis and design of CMOS oscillators, more specifically,
voltage-controlled osciflators (VCQOs). Beginning with a general study of oscillation in
feedback systems, we introduce ring oscillators and LC oscillators along with methods of

' varying the frequency of oscillation. We then describe a mathematical model of VCOs that
will be used in the analysis of PLLs in Chapter 8.

6.1 General Considerations

A simple oscillator produces a periodic output, usually in the form of voltage. As such, the
circuit has no input while sustaining the output indefinitely. How can a circuit oscillate?
Negative feedback systems may oscillate, i.e., an oscillator is a badly-designed feedback
amplifier!! Consider the unity-gain negative feedback circuit shown in Fig. 6.1, where

H(s)

Vin°—1®7 _ —o Vout

Figure 6.1 Feedback system.

Vout H(S)

T(s) = TTHG) (6.1)

- Mt is said, “In the high-frequency world, amplifiers oscillate and oscillators don't”
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If the amplifier itself experiences so much phase shift at high frequencies that the overall
feedback becomes positive, then oscillation may occur. More accurately, if for s = juwg,
H(jwy) = —1, then the closed-loop gain approaches infinity at wy. Under this condition,
the circuit amplifies its own noise components at wy indefinitely. In fact, as concepiually
illustrated in Fig. 6.2, a noise component at wy experiences a total gain of unity and a
phase shift of 180°, returning to the subtractor as a negative replica of the input. Upon

| H(s) \  Hie) H(s)
Vuj*\d %:_C?_X_El => r\lo_:__ r}’} — > f\lo—:_ X
\ e A

Figure 6.2 Evolution of oscillatory system with time.

subtraction, the input and the feedback signals give a larger difference. Thus, the circuit
. continues to “regenerate,” allowing the component at wy to grow. '
For the oscillation to begin, a loop gain of unity or greater is necessary. This can be seen
by following the signal around the loop over many cycles and expressing the amplitude of
the subtractor’s output in Fig. 6.2 as a geometric series (if ZH (jwg) = 180°):

Vx = Vo ++ |H (jwo) Vo + 1H (jwo)|* Vo + [H (jwo) Vo + - -. (6.2)
If |H (jwe)| > 1, the above summation diverges whereas if { H (jwg)| < 1, then

Vo

- 6.3
T—TEGa)] = €3

Vx

In summary, if a negative-feedback circuit has a loop gain that satisfies two conditions:

[H (jwo)| > 1 (6.4
£ H(juwg) = 180°, (6.5)

then the circuit may oscillate at wg. Called “Barkhausen criteria,” these conditions are
necessary but not sufficient [1]. To ensure oscillation in the presence of temperature and
process variations, we typically choose the loop gain to be at least twice or three times the
required value. _

We may state the second Barkhausen criterion as ZH (jw) = 180° or a rotal phase shift
of 360°. This should not be confusing: if the system is designed to have a low-frequency
negative feedback, it already produces 180° of phase shift in the signal traveling around
the loop (as represented by the subtractor in Fig. 6.1), and ZH (jw) = 180° denotes an
additional frequency-dependent phase shift that, as illustrated in Fig. 6.2, ensures the feed-
back signal enhances the original signal. Thus, the three cases illustrated in Fig. 6.3 are




Ring Oscillators

H(jw)

@) (® _ (©)

Figure 6.3 Various views of oscillatory feedback system.

equivalent in terms of the second criterion. We say the system of Fig. 6.3(a) exhibits a

frequency-dependent phase shift of 180° (denoted by the arrow) and a dc phase shift of

180°. The difference between Figs. 6.3(b) and (c) is that the open-loop amplifier in the

former contains enough stages with proper polarities to provide a total phase shift of 360°
- at wg whereas that in the latter produces no phase shift at wy. Examples of these topologies

are presented later in this chapter.

CMOS oscillators in today’s technology are typically implemented as rmg oscillators”
or “LC oscillators.” We study each type in the following sections.

6.2 Ring Oscillators

A ring oscillator consists of a number of gain stages in a loop. To arrive at the actual
implementation, we begin by attempting to make a single-stage feedback circuit oscillate.

As an example, let us explain why a single common-source stage does not oscillate if it
is placed in a unity-gain loop. From Fig. 6.4, it is seen that the open-loop circuit contains
~ only one pole, thereby providing a maximum frequency-dependent phase shift of 90° (at

out

Figure 6.4 CS stage with feedback.

* afrequency of infinity). Since the common-source stage exhibits a dc phase shift of 180°
due to the signal inversion from the gate to the drain, the maximum total phase shift is
270°. The loop therefore fails to sustain oscillation growth.

The above example suggests that oscillation may occur if the circuit contains multiple
stages and hence multiple poles. Indeed, such a topology is considered undesirable in
amplifier design because it leads to inadequate phase margin in op amps. We therefore
surmise that if the circuit of Fig. 6.4 is modified as shown in Fig. 6.5, then two significant
poles appear in the signal path, allowing the frequency-dependent phase shift to approach

- 180°, Unfortunately, this circuit exhibits positive feedback near zero frequency due to the
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Figure 6.5 Two-pole feedback system.

signal inversion through each common-source stage. As a result, it simply “latches up” - -~
rather than oscillates. That is, if Vg rises, Vi falls, thereby turning M, off and allowing
VE to rise further. This may continue until Vg reaches Vpp and Vi drops to near zero,a
state that will remain indefinitely. o
To gain more insight into the oscillation conditions, let us assume an ideal inverting
stage (with zero phase shift at all frequencies) is inserted in the loop of Fig. 6.5, providing
negative feedback near zero frequency and eliminating the problem of latch-up (Fig. 6.6).
Does this circuit oscillate? We note that the loop contains only two poles: cne at E and

Figure 6.6 Two-pole feedback system with additional signal inversion.

another at F'. The frequency-dependent phase shift can therefore reach 180°, but at a fre-
quency of infinity. Since the loop gain vanishes at very high frequencies, we observe that
the circuit does not satisfy both of Barkhausen’s criteria at the same frequency (Fig. 6.7),
failing to oscillate.

The foregoing discussion points 1o the need for greater phase shift around the loop,
suggesting the possibility of oscillation if the third inverting stage in Fig. 6.6 contains a
pole that contributes significant phase. We then arrive at the topology depicted in Fig. 6.8.
If the three stages are identical, the total phase shift around the loop, ¢, reaches —135°
atw = wy E(= Wy r = wpg) and —270° at w = oo. Consequently, ¢ equals —180° at
w < oo, where the loop gain can be still greater than or equal to unity. This circuit indeed
oscillates if the loop gain is sufficient, and it is an example of a ring oscillator.

It is instructive to calculate the minimum voltage gain per stage in Fig. 6.8 that is nec-
essary for oscillation. Neglecting the effect of the gate-drain overlap capacitance and de-




Sec. 6.2 Ring Osciltators 169

-

20log | H (w)] ‘

Ope=WOpse \ w (log axis)

a)aog axis)

Figure 6.8 Three-stage ring oscillator.

noting the transfer function of each stage by —Aq/(1 + s/wo), we have for the loop gain:

AS

.H s)l=————.
=) (1423
o

(6.6)

. The circuit oscillates only if the frequency-dependent phase shift equals 180°, i.e., if each
stage contributes 60°. The frequency at which this occurs is given by

tan~1 252 — g0° 6.7)

g

~and hence

Woge = \/?;WO-_- .- (68)
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The minimum voltage gain per stage must be such that the magnitude of the loop gain
at wege 15 equal to unity:

AE 7 = L. (6.9
N
It follows from (6.8) and (6.9) that
| Ag=2. (6.10)

In summary, a three-stage ring oscillator requires a low-frequency gain of 2 per stage, and
it oscillates at a frequency of /3wy, where wy is the 3-dB bandwidth of each stage.

Let us now examine the waveforms at the three nodes of the oscillator of Fig. 6.8. Since
each stage contributes a frequency-dependent phase shift of 60° as well as a low-frequency
signal inversion, the waveform at each node is 240° (or 120°) out of phase with respect to
its neighboring nodes (Fig. 6.9). The ability of generating multiple phases is a very useful

WAVAVAV,

AVAVAVAY,

VG /\/\/\/\/
]

Figure 6.9 Waveforms of a three-stage ring oscillator,

propertj of ring oscillators.

Amplitude Limiting The natural question at this point is: what happens if in the three-
stage ring of Fig. 6.8, Ap # 2?7 We know from Barkhausen’s criteria that if 4y < 2, the

-circuit fails to oscillate, but what if 4o > 27 To answer this question, we first mode] the

oscillator by a linear feedback system, as depicted in Fig. 6.10. Note that the feedback is
positive {i.e., V,u is added to Vi, ) becanse H (&) in Eq. (6.6} already includes the negative
polarity resulting from three inversions in the signal path. The closed-loop transfer function
is:

- —A3
VO’Uwi(S) — (1 + S/w0)3 6.11
V) T, A (¢
(1 +s/fwp)?
_ A3
Ag 6.12)

T (T + sfwo)® + A3




. 'Sec. 6.2 Ring Oscillators 174

N s
Vmo—b-®7*D—D—D ° Vout

Figure 6.10 Linear model of three-stage ring oscillator.

The denominator of (6.12) can be expanded as:

5 3 3 s . § 9 S 2
+ — +A = +W+A + — —1+—A +A .- 6.13
(1 0) (1 o 0) |:(1 0) ( 0) 0 0 ( )

Thus, the closed-loop system exhibits three poles:

81 = (—AD — 1)&)0 (614)

Ap(1£4V3
52,3 = [A_ZJ_) — 1jwo. : (6.15)
Since Ag itself is positive, the first pole leads to a decaying exponential term,
expl{—Ag — 1)wpt], which can be neglected in the steady state. Figure 6.11 illustrates
the locations of the poles for different values of Ay, revealing that for 49 > 2, the two

joi jm jg)ﬂ
b
X
L—¢ - ¢ - *—] -
- -8mp G -3 c -3wmg o
X
0<Ay<2 Ay=2 Ag>2

Fignre 6.11 Poles of three-stage ring oscillator for various values of gain.

complex poles exhibit a positive real part and hence give rise to a growing sinusoid. Ne-
glecting the effect of 54, we express the output waveform as

Vout (t) = aexp &;gwoﬂ COS( AO\/ngt). (6.16)

2

Thus, if Ag > 2, the exponential envelope grows to infinity.
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In practice, as the oscillation amplitude increases, the stages in the signal path experi-
ence nonlinearity and eventually “saturation,” limiting the maximum amplitude. We may
say the poles begin in the right half plane and eventually move to the imaginary axis to
stop the growth. If the small-signal loop gain is greater than unity, the circuit must spend
enough time in saturation so that the “average” loop gain is still equal to unity.?

As an example, consider Fig. 6.12, which shows a differential implementation of the
oscillator of Fig. 6.8. What is the maximum voltage swing of each stage? If the gain per

=
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Figure 6.12 Differential oscillator.

stage is well above 2, then the amplitude grows until each differential pair experiences
complete switching, that is, until fgg is completely steered to cne side every half cycle.
As a result, the swing at each node is equal to g5 K;. From the waveforms shown in Fig.
6.12, we also observe that each stage is in its high-gain region for only a fraction of the
period, (e.g., when |Vx — Vy| is small).

A simple implementation of ring oscillators that does not require resistors is depicted
in Fig. 6.13. Suppose the circuit is released with an initial voltage at each node equal to
the trip point of the inverters, Vtrép.a With identical stages and no noise in the devices, the
circuit would remain in this state indefinitely,* but noise components disturb each node
voltage, yielding a growing waveform. The signal eventually exhibits rail-to-rail swings.

2While intuitive, these statements are not rigorous, The concepts of transfer functien, poles, and loop gain are
difficult te apply to a nonlinear circuit.

3The trip point of an inverter is the input voltage that results in an equal output voltage.

4This is indeed how SPICE predicts the circuit’s behavior. To start the oscillation in SPICE, one of the nodes
must be initialized at a different voltage.
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Figure 6.13 Ring oscillator using CMOS inverters.

Let us now assume the circuit of Fig. 6.13 begin with Vy = Vpp (Fig. 6.14}. Under this
condition, Vy = 0 and Vz = Vpp. Thus, when the circuit is released, Vi be_gins to fall

t
Figare 6.14 Waveforms of ring oscillator when one node is initialized at Vo p.

to zero (because the first inverter senses a high input), forcing V3- to rise to Vpp after one
inverter delay, Tp, and Vz to fall to zero after another inverter delay. The circuit therefore
oscillates with a delay of T'p between consecutive node voltages, yielding a period of 675.

The above small-signal and large-signal analyses raise an interesting question. While
the small-signal oscillation frequency is given by Ay V3uwy /2 [from Eg. (6.16)], the large-
signal value is 1/(61'p). Are these two values equal? Not necessarily. After afl, wy is deter-
mined by the small-signal output resistance and capacitance of each inverter near the trip
point whereas T’ results from the large-signal, nonlinear current drive and capacitances of
each stage. In other words, when the circuit is released with all inverters at their trip point,
the oscillation begins with a frequency of v/3Agwo /2 but, as the amplitude grows and the
circuit becomes nonlinear, the frequency shifts to 1/(67p) (which is a lower value).

Ring oscillators employing more than three stages are also feasible. The total number
of inversions in the loop must be odd so that the circuit does not latch up, For example,
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as shown in Fig. 6.15(a), a ring can incorporate five inverters, providing a frequency of ' g

®)

Figure 6.15 (a) Five-stage single-ended ring oscillator, '(b) four-stage differential ring oscitlator.

1/(107'p). On the other hand, the differential implementation can utilize an even number
of stages by simply configuring one stage such that it does not invert. Hiustrated in Fig.
6.15(b), this flexibility demonstrates another advantage of differential circuits over the]r
single-ended counterparts.

- What is the minimum requxred voltage gain per stage in the four-stage oscillator of Fig.
6. 15(b)? How many signal phases are provided by the circuit? Using a notation similar to
that for Fig. 6.8, we have:

H(s) = — (617)

For the circuit to oscillate, each stage must coniribute a frequency-dependent phase shift .
of 180°/4 = 45°. The frequency at which this occurs is given by tan™* wyse/wo = 45°
and hence wyz = wp. The minimum voltage gain is therefore derived as

Ay

Wase 2
14+ (—
(e

=1. (6.18)

That is, 4g = /2. As expected, this value is lower than that required in a three-stage ring.

With 45° of phase shift per stage, the oscillator provides four phases and their comple-
ments. This is illustrated in Fig. 6.16.

The number of stages in a ring oscillator is s determined by various requirements, includ-
ing speed, power dissipation, noise immunity, etc. In most applications, three to five stages
provide optimum performance (for differential implementations).

As an example, let us determine the maximum voltage swings and the minimum supply
voltage of a ring oscillator incorporating differential pairs with resistive loads {e.g., as in
Fig. 6.12) if no transistor must enter the triode region. We assume each stage experiences
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Figure 6.16 Oscillator output phases.

complete switching. Figure 6.17(a) shows two stages in cascade. If each stage experiences
complete switching, then each drain voltage, e.g., Vx or V-, varies between Vpp and

Voo Vpp

(c)

Figure 6.17 Stages in a ring oscillator.

Vop—IssRp. Thus, when Mj is fully on, its gate and drain voltages are equal to Vpp and
Vop — Izs R p, respectively. For this transistor to remain in saturation, we have [, SSRP <
Vi ie., the peak-to-peak swing at each drain must not exceed Vrg.

How is the minimum supply voltage determined? If Vpp is lowered, the voltage at the
common-source node of each differential pair, e.g., Vp in Fig. 6.17(a), falls, eventually
driving the tail transistor into the triode region. We must therefore calculate Vp for the
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worst case, noting that Ve does vary with time because M and Ms carry unequal currents
when the input difference becomes large.

Now consider the stand-alone circuit of Fig. 6.17(b), assuming the inputs vary between - k

Vop and Vpp — IgsRp. How does Vp vary? When the gate voltage of M, V1, is equal -
to Vpp and M, carmries all of Igg,

ZISS

Vp = Vip — 4| —a35
P b Fn Com(W/L)1,2

—Vra. (6.19)

As V1 falls and V rises, so does Vp because, so long as Ms is off, M; operates as a
source follower. When the difference between V; and V; reaches v/2 (Vas,eq—Vre), where
Vas,eq denotes the equilibrivm overdrive of each transistor, M» turns on. To calculate Ve

- after this point, we note that Ipy -+ Ips = fss,Vgss = Vi — Ve, and Vggy = Va — V.

Thus,

1 1
Hn Cos(— )12(V1 ~Vrg)?+ ZHn oa:( }12(1/'2*VP Vrg)? = Iss. (6.20)

Expanding the quadratic terms and rearranging the result, we have

2Iss

) 2_2 B Vo _ 2 _ 2__ &5es =0.
VE=2Va=Ven + Vo= Vem)Vot (G =Ven) + (e~ Vew)' = o= 22
{6.21)
It follows that .
1 _ 4fgs .
= = -2 4/ - - V)P + — ], 22
Ve 2[1/'1-1-1[/2 Vory \/ (1 — Vo) +,uncow(W/L)1=2 ©25

I V4 and V, vary differentially, they can be expressed as V| = Vopr + AV and V, =
Vou — AV, where Vopr = Vop — Igst/Q, yielding

4igg

B Tl 23
imCon (W] D)1 ©.23)

1
Ve =Vour — Ve £+ 5\/—(2AV)2 —+

This expression reveals why node P is considered a virtual ground in small-signal oper-
ation: if |AV| is much less than the maximum overdrive voltage, then Vp is relatively
constant. Since the term under the square root reaches a maximum for AV = 0 (equilib-
rium condition),

Iss
Vemin = Vo — Vg — 4 ———=2 6.24
P, o — Voo inCon (W12 (6.24)

As expected, the last term in (6.24) represents the overdrive voltage of each transistor in
equilibrium (where I'p; = Ips = Ig5/2).

Figure 6.17(c) shows typical waveforms in the oscillator, Note that Vp varies at twice
the oscillation frequency. This property is sometimes exploited in “frequency doublers.”
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To determine the minimum supply voltage, we write Vp mir > Vigs, where Vigg
denotes the minimum required voltage across Igg. Thus,

Rplgs  Iss
Vop — Vi — 4| ——55 >y 6.25
D 5 TH i Con W D1 = 1S5S (6.25)
and
I Rpl ’
Vop > Viss + Vg + 59 4 E58 (6.26)

,uncoa: (W/L)1,2 2

The terms on the right are: the voltage headroom consumed by a current source, one thresh-
old voltage, the equilibrium overdrive, and half of the swing at each node.

In CMOS technologies lacking high-quality resistors, the implementation of Fig.
6.17(a) must be modified. While a PMOS transistor operating in the deep triode region
can serve as the load [Fig. 6.18(a)], the gate voltage must be set so as to define the on-

Figure 6.18 Differential stages using PMOS loads.

o résistance accurately. Alternatively, a diode-connected load can be utilized [Fig. 6.18(b)]
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but at the cost of one threshold voltage in the headroom. Figure 6.18(c) shows a more effi- -
cient load where an NMOS source follower is inserted between the drain and gate of each

PMOS transistor. With the output sensed at nodes X and Y, M3 and M, consume onlya .

voltage headroom equal to |Vpgs 4|. If Viegs = Viryrs. then M3 operates at the edge of the
triode region and the small-signal resistance of the load is roughly equal to 1/gy,3 (wnth
the assumption A = v = 0).

The load of Fig. 6.18(c) exhibits another interesting property as well. Since the gate-

source capacitance of M3 is driven by the source follower, the time constant associated .-
with the load is smaller than that of a diode-connected transistor. Also, the finite output -

resistance of the follower may yield an inductive behavior for the load.

6.3 LC Oscillators

Monolithic inductors have gradually appeared in bipolar and CMOS technologies in the
past 10 years, making it possible to design oscillators based on passive resonant circuits.

Before delving into such oscillators, it is instructive to review basic properties of RLC - -

circuits.
As shown in Fig. 6.19(a), an inductor L, placed in parallel with a capacitor C res-
onates at a frequency wpes = 1//L1Cy. At this frequency, the impedances of the induc- '

Ly

EL
123
LY

Lq c

. (a) {b)
Figure 6.19 (a) Ideal and (b} realistic L.C tanks.

tor, §L1wreq, and the capacitor, 1/(jCiwyes), are equal and opposite, thereby yielding an
infinite impedance. We say the circuit has an infinite quality factor, . In practice, induc-
tors (and capacitors) suffer from resistive components. For example, the series resistance
of the metal wire used in the inductor can be modeled as shown in Fig, 6,19(b). We define
the &) of the inductor as Lyw/ Rg. Por this circuit, the reader can show that the equivalent
impedance is given by :

RS -+ L13
Ze = - , 6.27
q(s) 1+1,C16%2 4+ BsChs ( )
and hence,
2 2 2
| Zeq (s = jw)|* = B + Liw (6.28)

(1 - L101w2)2 + R%waQ ’
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That is, the impedance does not go to infinity at any s = jw. We say the circuit has a finite
. The magnitude of 7., in (6.28) reaches a peak in the vicinity of w = 1//L1CY, but
the actual resonance frequency has some dependency on Kg.

The circuit of Fig. 6.19(b) can be transformed to an equivalent topology that more easily
lends itself to analysis and design. To this end, we first consider the series combination
shown in Fig. 6.20(a). For a narrow frequency range, it is possible to convert the circuit to

Ly
Lp

Ahh
vy

R
Rs P

(a) (W]
Figure 6.20 Conversion of & series combination to a parallel combination.
the parallel configuration of Fig. 6.20(b). For the two impedances to be equivalent:

RpLps

L18+RS = me-l—LpS.

6.29)

Considering only the steady-state response, we assume s = jw and rewrite (6.29) as
(LiRp + LpRg)jw + RsRp — LiLpw* = RpLpjuw. (6.30)
This relationship must hold for all valves of w (in a narrow range), mandating that

LiRp+ LpRs = RpLp (6.31)
RsRp — I Lpw? = 0. ' (6.32)

'_ Calculating Rp from the latter and substituting in the former, we have

R

{6.33)

" Recall that Lyw /Rs = @, a value typically greater than 3 for monolithic inductors. Thus,

Lp =1y 6.34)
Cand
L%u.)2
e — 6.35
.RP R {6.35)

~ Q*Rs. - (6.36)
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In other words, the parallel network has the same reactance but a resistance @2 times the

series resistance. This concept holds valid for a first-order RC network as well if the ¢) of
the series combination is defined as 1/(Cw)/ Rs.

The above transformation allows the conversion illustrated in Fig. 6.21, where Cp =
C'1. The equivalence of course breaks down as w departs susbtantially from the resonance-

AAA

L
! C1 o> L =Fp = Cp
RS J

Figure 6.21 Conversion of a tank to three parallel components.

frequency. The insight gained from the parallel combination is that atwy = 1/4/L,Cyp, the

" tank reduces to a simple resistor; i.e., the phase difference between the voltage and current.

of the tank drops to zero. Plotting the magnitude of the tank impedance versus frequency

.[Fig. 6.22(a)], we note that the behavior is inductive for w < wq and capacitive forw > w.

o
{(a)
LZ
+90°
W, W
-90°
{b)

Figure 6.22 (a) Magnitude and (b) phase of the impedanceof an L.C tank as a function of frequency.

We then surmise that the phase of the impedance is positive for w < w; and negative for
w > wy [Fig. 6.22(b)]. These observations prove useful in studying 1L.C oscillators. (Why
do we expect the phase shift to approach +90° at very low frequencies and —90° at very
high frequencies?)

Iet us now consider the “tuned” stage of Fig. 6.23(a), where an LC tank operates as the
load. At resonance, jL,w = 1/(jCpw) and the voltage gain equals —g,1 Rp. (Note that
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- Vpp . ==V
Ly =Ry =Cp LP%E Rp ].:]- Ce
out © Vout

Vil'l 0—! EM 1 fEM 1
(a) ‘ (&)

Figure 6.23 (a) Tuned gain stage, (b) stage of (a) in feedback.

the gain of the circuit is very small at frequencies near zero.) Does this circuit oscillate
if the output is connected to the input [Fig. 6.23(b)]? At resonance, the total phase shift
around the loop is equal to 180° (rather than 360°). Also, from Fig. 6.22(b), the frequency-
dependent phase shift of the tank never reaches 180°. Thus, the circuit does not oscillate.
Before modifying the circuit for oscillatory behavior, let us observe another interesting
property of the gain stage of Fig. 6.23(a) that distinguishes it from a common-source topol-
ogy using a resistive load. Suppose, as shown in Fig. 6.24, the stage is biased at a drain
current Iy . If the series resistance of Ly, is small, the dc level of V,,,; is close to Vpp. How

- Voo

Lp

A
LA
X
o
1l
]
3]
o

Figure 6.24 Output signal levels in a tuned stage.

does Vi vary if a small sinusoidal voltage at the resonance frequency is applied to the
input? We expect V¢ to be an inverted sinusoid with an average value near Vpp because
the inductor cannot sustain a large dc drop. In other words, if the average value of V,,,;
deviates significantly from Vpp, then the inductor series resistance must carry an average
current greater than ;. Thus, the peak output level in fact exceeds the supply voltage, an
important and often useful attribute of the LC load. For example, with proper design, the
output peak-to-peak swing can be larger than Vpp.
We now study two types of LC oscillators.

6.3.1 Crossed-Coupled Oscillator

Suppose we place two stages of Fig. 6.23(a) in a cascade, as depicted in Fig. 6.25. While
similar to the topology of Fig. 6.5, this configuration does not latch up because its low-
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YYY
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Figure 6.25 Two tuned stages in a feedback loop.

frequency gain is very small. Furthermore, at resonance, the total phase shift around the
loop is zero because each stage contributes a zero frequency-dependent phase shift. That
is, if g1 Rpgmalip > 1, then the loop oscillates. Note that Vx and Vy are differential
waveforms. (Why?)
‘We now sketch the open-loop voltage gain and phase of the circuit shown in Fig. 6.25;
neglecting transistor capacitances. The magnitude of the transfer function has a shape sim-
. ilar to that in Fig. 6.22(a) but with sharper rise and fall because it results from the product
of those of the two stages. The total phase at low frequencies is given by signal inversion
by each common-source stage plus a 90° phase shift due to each tank. A similar behavior
occurs at high frequencies. The gain and phase are sketched in Fig. 6.26. From these plots,
the reader can prove that the circuit cannot oscillate at any other frequency.

£
gy
ey

¥y

-180°

Figure 6,26 ILoop gain characteristics of the circuit shown in Fig. 6.25.

The circuit of Fig. 6.25 serves as the core of many LC oscillators and is sometimes
drawn as in Fig. 6.27(a) or (b). However, the drain currents of M and My and hence the
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Figure 6.27 (z) Redrawing of the oscillator shown in Fig. 6.25, (b) another redrawing of the circuit,
(c) addition of tail current source to lower supply sensitivity.

output swings heavily depend on the supply voltage. Since the waveforms at X and ¥ are
- differential, the drawing in Fig. 6.27(b) suggests that M7 and M5 can be converted to a
differential pair as depicted in Fig. 6.27(c), where the total bias current is defined by Igg.
For the circuit of Fig. 6.27(c), we plot Vx and Vy and Ipy and I'ps as the oscillation
begins. H the circuit begins with zerc difference between Vx and Vy, then Vx = Vy =
Vpp. The two transistors share the tail current equally. If (g1 2R p)? > 1, where Rp is
the equivalent parallel resistance of the tank at resonance, then noise components at the
resonance frequency are continually amplified by My and Ms, allowing the oscillation
. to grow. The drain currents of My and Ms vary according to the instantaneous value of
Vx — Vy (as in a differential pair). ‘

As shown in Fig. 6.28, the oscillation amplitude grows until the loop gain drops at the
peaks. In fact, if g1 » Fip is large enough, the difference between Vx — V- reaches a level
that steers the entire tail current to one transistor, turning the other off. Thus, in the steady
state, Ipy and Ipy vary between zero and Iss. -

The oscillator of Fig. 6.27(c) is constructed in fully differential form. The supply sen-
sitivity of the circuit, however, is nonzero even with perfect symmetry. This is because the
drain junction capacitances of My and Ms vary with the supply voltage.
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Figure 6.28 Oscillation behavior.

6.3.2 Colpitts Oscillator

An LC oscillator may be realized with only one transistor in the signal path. Consider the
gain stage of Fig. 6.23(a) again and recall that the drain voltage cannot be applied to the
gate because the overall phase shift at resonance equals 180° rather than 360°. Also, recall
that in a common-gate stage, the phase shift from the source to the drain is zero. We then
surmise that if, as shown in Fig. 6.29(a), the drain voltage is returned to the source rather
than the gate, the circnit may oscillate. The coupling must incorporate a capacitor to aveid

— VYoo - Vop
e =R, =0 lr= =Rp :I- Cp
Vout Vout
Vb._l M_! 62 Vb .—I M'I . CZ
lb ’in ’b
(a) ®)

Figure 6.29 (a) Tuned stage with feedback applied from drain to source, (b) addition of input
current to calculate closed-loop gain.

disturbing the bias point of M.

Unfortunately, owing to insufficient loop gain, the circuit of Fig. 6.29(a} does not oscil-
late. To prove this point, we invoke the view of Hig. 6.1, where an oscillator is considered
a feedback system with infinite closed-loop gain. Applying an input current as depicted in
Fig. 6.29(b) and neglecting transistor parasitics, we obtain the closed-loop gain as:

Vout
I in

1 .
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because M; and (3 directly conduct the input current to the tank. Since the closed-loop
gain cannot be equal to infinity at any frequency, the circuit fails to oscillate.

The reader may wonder why the input to the feedback system is realized as a current
source applied to the source of the transistor rather than a voltage source applied to its
gate. Let us perform the analysis with the latter stimulus. From Fig. 6.30, we note that
with a finite variation of 1}, the change in 7, is still zero if the bias current source is

— Yoo
Lp EE‘ Cp
Vou
M, Cz
Vin y X
) I

Figure 6.30 Oscillator with voltage stimulus.

ideal. Thus, it the source-bulk junction capacitance of M) is neglected, the change in the
tank current is zero, yielding V,.: /Vin = 0. Interestingly, Vx does vary with V;,, but M,
generates a small-signal current that cancels that through Cs. The reader can prove that
Vx/Vm = gm/(gm + 023)-
~ The above example reveals two important points. First, to excite a circuit into oscilla-
tion, the stimulus can be applied at different points. (That is, the noise of any device in
the loop can initiate the oscillation.®) Second, in Fig. 6.30, V,,;/Vi, is zero because the
impedance connected between the source of My and ground is infinity. We then add a ca-
pacitor from this node to ground as shown in Fig. 6.31(a), seeking conditions of oscillation,
Note that the capacitor in parallel with L p is removed. The reason will become clear later.
Approximating Af; by a single voltage-dependent current source, we construct the
equivalent circuit of Fig. 6.31(b). Since the current through the parailel combination of
Lp and Rp is given by Vous/(Lps) + Vour/ Rp, the total current through C is equal to
Tin — out/(LPS) - Vout/RP, yielding

V= (i — 72— 2y ©638)

Writing the current through C5 as {V,y¢ -+ V1 )Cos, we sum all of the currents at the output -

This is because the natural frequencies of a linear (observable) system do not depend on the location of the
stimulus. Of course, the type of stimulus (voltage or current) must be chosen such that when it is set to zero, the
circuit returns to its original topology. For example, driving the gate of M7 in Fig. 6.30 by a curzent changes the
natural frequencies of the circuit.
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- VYoo
L =R, il * ° Vout
g — Vout Rp
M, J_
Voe— Cs T
T
@ @®)
Figure 6.31 (a) Colpitts oscillator, (b) equivalent circuit of (a) with input stimulus.
node:
Vout Vout 1 Vout Vout Vaut Vout
- I; - out — Im - F - = V.
gm( in = L P Rp C1S+[V t ( Lps RP) 1 ]02 LPS+RP 0
(6.39)
It follows that
Vour RpLps(gm + Cas)
fin RPOlchPSS + {C} + Cz)LpS2 + [gmLp + Rp(Ch + Gz)]S + ngE% 40)

Note that, as expected, (6.40) reduces to (Lps||Rp) if C1 = 0. The circuit oscillates if

the closed-loop transfer function goes to infinity at an imaginary value of s, s = jwr.

Consequently, both the real and imaginary parts of the denominator must drop to zero at
this frequency:

~RpC1CaLpw}y + [gmLp + Bp(C1 + Ca)jwr = 0 (6.41)

—(C1 + C))Lpwk + gmBRp = 0. (6.42)

Since with typical values, g, Lp € Rp(Cy + Cs), Eq. (6.41) yields:

2 1

I .

P Ch+Cy

and Eq. (6.42) results in

(C1+Cy)
= Ad
gmBp CiCs (6 )

Gy Cha .y

= —(1 + —==)%, 45
Cz( + Cl) (6.45)
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Recogrizing that g, K p is the voltage gain from the source of M to the output (if g, =
0), we determine the ratio Cy /Cs for minimum required gain. The reader can prove that
the minimum occurs for C /Cy = 1, requiring

gmBp > 4. (6.46)

Equation (6.46) demonstrates an important disadvantage of the Colpitts oscillator with
respect to the cross-coupled tepology of Fig. 6.27(c). The former demands a voltage gain
of at least 4 at resonance and the latter, only unity, This issue is critical if the inductor
suffers from a low ¢ and hence a small Rp, a common situation in CMOS techn010g1es
As a consequence, the cross-coupled scheme is used more widely.

The foregoing analysis neglected the capacitance that appears in parallel with the in- -

ductor. If this capacitance, Cp, is included in the equivalent circuit, Eq. (6.43) is modified
as:

1

C105
Lp(C —_—
p(Cp + 1 +02)

6.47)

wh =

whereas (6.40) remains unchanged. Thus, C'p is simply included in parallel with the series
combination of 1 and Cs.

6.3.3 One-Port Oscillators

Our development of oscillators thus far has been based on feedback systems, An alternative
view that provides more insight into the oscillation phenomenon employs the concept of
“negative resistance.” To arrive at this view, let us first consider a simple tank that is stim-
ulated by a current impuise {Fig. 6.32(a)]. The tank responds with a decaying oscillatory
behavior because, in every cycle, some of the energy that reciprocates between the capaci-
tor and the inductor is lost in the form of heat in the resistor. Now suppose a resistor equal
to —HRp is placed in parallel with Rp and the experiment is repeated [Fig. 6.32(b)]. Since
Rp||(—Rp) = oo, the tank oscillates indefinitely. Thus, if a one-port circuit exhibiting a
negative resistance is placed in parailel with a tank [Fig, 6.32(c)], the combination may
oscillate. Such a topology is called a one-port oscillator.
" How can a circuit provide a negative resistance? Recall that feedback multiplies or di-
- vides the input and output iimpedances of circuits by a factor equal to one plus the loop gain.
Thus, if the loop gain is sufficiently negative (i.e., the feedback is sufficiently positive), a
negative resistance is achieved. As a simple example, let us apply positive feedback around
. a source follower. The follower introduces no signal inversion and neither must the feed-
back network. As depicted in Fig. 6.33(a), we implement the feedback by a common-gate
~ stage and add the current source I to provide the bias current of Ms. From the equivalent
circuit in Fig. 6.33(b} (where channel-length modulation and body effect are neglected),
we have

IX = gmsz = —glel : . (648)
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»
J_ - Active
Ce '|' LP% F8e = Circuit
_HP
{c)

Figure 6.32 (a) Decaying impulse response of a tank, (b} addition of negative resistance to cancel
loss in Rp, (c) use of an active circuit to provide negative resistance.

(a)

and

®)

Figure 6.33 (a) Source follower with positive feedback to create negative impedance, (b) equivalent
circuit of (a) to calculate the input impedance.

Vx =W -1

Ix Ix

Om1 . Gm2

(6.49) |
(6.50)
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Thus,

Vx 1 1
_—=—{—4+—), 6.51)
Ix (.gml Gm2 )
and, if gm1 = gm2 = gm. then
-2
x _ 2 _ (6.52)
IX Gm

Negative resistance becomes more intuitive if we bear in mind that it is an incremen-
fal quantity; that is, negative resistance indicates that if the applied voltage increases, the
current drawn by the circnit decreases. In Fig. 6.33(a), for example, if the input voltage in-
creases, so does the source voltage of M1, decreasing the drain current of M and allowing
part of I; to flow to the input source.

With a negative resistance available, we can now construct an oscillator as illustrated
in Fig. 6.34. Here, Rp denotes the equivalent parallel resistance of the tank and, for os-

J_ Vpp
LP% =R C
= Rp P
",

1l My

A

Vs[5 M,

Figure 6.34 Oscillator using negative input resistance of a source follower with positive feedback.

cillation build-up, Rp — 2/g,, > 0. Note that the inductor provides the bias current of
M, obviating the need for a current source. If the small-signal resistance presented by Ay
and M to the tank is less negative than —HRp, then the circuit experiences large swings
such that each transistor is nearly off for part of the period, thereby yielding an “average”
resistance of — Rp.
The circuit of Fig. 6.34 is similar to the stage of Fig. 6.29(a) but with the feedback
-- capacitor replaced by a source follower. More interestingly, the circuit can be redrawn as
in Fig. 6.35(a), bearing a resemblance to Fig. 6.27(c). In fact, if the drain current of My
-flows through a tank and the resulting voltage is applied to the gate of Ma, the topology of
Fig. 6.35(b) is obtained. Ignoring bias paths and merging the two tanks into one (Fig. 6.36),
we note that the cross-coupled pair must provide a negative resistance of —Rp between
- nodes X and Y to enable oscillation. The reader can prove that this resistance is equal to
=2/ gm and hence it is necessary that Rp > 1/g,,,. Thus, the circuit can be viewed as either
a feedback system or a negative resistance in parallel with a lossy tank. This topology is
also caltled a “negative-G,,, oscillator.” .
~ As another method of creating negative resistance, consider the topology depicted in
.Fig. 6.37(a), where none of the nodes is grounded and channel-length modulation, body
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Figure 6.35 (a) Redrawing of the topology shown in Fig. 6.34, (b) differential version of (a).
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Figure 6.36 Equivalent circuit of Fig. 6.35(b).

effect, and transistor capacitances are neglected. Since the drain current of M, is equal to
(—Ix/C18)gm, we have

—IX 1 IX "
=Ix — —=——gm)— + — 6.53
VX ( X 018 g )023 - 018 ( )
and hence

Vx Gm 1 1
X = . 6.54
IX 010232 .+ 028 + C]_S ( )

For ¢ = jw, this impedance consists of a negative resistance equal to g, /(C1Caw?)
in series with the series combination of € and (' [Fig. 6.37(b)]. Thus, as shown in Fig.
6.37(c), if an inductor is placed between the gate and drain of A3, the circuit may oscillate.
Of the three nodes in the circuit, one can be an ac ground, resulting in the three different
topologies illustrated in Fig. 6.38. The circuit of Fig. 6.38(a) is in fact based on a source
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C1 + 02
{a) (b

Figure 6.37 (a) Circuit topology providing negative resistance, {b) equivalent circuit of (a), (c)
oscillator using (a).

follower, whose input impedance contains a negative real part. The configuration of Fig,

tlay | R My Icz

(@ (b) ©)

Figure 6.38 Oscillator topologies derived from the circuit of Fig, 6.37(c).

6.38(b) is a Colpitts oscillator.
It is instructive to redraw the circuits of Fig. 6.38 with proper biasing. The circuits are
- redrawn in Fig. 6.39.

6.4 Voltage-Controlled Oscillators

Most applications require that oscillators be “tunable,” i.e., their output frequency be a
. function of a control input, usually a voltage. An ideal voltage-controlled oscillator is a
circuit whose output frequency is a linear function of its control voltage (Fig. 6.40):

Wout == Wo + KVC'OVcont- . (655)
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Figure 6.39 Oscillator circuits including biasing.

Voltage-Controlled

Vcont o—] [ (1)
Oscillator out
O e Kyco i
(!)D - H
Vi l/2 Vcont

Figure 6.40 Definition of a VCO.

Here, wy represents the intercept corresponding to Voone = 0and Ky ¢ denotes the “gain”
or “sensitivity” of the circuit (expressed in rad/s/V).® The achievable range, ws — wi, i8
called the “tuning range.”

In the negative-G,, oscillator of Fig. 6.27(c), we assume Cp = 0, consider only the
drain junction capacitance, Cpp, of M3 and M», and explain why Vpp can be viewed as
the control voltage. We also determine the gain of the VCO. Since Cpp varies with the
drain-bulk voltage, if Vpp changes, so does the resonance frequency of the tank. Noting
that the average voltage across C'pp is approximately equal to Vpp, we write

Cpp = —.CDVTE:(;)_—" (6.56)
(14+—)"
)2

6 A more familiar unit is Hz/V but one must be careful with the dimension of Kv oo in the context of phase-

locked loops.
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and
Owout
K = .
veo Voo 6.57)
_ Bwoeut OCpp
= 5Cps  Vop (6.58)
With wgye = 1/\{ LpCpp, we have
-1 —-mCpg
K = . {6.59)
veo 2\-’LPCDBCDB ¢B(1+ VDD)
a3
mw
= Vi s Wout- (6.60)
2¢B(1 + ﬂ)
2

Note that the relationship between wgy,; and Vegy: 1S nonlinear because Ky oo varies with
Vpp and woye.

Before modifying the oscillators studied in the previous sections for tunability, we sum-
marize the important performance parameters of VCOs.

. Center Frequency The center frequency (i.e., the midrange value in Fig. 6.40) is deter-
mined by the environment in which the VCQO is used. For example, in the clock generation
network of a microprocessor, the VCO may be required to run at the clock rate or even
twice that. Today’s CMOS VCOs achieve center frequencies as high as 10 GHz.

Tuning Range The required tuning range is dictated by two parameters; (1) the varia-
- tion of the VCO center frequency with process and temperature and (2) the frequency range
. . necessary for the application. The center frequency of some CMOS oscillators may vary
by a factor of two at the extremes of process and temperature, thus mandating a sufficiently
wide (> 2x) tuning range to guarantee that the VCO output frequency can be driven to
the desired value. Also, some applications incorporate clock frequencies that must vary by

;. one to two orders of magnitude depending on the mode of operation, demanding a propor-
" tionally wide tuning range.

- An important concern in the design of VCOs is the variation of the output phase and
- frequency as a result of noise on the control line. For a given noise amplitude, the noise in

- the output frequency is proportional to Ky o because wour = wo + KvooVeont. Thus,

- to minimize the effect of noise in V,onz, the VCO gain must be minimized, a constraint

- in direct conflict with the required tuning range. In fact, if, as shown in Fig. 6.40, the
“allowable range of Vyppe is from V) to Vs (e.g., from 0 to Vpp) and the tuning range must

* span at least wy to ws, then Ky co must satisfy the following requirement:

Wy —
Kyoo 2

2V (6.61)

i Note that, for a given tuning range, Ky ¢ increases as the supply voltage decreases, mak-
L '_ing the oscillator more sensitive to noise on the control line.
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Tuning Linearity As exemplified by Eq. (6.60), the tuning characteristics of YCOs
exhibit nonlinearity, i.e., their gain, Kv oo, is not constant. As explained in Chapter §,
sach nonlinearity degrades the settling behavior of phase-locked foops. For this reason, it
is desirable to minimize the variation of Ky oo across the tuning range.

. Actal oscillator characteristics typically exhibit a high gain region in the middle of the
range and a low gain at the two extremes (Fig. 6.41). Compared to a linear characteristic
(the gray line), the actual behavior displays a maximum gain greater than that predicted

Wyt 4

Y

vy v,

o

cont

Figuré 6.41 Nonlinear VCO cha:acteristic;

by (6.61), implying that, for a given tuning range, nonlinearity inevitably leads to higher
sensitivity for some region of the characteristic,

Output Amplitude It is desirable to achieve a large output oscillation amplitude, thus

- making the waveform less sensitive to noise. The amplitude trades with power dissipa-

tion, supply voltage, and (as explained in Section 6.4.2) even the tuning range. Also, the
amplitude may vary across the tuning range, an undesirable effect.

Power Dissipation As with other analog circuits, oscillators suffer from trade-offsbe-
tween speed, power dissipation, and noise. Typical oscillators drain I to 10 mW of power.

Supply and Common-Mode Rejection Oscillators are quite sensitive to noise, es- -
pecially if they are realized in single-ended form. As seen in Eq. (6.60), even differential
oscillators exhibit supply sensitivity. The design of oscillators for high noise immunity is
a difficult challenge. Note that noise may be coupled to the control line of a VCO as well.
For these reasons, it is preferable (but not always possible) to employ differential paths for

‘both the oscillation signal and the control line.

Output Signal Purity Even with a constant control voltage, the output waveform of
a VCO is not perfectly periodic. The electronic noise of the devices in the oscillator and
supply noise lead to noise in the output phase and frequency. These effects are quantified
by “jitter” and “phase noise” and determined by the requirements of each application.

6.4.1 Tuning in Ring Oscillators

Recall from Section 6.2 that the oscillation frequency, fosc, of an N-stage ring equals
(2NTp)~1, where T, denotes the large-signal delay of each stage. Thus, to vary the fre-
quency, TD can be adjusted. .
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As a simple example, consider the differential pair of Fig. 6.42 as one stage of a ring
oscillator. Here, M3 and M}, operate in the triode region, each acting as a variable resistor

Voo

S

M,

Veont Vout

?"ss

Figure 6.42 Differential pair with variable output time constant.

"l_ll
Q

controlled by V. As Vipne becomes more positive, the on-resistance of My and My
increases, thus raising the time constant at the output, 71, and lowering fosc If Mz and My
remain in deep triode region,

= Ron3,4CL . (662)

- Cr } (6.63)

W
Hpcom(f)s,cL(VDD — Veont — |Vrmpl|)

In the above equation, (7, denotes the total capacitance seen at each output to ground
(including the input capacitance of the following stage). The delay of the circuit is roughly
proportional to 73, yielding

ose o 7= (6.64)
Tp
psC. ( )3 a(Vbp — Veont — |Vrurp|)
oc : (6.65)
Cr

Interestingly, fos. is linearly proportional to Vesp:.
As an example, for given device dimensions and bias currents in Fig. 6.42, we compute
the maximum allowable value of V,;,; and determine what happens if M3 and M, enter
- satpration. Let us assume (somewhat arbitrarily) that M3 and M, remain in deep triode
- regionif|Vpgs 4| < 0.2x2|Vggs a— Vrrp|. If each stage in the ring experiences complete
- switching, then the maximum drain current of M3 and M} is equal to Tgg. To satisfy the
- above condition, we must have IsgRon3,4 < 0.4(Vpp — Veont — |[Vrepel), and hence

Iss

..:"_ﬂp oa:( )34(VDD Veont — [Vrarpl)

< 0.4(VpD — Veors — [Virmr}). (6.66)
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It follows that

Iss

— 85 667
w
0'4”.‘!300&(?)3,4

Veont < Vpp — |Vrmpi —

It Viont exceeds this level by a large margin, M3 and M eventually enter saturation. Each - -

stage then requires common-mode feedback to produce the ountput swings around a well-
defined CM level.

The difterential pair of Fig. 6.42 suffers from a critical drawback: the output swing
of the circuit varies considerably across the tuning range. With complete switching, each
stage provides a differential output swing of 2I55Rrn3 4. Thus, a tuning range of, say, two
to one translates to a twofold variation in the swing,

In order to minimize the swing variation, the tail current can be adjusted by Vg, as well
such that, as V,,,+ becomes more positive, Igg decreases. The circuit nonetheless requires
a means of maintaining fg5R,,a,4 relatively constant. To this end, let us consider the
circuitin Fig. 6.43(a), where M5 operates in the deep triode region and amplifier 4, applies

Ay Voo A u
Vrer Vrer 5.|<J

(2) (b)

Figure 6.43 (a) Simple feedback circuit defining Vp, (b) replica biasing to define voltage swings
in a ring oscillator.

negative feedback to the gate of M. If the loop gain is sufficiently large, the differential
input voltage of A; must be small, giving Vi & Vanp and |Vpgs| = Vop -~ Vygp. Thus,
the feedback ensures a relatively constant drain-source voltage even if I; varies. In fact, as
11, say, decreases, A; raises the gate voltage of My such that R,sTh = Vpp — Vegr-

The topology of Fig. 6.43(a) can serve as a “replica circuit” for the stages of a ring
oscillator, thereby defining the oscillation amplitude. IHlustrated in Fig. 6.43(b), the idea
is to “servo” the on-resistance of My and 3, to that of M5 and vary the frequency by
adjusting I1 and I5g simultaneously [2]. If M3 and M; are identical to Ms and fgs to I1,
then Vx and Vy vary from Vpp to Vpp — Vrgr as M and M, steer the tail current to
one side or the other. Thus, if process and temperature variations, say, reduce I; and I5s.
then A; increases the on-resistance of Ms-M;, forcing Vp and hence Vy and Vi (when
M or Ma is fully on) equal to Vegp.
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The bandwidth of the op amp A; in Fig. 6.43(b)is of some concern. If a change in V,ons
takes a long time to change w,,, then the settling speed of a PLL using this VCO degrades
significantly (Chapter 8).

How does the oscillation frequency depend on Isg for a VCO incorporating the stage

of Fig. 6.43(b)? Noting that Ron34f5s = Vpp — Vrer, we have Ropza = (Vbp —
Veer)/Iss and hence

1
Ron3,4Cl,

~ Iss
(Voo — Vaer)CrL

(6.68)

fOSC X

(6.69)

Thus, the characteristic is relatively linear.

Delay Variation by Positive Feedback To arrive at another tuning technique, re-
. call that a cross-coupled transistor pair such as that of Fig. 6.36 exhibits a negative re-
sistance of —2/gy,, a value that can be controlled by the bias current. A negative resis-
tance —FR placed in paraflel with a positive resistance +Rp gives an equivalent value
+RyRp/(Ry — Rp), which is more positive if | — Bx| > | + Rp|. This idea can be
applied to each stage of a ring oscillator as illustrated in Fig. 6.44(a). Here, the load of
the differential pair consists of resistors H; and Rs (R; = R = Rp) and the cross-

VDD

-

3 2 /° Voui\ VDD
v,
o___l 1 M3 M4 _10l.|t
Vino |5 M1,
Ym3,4
’SS cont

(&) )

AAA
l“

Ry

-
o
=

Figure 6.44 (a) Differential stage with variable negative-resistance load, (b} half-circuit equivalent
of (a).

coupled pair Msz-M;. As I, increases, the small-signal differential resistance —2/gms 4

becomes less negative and, from the half circuit of Fig. 6.44(b), the equivalent resistance

- Rpl|(=1/gms,4) = Rp/(1 — gm3,4Rp) increases, thereby lowering the frequency of os-
cillation.

An important issue in the circuit of Fig. 6.44(a) is that as I varies, so do the currents
steered by M3 and M, to Ry and Rp. Thus, the output voltage swing is not constant across
the tuning range. To minimize this effect, Igg can be varied in the opposite direction such

“that the total current steered between R, and Rs remains constant. In other words, it is
desirable to vary I and Igg differentially while their sum is fixed, a characteristic provided
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by a differential pair. Blustrated in Fig. 6.45, the idea is to employ a differential pair Mj-
Mg to steer I7 to M;-My or Ms-My so that fgg + 1y = I7. Since I'r must flow through -

Figure 6,45 Use of a differential pair to steer current between My -Mo and M3-My.

R; and Ry, if My-M, experience complete switching in each cycle of oscillation, then It
is steered to H; (through 3, and M3) in half a period and to Ry (through My and M}) in
the other half, giving a differential swing of 2R ply.

In the circuit of Fig. 6.45, V,.ons1 and V.50 can be viewed as differential control lines
if they vary by equal and opposite amounts. Such a topology provides higher noise immu-
nity for the control input than if V,,,; is single-ended. Now, note that as Vs decreases
and Vit increases, the cross-coupled pair exhibits a greater transconductance, thereby
raising the time constant at the output nodes. But what happens if all of I is steered by

- Mg to M3 and M,? Since M; and M» carry no current, the gain of the stage falls to
zero, prohibiting oscillation, To avoid this effect, 4 small constant current source, Jgr, can
be conpected from nede P to ground, thereby ensuring Ay and M, always remain on.
With typical values, this ring oscillator provides a two-to-one tuning range and reasonable
linearity. '

As an example, we calculate the minimuom valve of Iy in Fig. 6.45 to guarantee a low-
frequency gain of 2 when all of Ir is steered to the cross-coupled pair. The small-signal
voltage gain of the circuit equals g1 2 Rp /(1 — gms 4£p). Assuming square-law devices,
we have : :

Rp

> 2. (6.70)
W
1— \/ﬂnoow(_f)&LiITRP

W
I-"noow(f)l,ZIH
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" That is,

2
w
4 [1 — 4/ Mnc'om("f)s,JTRP]

Ig > :
W
ﬂ)ncom (T)I,Z R??

6.71)

- An important drawback of using the differential pair M5-Msg in the cireuit of Fig. 6.45
is the additional voltage headroom that it consumes. As depicted in Fig. 6.46, for Ms to

Vio——l M.I P le:;:"—‘
=2
Veont I My Mg 2 Veonr2
N

Figure 6.46 Headroom calculation for a current-steering topology.

remain in saturation, Vp must be sufficiently higher than Viy. When Veonst = Veons2.

_the minimum allowable drain-source voltage of Ms is equal to its equilibrium overdrive
voltage, implying that, compared to that calculated for Fig. 6.17, the supply voltage must
be higher by this value. Note also that if V,,ns or Vipnss is allowed to vary above its
equilibrium value by more than Vg, then M5 or My enters the triode region.

The above observation reveals a trade-off between voltage headroom and the sensitivity
~ of the VCO. To minimize the sensitivity with a given tuning range, the transconductance of
" My-Mg must be minimized. (That s, to steer all of the tail current, the differential pair must
* require a large Viont1 — Veonsz ) However, for a given tail current, g,,, = 21p/(Vas—Vra),

indicating a large equilibrinm overdrive for M5-Mg and a correspondingly higher value for-

~. the minimum required supply voltage.
. We should mention that the pair M5-Mg need not remain in complete saturation. Iif
. the drain voltages are low enough to drive these transistors into the triode region, then
.~ the equivalent transconductance of the differential pair drops, thus demanding a greater
© Veont1 — Veont2 to steer the tail current. This phenomenon in fact translates to a lower VCO
© sensitivity. In practice, careful simulations are required to ensure the VCO characteristic
- remains relatively linear across the range of interest.”
" . At low supply voltages, it is desirable to avoid the voltage headroom consumed by M-

Mg in Fig. 6.45. The issue can be resolved by means of “current folding.” Suppose, as -

‘illustrated in Fig. 6.47(a), a differential pair drives two current mirrors, generating Joq:1

» 7If both My and My are in the triode region and Veont1 7 Veont2, then supply voltage variations affect the
+. current steered between the two trangistors, introducing noise in the frequency of oscillation.
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Figure 6.47 - (a) Current-folding topology, {b) application of current folding to current steering.

and Io'u,t2- Since Il + Ig = ISS, Ioutl = KIl, and Iout2 = KI2, we have Iouﬂ + Io'ut2 =
KIgs. Thus, as Viny — Vins goes from a very negative value to a very positive value,
Lout1 varies from Kgg to zero and I, from zero to KIgg while their sum remains
constant-—a behavior similar to that of a differential pair. ‘

We now utilize the topology of Fig. 6.47(a) in the gain stage of Fig. 6.44(a). Shown in -
Fig. 6.47(b), the resulting circuit operates from a low supply voltage.

Delay Variation by Interpolation  Another approach to tuning ring oscillators is based
on “interpolation™ [3, 4]. As illustrated in Fig. 6.48(a), each stage consists of a fast path and
a slow path whose outputs are summed and whose gains are adjusted by Vot in opposite

Fast Path

Vine—y @" Vou

cont

Slow Path

(@

(b (c)
Figure 6.48 (a) Interpolating delay stage, (b) smallest delay, (c) largest delay.




Sec. 6.4 Veltage-Controlled Oscillators

directions. At one extreme of the control voltage, only the fast path is on and the slow path
is disabled, yielding the maximum oscillation frequency [Fig. 6.48(b)]. Conversely, at the
other extreme, only the slow path is on and the fast path is off, providing the minimum
oscillation frequency [Fig. 6.48(c)]. i V., lies between the two extremes, each path is
partially on and the total delay is a weighted sum of their delays.

To better understand the concept of interpolation, let us implement the topology of Fig.
6.48(a) at the transistor level. Each stage can be simply realized as a differential pair whose
gain is controlled by its tail current. But how are the two outputs summed? Since the two
transistors in a differential pair provide output currents, the outputs of the two pairs can be
added in the current domain. As depicted in Fig. 6.49(a), simply shorting the outputs of two

! out

Ak
Y

i bty

(-T? Iss HMI—I ?4—" Veont _

@ : {t) :
Figure 6.49 (a) Addition of currents of two differential pairs, (b) interpolating delay stage.

pairs performs the current addition, e.g., for small signals, [yt = gm1,2Vin1 + Gm3.4Vine.
The overall interpolating stage therefore assumes the configuration shown in Fig. 6.49%(b),
where V.1, and V_, denote voltages that vary in opposite directions (so that when one
path turns on, the other turns off}. The output currents of Af; -M» and M3-M, are summed
at X and ¥ and flow through R; and Ra, producing V.
In the circuit of Fig. 6.49(b), the gain of each stage is varied by the tail current to achieve
interpolation. But it is desirable to maintain constant voltage swings. We also recognize that
“the gain of the differential pair Mz-M;g need not be varied because even if only the gain
of M3-M, drops to zero, the slow path is fully disabled. We then surmise that if the tail
currents of M-Ms and M3-M, vary in opposite directions such that their sum remains
constant, we achieve both interpolation between the two paths and constant output swings.
Ilustrated in Fig. 6.50, the resulting circuit employs the differential pair Mv-Mjs to steer
Igg between Mi-My and Mz-My. If Vip: is very negative, Mg is off and only the fast
- path amplifies the input. Conversely, if Voone is very positive, M5 is off and only the slow
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Figure 6.50 Interpolating delay stage with current steering.

path is enabled. Since the slow path in this case employs one more stage than the fast path,
the VCO achieves a tuning range of roughly two to one. For operation with low supply
voltages, the control pair M+-Mjz can be replaced by the current-folding topology of Fig.
. 6.47(a).

As an example, we combine the tuning techniques of Figs. 6.45 and 6.50 to achieve
a wider tuning range. We begin with the interpolating stage of Fig. 6.50 and add a cross-
coupled pair to the output nodes [Fig. 6.51(a)]. However, to obtain constant voltage swings,
the total current through the load resistors must remain constant, This is accomplished
by replacing the control differential pair with the current-folding circuit of Fig. 6.47(a).
Depicted in Fig, 6.51(b), the resulting configuration steers the current to M;-Ms to speed
up the circuit and to M3~ My and AM1y-M7; to slow down the circuit. The tail current source
dimensions are chosen such that Igg1 = Isgy + I9g3.

Wide-Range Tuning Except for the circuit of Fig. 6.43(b), the ring oscillator tuning
techniques presented thus far achieve a tuning range of typically no more than three to one.
In applications where the frequency must be varied by orders of magntitude, the topology
shown in Fig. 6.52 can be used. Driven by the input, the additional PMOS transistors M5
and Mg pull each output node to Vpp, creating a relatively constant output swing even
with large vatiations in Jgg. The oscillation frequency of a ring incorporating this stage
can be varied by more than four orders of magnitude with less than a twofold variation in
the amplitude. '

6.4.2 Tuning in LC Oscillators

The oscillation frequency of LC topologies is equal to f,sc = 1/(2xvLC), suggesting
that only the inductor and capacitor values can be varied to tune the frequency and other
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Figure 6.51 VCO using two different tuning techniques. -

parameters such as bias currents and transistor transconductances affect Josc negligibly.
Since it is difficult to vary the value of monolithic inductors, we simply change the tank
capacitance to tune the oscillator. Voltage-dependent capacitors are called “varactors.”®

A reverse-biased pn junction can serve as a varactor. The voltage dependence is

7 BThe term “varicap” is also used.
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Figure 6.52 Differential stage with wide tuning range.

expressed as

C
Crar = ———— (6.72)

Ve m'
(1+$§)

where C} is the zero-bias value, Vi the reverse-bias voltage, ¢p the buili-in potential of
the junction, and m a value typically between 0.3 and 0.4.° Equation (6.72) reveals an

important drawback of 1.C oscillators: at low supply voltages Vg has a very limited range,

yielding a small range for €4, and hence for f ;.. We also note that to maximize the
tuning range, constant capacitances in the tank must be minimized.

As an example, suppose in Eq. (6.72), ¢ = 0.7V, m = 0.35, and Vg can vary
from zero to 2 V. How much tuning range can be achieved? For Vg = 0, C; =Gy
and fosemin = 1/(27/LCy). For Vg = 2V, C; =~ 0.62C, and fose oz =
1/(2m/L x 0.62Cy) ~ 1.27 fo5¢,min- Thus, the tuning range is approximately equal to
27%. As explained later, the parasitic capacitances of the inductor and the transistor(s)
further limit this range because they cannot be varied by the control voltage.

Let us now add varactor diedes to a cross—coupled EC oscillator (Fig. 6.53). To avoid

' forward-biasing [}y and Ds significantly, V,4,: must not exceed Vi or V- by more than a

Figure 6.53 LC oscillator using varactor diodes.

9Note that m = 0.5 for an abrupt junction, but pn junctions in CMOS technology are not abrupt.
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few hundred millivolts. Thus, if the peak amplitude at each node is 4, then 0 < Veon: <
Vop — A + 300 mV, where it is assumed a forward bias of 300 mV creates negligible
current. Interestingly, the circuit suffers from a trade-off between the cutput swing and the
wuning range. This effect appears in most LC oscillators.

Note that, since the swings at X and Y are typically large (e.g., 1 Vyp at each node),
the capacitance of Dy and Dy varies with time. Nonetheless, the “average” value of the
capacitance is still a function of V.., providing the tuning range.

How are varactor diodes realized in CMOS technology? Lllustrated in Fig, 6,54 are two
types of pn junctions. In Fig. 6.54(a), the anode is inevitably grounded whereas in Fig.

] Y T

Side
View
A
p-subsirate - p-substrate
Top
View

(a) (b)
Figare 6.54 Diodes realized in CMOS technology.

6.54(b), both terminals are floating. For the circuit of Fig. 6.53, only the floating diode can
* be used. To increase the capacitance of the junction, the p* and n' areas (and hence the
n-well) are enlarged.

Upon closer examination, the structure of Fig. 6.54(b) suffers from a number of draw-
backs. First, the n-well material has a high resistivity, creating a resistance in series with
the reverse-biased diode and lowering the quality factor of the capacitance. Second, the n-
well displays substantial capacitance to the substrate, contributing a constant capacitance
" to the tank and limiting the tuning range. The diode is therefore represented as shown in
Fig. 6.55, where C,, represents the {voltage-dependent) capacitance between the n-well

IC
;n

b Figure 6.55 Circuit model of the varactor shown in Fig. 6.54(b).
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and the substrate. .

In order to decrease the series resistance of the structure shown in Fig. 6.54(b), the p* -
region can be surrounded by an ™ ring so that the displacement current flowing through
the junction capacitance sees a low resistance in all four directions {Fig. 6.56(a)]. Since a
single minimum-size p™ area has a small capacitance, many of these units can be placed in

(a) )

Figure 6.56 (a) Reduction of series resistance by surrounding the p™ region by an nt ring, (b)

“several diodes in parallel.

parallel [Fig. 6.56(b)]. The n-well, however, must accommodate the entire set, exhibiting
a large capacitance to the substrate.

It is instructive at this peint to examine the unwanted capacitances in the circuit of Fig.
6.33, i.e., the components that are not varied by V,,ne. We identify three such capacitances:
(1) the capacitance between the n-well and the substrate associated with D and Ds; (2)
the capacitances contributed by the transistors to each node, i.e., Cap, 2Cap (the factor of
2 arising from Miller effect!?), and Cpg; and (3) the parasitic capacitance of the inductor
itself. Monolithic inductors are typically implemented as metal spiral structures (Fig. 6.57)
having relatively large dimensions (S = 100-200 pm). Their capacitance to the substrate

Figure 6.57 Spiral inductor structure.

is therefore quite large.

1075 circuit simulations, Ct, is replaced by a diode having proper junction capacitance.

11 the gate and drain voltages vary by equal and opposite amounts, the Miller multiplication factor is equal
to 2 regardless of the small-signal gain,
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In Fig. 6.53, it is desirable to connect the anode of the diodes to nodes X and Y, thereby
eliminating the parasitic n-well capacitances from the tank. Shown in Fig. 6.58 is a topol-
ogy allowing such a modification. Here, the cross-coupled pair incorporates PMOS de-

Voo
¥

Veont o—4

Dy D,
X Y

I

Figure 6.58 Negative-G, oscillator using PMOS devices to eliminate n-well capacitance from the.

tanks.

vices, providing swings around the ground potential. However, owing to their lower mo-
bility, the PMOS transistors must be wider than their NMOS counterparts so as to exhibit
the same transconductance. This increases the second component mentioned above.

The design of low-noise CMOS LC oscillators with acceptable tuning range is still a
topic of active research. Issues such as phase noise and inductor and varactor design con-
tinue to intrigue researchers. MOS varactors have also been investigated as an alternative
to pn junctions.

6.5 Mathematical Model of VCOs

The definition of the voltage-controlled oscillator given by Eq. (6.35) specifies the rela-
tionship between the control voltage and the output frequency. The dependence is “mem-
oryless” because a change in V., immediately results in a change in wyy;. But how is
the output signal of the VCO expressed as a function of time? To answer this question, we
must review the concepts of phase and frequency.
Consider the waveform Vp(t) = V,,, sinwgt. The argument of the sinusoid is called the
“total phase” of the signal. In this example, the phase varies linearly with time, exhibiting
a slope equal to wy. Note that, as depicted in Fig, 6.59, every time wqt crosses an integer
multiple of m, V; (¢) crosses zero.
"Now consider two waveforms Vi (t) = Vi, sin[¢h (¢)] and Va(t) = Vi, sin[¢a(t)], where
S 1(t) = wit, @2 () = wat, and wy < we. As illustrated in Fig. 6.60, ¢z (t) crosses integer
multiples of n faster than ¢; (¢) does, yielding faster variations in V5 (t). We say Va(%)
- accuntulates phase faster.
. The above study reveals that the faster the phase of a waveform varies, the higher the
frequency of the waveform, suggesting that the frequency'? can be defined as the derivative

- '12The quantity w = 2x f is called the “radian frequency™ (and expressed in rad/s) to distinguish it from f
. {expressed in Hz). In this book, we call both the frequency, bat use w more often to avoid the factor 27,
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~ Y

~

Figure 6,59 Tustration of phase of a signal.

Figure 6.60 Variation of phase for two signals.

of the phase with respect to time:

w= gg {6.73)

Figure 6.61(a) shows the phase of a sinusoidal waveform with constant amplitude as a
function of time. Let us plot the waveform in the time domain. Taking the time derivative
of ¢(t), we obtain the behavior illustrated in Fig. 6.61(b). The frequency therefore peri-
odically toggles between w; and we, yielding the waveform shown in Fig. 6.61(c). (This
is a simple example of binary frequency modulation, called “frequency shift keying” and
utilized in wireless pagers and many other communication systems.)
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Figure 6.61 Qutput phase of an oscillater.

Equation {6.73) indicates that, if the frequency of a waveform is known as a function of
time, then the phase can be computed as

= f wdt + ¢y. (6.74)

In particular, since for a VCO, wey: = wo + Kveo Veont, we have
Vit (8) = Vi €08 ( [ Woutdt + o) - (6.75)
= Vi cos ot + Ky oo f Veontdt + o). (6.76)

Equation (6.76) proves essential in the analysis of VCOs and PLLs.'3 The initial phase ¢y
" is usually unimportant and is assumed zero hereafter.

The conirol line of a VCO senses a rectangular signal toggling between Vj -and 15 ata
period T,,,. Let us plot the frequency, phase, and output waveform as a function of time.
© Since woui = wo+Kv oo Veont, the output frequency toggles between wy = wo+KveooVi

and we = wy + Ky oo Ve (Fig. 6.62). The phase is equal to the time integral of this result,
rising linearly with time at a slope of w for half the input period and ws for the other half.
“The output waveform of the VCO is similar to that shown in Fig. 6.61. Thus, a VCO can
operate as a frequency modulator,

13Note that Ko cannot be brought out of the integral if the characteristic is nonlinear.
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Figure 6,62 Output waveforms of an oscillator.

As explained in Chapter 8, if a VCO is placed in a phase-locked loop, then only the
second term of the total phase in Eq. (6.76) is of interest. This term, Ky oo f Veonedt, is
called the “excess phase,” @.,. [n fact, in the analysis of PLLs, we view the VCO as a
system whose input and output are the control voltage and the excess phase, respectively:

‘?5&:.: = KVC’O/Vcontdt- (677)

That is, the VCO operates as an ideal integrator, providing a transfer function:

@efc KVCO
5) = . (6.78)
Vcont( ) 8 :

As an example, suppose a VCO senses a small sinusoidal control voltage Vepnt =
Vin COS Wi t. We determine the output waveform and its spectrum. The output is expressed
as

Vout () = Vg cos(wot + Kveo [ Veonsdt) (6.79)
o Vi |
= Vp cos(wot + Ky oo — sinwmnt) (6.80)
Wy
Vin . "
= Vg coswpt cos(Kvgow— 8N Wy, t) (6.81)

. . Vin .
—Vjp sin wot sin( Ky oo —= sit wppt ).
Wm
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If Vi, is small enough that Kv oo Vi, fwm < 1 rad, then

Vout (t) = Vo coswot — Vo (sinwot) (Kveo Z—m 8in W t) (6.82)
K .
= W coswgt — '%M[COS(LUQ — wm}t — cos{wp + wy)t]. (6.83)

The output therefore consists of three sinusoids having frequencies of wp, wp — wm, and
wp + wWm. The spectrum is shown in Fig. 6.63. The components at wy £ w,, are called
“sidebands.” '

o Iy

W0, O Ogt®, o

Figure 6.63 Appearance of sidebands at VCO output.

The above example reveals that variation of the control voltage with time may create
unwanted components at the output. Indeed, when a VCO operates in the steady state, the
control voltage must experience very little variation.’® This issue is studied in Chapter 8.

A common mistake in expressing the phase of signals arises from the familiar form
Vi coswot. Here, the phase is equal to the product of frequency and time, creating the
impression that such equality holds in all conditions, We may even deduce that, since the
output frequency of a VCO is given by wy + KveooVeont, the output waveform can be
written as Vy,, cos[(wo+ Kv oo Veont)t]: To understand why this is incorrect, let us compute
the frequency as the derivative of the phase:

d
w= E[(wo + KvooVeont )] (6.84)
dv,
= Kyco ;:mf + wo + KveoVeont- (6.85)

The first term in this expression is redundant, vanishing only if dV,,s; /dé = 0. Thus, in
 the general case, the phase cannot be written as the product of time and frequency.

Our study of VCOs in this section has assumed sinusoidal cutput waveforms. In prac-
tice, depending on the type and speed of the oscillator, the output may contain significant
harmonics, even approaching a rectangular waveform. How should Eq. (6.76) be modified
in this case? We expect that-V,,,;(t) can be expressed as a Fourier series:

Vout(t) = Vi cos(wol + ¢1) + Va cos(2wot + ¢a) + . (6.86)

We also note that if the (fundamental) frequency of a rectagular waveform is changed by
Af, the frequency of its second harmonic must change by 2A f, etc. Thus, if Viyns varies

14Except when the VCO senses a signal to perform frequency modulation.
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by AV, then the frequency of the first harmonic varies by Kv oAV, the frequency of the
second harmonic by 2Ky oAV, etc. That is,

Vout (t) = Vi cos(wet+Kveoo / Veontdt+81)+V3 cos(2wot+2Kveoo f V;:antdt‘f‘gz.)-l-'-.-'

(6.87)
where 0y, 03, - - - are constant phases necessary for the representation of each harmonic in
the Fourier series expansion, _

Equation (6.87) suggests that the harmonics of an oscillator output can be readily taken.
into account. For this reason, we often limit our calculations to the first harmonic even
though we may draw the waveforms in rectangular shape rather than sinusoidal shape.
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CHAPTER 7

LC Oscillators

Having developed oscillator fundamentals in Chapter 6, we focus in this chapter on one
type that has become increasingly more popular, namely, LC oscillators. Despite their im-
ited tuning range, such oscillators continue to penetrate various applications because (a)
their behavior has been gradually demystified through extensive research in RF design; (b)
they provide large output swings (i.e., high slew rates) at high frequencies; (c) they can po-
tentially operate from lower supply voltages than ring oscillators can; and (d) they exhibit
substantially less phase noise than ring oscillators do.

This chapter deals with the design of various LC oscillator topologies amenable to in-
tegration in BICMOS and CMOS technologies. We begin with an overview of monolithic
inductors and varactors. Next, we study the design of differential LC VCOs. Finally, we
analyze multiphase and distributed oscillators.

‘7.1 Monolithic Inductors

The performance of L.C oscillators heavily depends on the guality of inductors and varac-
tors. We are fortunate to inherit the vast body of knowledge developed on this subject in
‘RF design,

As mentioned in Chapter 6, monolithic inductors are typically realized as spiral struc-

tures. The mutval coupling between every two turns results in a relatively large inductance

per unit area. For example, a straight 500-pm line exhibits an inductance of roughly (0.5
nH whereas, if converted to a spiral of the same total length, it provides an inductance of
about 1 nH (Fig. 7.1). The design of the inductor seeks to maximize the ¢} and minimize
the parasitic capacitance. The area consumed by the inductor is also of concern in some
applications.

The calculation of the inductance of a spiral is not straightforward. Various accurate
[1] and approximate [2, 3] methods have been proposed. A physics-based expression that
exhibits less than a few percent of error is given in [4] and can be reduced to the following
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e} S o I
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/=500 pm =56 um,W=3pm
L=0.5nH L=1nH
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Figure 7.1 Inductance of a wire as a straight or spiral structure.

for a square spiral:

| 1
p= bl ln—l—-ﬁ0.2~0.47N+(N—l)(ln(\/1+k2+k)—\/1+%+E)],

21 NW +1)
AN,

where, with the notation in Fig. 7.1,

s = 47 x 1077 H/m is the vacuum permeability,

[ = (4N + 1)[dsn + N(W + )] is the total length of the spiral wire,’

t is the conductor thickness,

N is the number of turns,

E=3/4ANN + )W + 5)].

The value of inductance depends on primarily two parameters: the number of turns and
the diameter of each turn. But the line width and spacing also affect the results because
they determine how many turns and with what diameters can be accommodated in a given
area. For example, in Fig. 7.2, Ly > L, because each turn of L encloses a greater amount

| TR

S T G B S b O 0

Figure 7.2 Relationship between inductance and linewidth.

LThis equation holds for an integer number of turns, More general expressions are given in [4].
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of magnetic flux than its counterpart in L.

7.1.1 Loss Mechanisms

Let us now consider the nonidealities that limit the ¢} of inductors. Recall from Chapter
6 that the finite {} of an LC tank manifests itself as a decaying impulse response because
of the energy loss in every cycle. We must therefore identify sources of dissipation in an
inductor and its environment.

The first oss mechanism relates to the series resistance of the metal wire comprising the
spiral. This resistance arises from two components: one due to the low-frequency resistivity
of the metal and another resulting from skin effect. With a sheet resistance of 30 to 70
m$}/0, metal interconnects in VLSI technologies seriously limit the () at low frequencies,
necessitating wide lines. Figure 7.3(a) illustrates an example where a 2-nH inductor is

Ry Am
iso b 10,000 -
9000 -
16.0 - 5000 -
14.0 - 7000 |-
12.0 1 6000
5000 -
100 4000 |-

8.0 : , b — 3000 -

w 3 4 5 6 7 W
(1m) {um)
(@ ()

- Figure 7.3 Dependence of (a) series resistance and (b) area of inductors on linewidth and number
~ of turns.

designed with various line widths for N = 4 and N = 5. Note that, to obtain a given

" - inductance, B (the outer dimension) is adjusted as W varies (but S is kept constant). We

- make two important observations. (1) For a given N, the low-frequency resistance, Rg,
. becomes a weaker function of W as W increases because a wider line inevitably requires
. a greater length if the inductance must remain unchanged. In other words, beyond W =
5 pm, doubling W reduces Rg by less than twofold. (2) For a given W, the value of Ry is
- . avery weak function of V; i.e., the total length of the spiral, I, is quite independent of N.

Increasing W yields a greater area and hence a larger capacitance for the inductor. The
- reader can show that the area of a square spiral (excluding the gaps and the inner hole) is
.- given by

Am=ANW[B-W — (N = 1)(S+ W)} (7.2)
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Figure 7.3(b) plots the area of the inductor for the 2-nH example, revealing a relatively

linear dependence on W. Note that, for a given W, A,, remains relatively constantas N -

varies from 4 to 5. This is to be expected because Fig. 7.3(a) implies that the total line
length is constant. : _

The series resistance due to skin effect manifests itself at high frequencies. The skin
depth of aluminum is approximately equal to 1.4 ym at f = 10 GHz. For a straight wire, '
the resulting sheet resistance is given by '

Rskz’ﬂ = g:

13)

where p denotes the resistivity and 4 the skin depth:

p i
o= P 74
— ( )_

Rskiﬂ. =y ﬂ'fpﬂ' (75)

In a spiral structure, on the other hand, the proximity of adjacent turns leads to a complex
current distribution. Interestingly, such current distribution also changes the irnductance
value because the area and hence the magnetic flux enclosed by each turn change. For
example, as shown in Fig. 7.4, the current may concentrate at the edges of the wire even

That is,

e S——

=

Figure 7.4 Distribution of cusrent at high frequencies.

if the line is quite wide. Thus, accurate modeling, especially at frequencies above 10 GHz,
may require electromagnetic field simulations.

The second loss mechanism arises from the capacitance between the inductor and the
substrate and the substrate resistance. Illustrated in Fig. 7.5, this phenomenon lowers the
(@ because, as the potential at each point on the inductor varies with time, the displacement
current generated in the capacitance flows through the substrate resistance. Note that if the
resistance were zero or infinite, no loss would occur.

The third loss mechanism relates to magnetic coupling between the inductor and the
substrate. Recall from basic electromagnetics that Lenz’s law states: The current induced
by a magnetic field generates another magentic field that opposes the first field. Thus, as the
carrent throngh an inductor varies with time, it creates an “eddy” current in the substrate
(Fig. 7.6). Again, since the substrate resistance is neither zero nor infinite, some of the
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Figure 7.6 Substrate loss due to magnetic coupling.

inductor energy is lost in the form of heat.

It is possible to view the above phenomenon as transformer coupling, with the induc-
tor and the substrate acting as the primary and the secondary, respectively [Fig. 7.7(a)].
- Constructing the equivalent circuit of Fig. 7.7(b) and assuming a mutual inductance of M

e T R RTT

=
= Rsun

(@)

b)

Ly

()

hhk

E"'?sub

. Figure7.7 (a) Magnetic coupling viewed as transformer action, (b) equivalent circuit, (c) simplified

model.

“between the inductor and the substrate, we have

I/in = Llsfm + MSIQ,

_RsubI2 =lIslns+ MSI;.,”

(7.6)
a.n
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Thus,
Vin o M?s? ' o
I’iﬂ. 18 Rsub + L23 ( )
If Ly = Ly = M (i.e., complete magnetic coupling to the substrate), then
Vin -
7 = Lasl Bous, (7.9)

vielding the equivalent circuit of Fig. 7.7(c). Thus, to the fixst order, the substrate resistance
appears in parallel with the inductor, reducing the ¢}

Equation (7.8) provides more insight if we consider an extreme case where Ry is
small, e.g., Rsut € |L25]. We can then factor L5 out and approximate the result as

Vi M? M2
=L - — iy & 7.10)
Ii ( 1 L2 }3 + L% R b ( ) .
Thus, eddy currents reduce the equivalent inductance as well.

All of the above three losses become more significant as the frequency rises: (a) skin.

effect is proportional to /f; (b) the impedance of the capacitors in Fig. 7.5 drops with f;

and (c) the quality factor of the equivalent circuit in Fig. 7.7(c), @ = Ryup/(Lw), also

falls with f. Consequently, each inductor design must be optimized for a certain frequency

range. _ 7
It is instructive to study the impact of the substrate resistance on the (). Let us begin with

" capacitive coupling and consider the simple circuit in Fig. 7.8(a). The reader can show that

the power dissipated in R, is given by

P sub
+ =C
Vin sub
Rsub

1 Rsub
Csub ©

(a) ®

Figure 7.8 (a) Circuit to compute substrate loss, (b) loss as a function of substrate resistance.

2 2
Rsubcsubw 2
RZ,C2 w2 4+17"

sub~’a

Poup1 = (7.41)

Plotted in Fig. 7.8(b), Psyp reaches a maximum for Rgup1 = (Csupw) L. Thus, low loss
mandates operating well below or well above J.,51 . Since at high frequencies, the term
(Csupw) ™! is relatively small, it is preferable to choose a high value for Ryp so as t0
minimize the loss.
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For magnetic coupling, the simple result expressed by Eq. (7.9) also suggests that the
substrate resistance must be maximized. For this reason, lightly-doped substrates have be-
come popular in RF and high-speed circuits utilizing inductors—even though they are-more
prone to latch-up than heavily-doped substrates are.

7.1.2 Inductor Modeling

With the nonidealities studied above, we can now develop a circuit mode! for monolithic
- inductors. This task poses two issues: (1) both the inductor and the substrate are three-
dimensional distributed structures and can only be approximated by a lnmped model; (2)
some parameters such as the inductance and skin depth vary with frequency, making it
difficult to fit the model in a broad bandwidth. For most oscillators, a narrowband model
suffices. For broadband circuits employing inductive peaking, the model must be accurate
- near the upper end of the band (Chapter 5).
* Let us begin with a model embodying metal losses. Shown in Fig. 7.9(a), a series resis-

L, Rs fp -
e —f e
Ly

(2) (b

Figure 7.9 (a) Series and (b) parallel models of an inductor.

tor can represent both low-frequency and skin resistance. If Eg is independent of the fre-
quency, then the model is valid for a limited range. The loss can alternatively be modeled
by a paralle] resistance [Fig. 7.9(b)] because, as explained in Chapter 6, the two networks
are equivalent for a narrow frequency range.

Some broadband circuits may require that the variation of the skin resistance with fre-
" quency be included in the model. First, consider an extreme case where the model must
be valid at only dc and at a high frequency. As depicted in Fig. 7.10(a), we select a series
- resistance, Rg1, equal to that due to skin effect and shuns the combination of Bg; and L,

Ly
) a
o Rsa Rer ' ‘ o
(a} (b) ©

Figure 7.10 (a) Simple mode! including frequency-dependent resistance, (b) view of a conductor
... at high frequencies, (c) resulting skin effect model.

i _with a large inductor, L». We then add g in series to model the low-frequency resistance
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of the wire. Thus, at high frequencies, Lo is openand Rg; + Rgs embody the overall loss, :

and at very low frequencies, L is a short and the network reduces to Egs. N
The foregoing principle can be extended to broadband modeling of skin effect [5]. De- ' ..
picted in Fig. 7.10(b) for a coaxial cable, this approach views the signal line as a set of

concentric cylinders, each having some (low-frequency) resistance and inductance, arriv-—"

ing at the circuit in Fig. 7.10(c) for one section of the distributed model. Here, the branch
consisting of R; and L; represents the impedance of cyhnder number j. At low frequen-

cies; the current is umformly distributed through the conductor and the model is reduced to . :

Ry||Rz|] - -+ || Rn [5). As the frequency increases, the current moves away {rom the inner
cylinders, an effect modeled by the rising impedance of the the inductors in each branch. :
In (5], a constant ratio R;/R;41 is maintained to simplify the model while achieving'a -
reasonable agreement between the simulated and measured transient behavior of coax1al i+
lines. ‘

The key feature of this method is that it reduces the problem of skin effect to the cal-
culation of low-frequency resistances and inductances. In this book, we confinue with the
simple model of Fig. 7.9(a) because, along with other effects added below, it provides a
reasonable approximation for most circuits of interest.

We now add the effect of capacitive coupling. Figure 7.11(a) shows a one-dimensional

Li  Rg Ly Rsp

subm

Csunz
Rsub1

Figure 7.11 Indictor model including (a) capacitive coupling to the substrate, and (b) magnetic
coupling to the substrate.

uniformly distributed model, where the total inductance and series resistance are decom-
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posed into equal segments Ly, --+, Ly (L1 + --- + Ly = L) and Rgy, -+, Rgy
(Rs1 + -+ + Bsn, = Rgiot), respectively.? The nodes in the substrate are connected

" 1o each other by Rsupt, -+, Hsubn and to ground by Ry, -+, Regyp. The total ca-

pacitance between the spiral and the substrate is decomposed inte Cyup1, -+, Csubn
(C:mbi +-+ Csulm = Csubtot)

Let us mclude the effect of magnetic losses. This is accomplished as shown in F1g
7.11(b), where each inductor segment is coupled to the substrate through a transformer.
Proper choice of mutual coupling and R, allow accurate representation of this type
of loss. In practice, the capacitance between different nodes in the substrate must also be
inciuded, leading to the network depicted in Fig. 7.11(b).

The model developed thus far is relatively complete but quite complex, malking it dif-
ficult to fit the values of various parameters to the data obtained from inductor measure-
ments. For this reason, more compact models have been proposed that more easily lend
themselves to parameter extraction and fitting. Figure 7.12(a) shows an example where
the distributed network of Fig. 7.11(b) has been converted to a lumped circuit and the

L Rg
a
Cq I I(‘,‘2
& R R c -
3 I s1 s2 I 4 1 ’

() (b)
Figure 7.12 (a) Compact inductor model, (b) variation of the .

* transformer coupling is omitted. Such a representation is justified because it fits measured
inductor characteristics with reasonable accuracy. This model also predicts the @ variation
shown in Fig. 7.12(b): at low frequencies, the inductor impedance is small and the () is
limited by s; at high frequencies, Cy and s allow Rg; and Rgs to appear in parallel
with the inductor, lowering the (.

An inaccuracy resulting from the model of Fig. 7.12(a) arises if one end of the inductor,
e.g., theright end, is grounded. The model predicts that in this case the parasitic capacitance
" consists of € and C5, which are usually assumed to be equal to Cs and Cy, respectively.

- In reality, however, if the right end is grounded, then, owing to the distributed nature of

the capacitance, Cy and Cy must be only one-third of the overall vatue [7]. This point
~exemplifies the utility of distributed models.

We should mention that spiral inductors contain two other parasitic capacitances. Ilins-

- trated in Fig. 7.13(a), the first results from the underpass wire connecting the inner end of

* the inductor. The model is modified as shown in Fig. 7.13(b) to include this effect. The

. second capacitance component arises from the fringe field between adjacent turns [Fig.

: 2A more accurate model would include mutuat couplmg between every two segments as well. In that case,
"Lty = Ly 4+ 4+ L + nM.
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@ ) ©

Figure 7.13 (a) Overlap capacitance associated with the underpass, (b) inductor model reﬂectiﬂg -
the overlap capacitance, (c) interwinding capacitance.

7.13(c)}. While the effect of this component can be embodied in g, it is usnally negli-
gible because the potential difference between adjacent turns is small and, therefore, so is
the electric energy stored in the fringe capacitance.

7.1.3 Inductor Design Guidelines

The design of monolithic inductors is a complex task, often requiring optimization pro-
grams. Nonetheless, some general principles can be followed to arrive at a “first cut.”

For a given inductance, different combinations of line width, number of turns, and outer
dimension can be used, leading to a large design space. However, the dc resistance of the
inductor, Ry, often constrains the choice of these values. In particular, the line must be
sufficiently wide so that R, does not significantly limit the (). For example, if seeking an

overall () of 5, we may choose Lw/Rg. = 10, assuming that other losses lower the Q to
the target value. This choice in turn narrows down the design space.

The inner turns of a spiral contribute little inductance while suffering from aLl of the
loss mechanisms. More importantly, as shown in Fig. 7.14, the currents flowing in opposite

Figure 7,14 Reduction of inductance due to currents flowing in opposite directions.

directions in these turns reduce the inductance. For these reasons, the first four or five inner
turns are usually removed. Also, the adjacent turns are typically spaced by the minimum
allowed by the technology. Increasing the spacing generally degrades the performance.”

3Except in symmetric inductors, to be discussed later in this section.
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In order to reduce the loss resulting from capacitive coupling to the substrate, a conduc-
tive “shield” can be placed under the inductor. As shown in Fig. 7.15(a), if the shield is held
at a constant potential, then the electric field lines produced by the inductor terminate on

Figure 7.15 (a) Addition of conductive shield to suppress loss due to capacitive coupling to sub-
strate, (b) effect on inductor, (c) patterned shield.

the shield and the displacement currents flow through a small resistance. Consequently, the
resistive loss is suppressed. However, a continuous shield introduces a low resistance for
eddy currents as well, acting as a short across the secondary of the equivalent transformer
[Fig. 7.15(b)]. Setting R, to zero in Eq. (7.8), we note that

= (L1 — 5)s. (7.12)

* In other words, a short across the secondary reduces the overall inductance—even to zero

M= Lo = L.

To resolve the above difficulty, the shield is broken periodically in the direction perpen-
dicular to that of the current flow [Fig. 7.15(c)]. The resulting gaps stop the eddy currents
" while contributing some lossy capacitive coupling to the substrate. Thus, the width of the

*. gaps is typically minimized, even at the cost of increasing the fringe capacitance between

adjacent sections of the shield. Note that the fringe capacitances appear in series with the
~ eddy current, thereby exhibiting a relatively high impedance and impacting the perfor-
mance negligibly. Depending on the frequency of operation and the inductance value, the
broken shield technique may increase the by 5 to 10%. Note that the shield creates little
. change in magnetic coupling; eddy currents continue to flow through the substrate.

-~ The type of the material to be used in the shield for maximum () has been debated.
- The following layers have been considered: n-well, silicided pt or nt diffusion, silicided
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polysiticon, and metal, with the parasitic capacitance increasing in the same order. Athigh .
frequencies, n-well or p* or nt diffusion may prove the optimum choice.

Inductor Structures We have thus far considered only square spirals. For a given value

of inductance, a circular spiral exhibits less length and hence a smaller resistance. The

circular structure is often approximated by an octagonal shape so as to facilitate generation
of masks used in the fabrication process (Fig. 7.16).

Figure 716 Octagonal inductor.

Another interesting modification of monolithic inductors is particularly suited to dif-
ferential circuits. Shown in Fig. 7.17(a), a symmetric structure of value L can replace two

L Rg L Rg

(b

Figure 7.17 (a) Symmetric inductor, (b) inductor driven by single-ended stimulus, (¢) inductor
driven by differential stimuli.

asymmetric inductors of value of L/2, thereby occupying less area. More importantly, dif-
ferential inductors generally exhibit a higher @ than their single-ended counterparts [6]. To
understand this property, we employ the compact model of Fig. 7.12, driving the inductor
by a single-ended or differential current source [Figs. 7.17(b) and (c)]. We note that in Fig.
7.17(b), the high-frequency resistance in parallel with the tank is equal to Ry Whereas in
Fig. 7.17(c) it is equal to 2 R.un.t Thus, the effect of substrate loss, as modeled by Rgubs
diminishes considerably for a differential stimulus. For frequencies in the range of tens
of gigahertz, differential structures provide Qs of around 10 and single-ended geometries
around 5 to 6. ’

In symmetric inductors, the interwinding (fringe) capacitance does become significant.
Consider the structure shown in Fig. 7.18(a), where the spiral is driven by differential
voltages and viewed as four segments in series. Modeling each segment by an inductor and

4Bquivalently, Rgyp appears in parallel with L /2.
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(2 (c)

Figure 7.18 (a) Symmetric inductor including interwindjng capacitance, (b} circuit model of in-
ductor, (c) voltage profile through the inductor.

including the fringe capacitance between the segments, we arrive at the representation in
Fig. 7.13(b). Note that symmetry creates a virtual ground at node 3. This model reveals
that C) and C; sustain large voltages, e.g., as much as Vi, /2 if we assume a linear voltage
profile from node 1 to node 5 {Fig. 7.18(c)]. Consequently, the self-resonance frequency
of symmetric inductors is typicafly limited by the interwinding capacitance rather than the
capacitance to the substrate. The line-to-line spacing may therefore be chosen several times
the minimum allowable value.

Circuits requiring large inductance values can incorporate “stacked” structures to save
substantial area. Depicted in Fig. 7.19 is an example, where two stacked spirals are placed

Metal 6

. Figure 7.19 Stacked inductor.

in series, yielding a total inductance equal to

Lyt = Ly + Lo + 2M. (7.13)
~ Since the lateral dimensions of the spirals are much greater than their vertical separation,.
Iy and Lo exhibit almost perfect magnetic coupling, i.e., M & L = Ly and Ly,; =2 4L

Similarly, n stacked spirals operating in series raise the total inductance by approximately
- a factor of n?.
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' In reality, the multiplication factor falls somewhat below n” for square spirals. This is

because the edges of one inductor that are perpendicular to the edges of the other provide

no mutual coupling [7]. Measurements indicate a multiplication factor of 3.5 forn = 2 [7].
The stacked structure of Fig. 7.19 suffers from capacitance between Ly and Ly and

between Ly and the substrate [Fig. 7.20(a)]. To reduce the effect of the latter, the end point

Metal 6

‘Substrate
(b)

Figure 7.20 Stacked inductor consisting of (a) metal 6 and metal 5 layers, (b) metal 6 and metal 3
layers.

of Ly is connected to ac ground. It can be proved that the equivalent capacitance of such a
configuration is given by [7]

_ 4 + Ca

- (7.14)

Ceq

Interestingly, the interlayer capacitance contributes four times as much as the bottom-layer
capacitance.® Thus, the overall capacitance can be reduced if C) is reduced, e.g.. by moving

the bottom spiral down [7]. lllustrated in Fig. 7.20(b), such a modification employs a lower

layer of metal, thereby lowering C., significantly. For example, in a technology with five
metal layers, moving Lo from metal 4 to metal 2 decreases C.q by a factor of 3.8 [7].

7.2 Monolithic Varactors

In Chapter 6, we introduced pn junctions as a candidate for voltage-dependent capacitors
required in VCOs. While used in both bipolar and CMOS technologies, such varactors
become less attractive at low supply voltages for two reasons. First, pn junctions suffer
from a limited tuning range that trades with nonlinearity in the C-V characteristic. As the
junction capacitance expression in Chapter 6 suggests, the capacitance varies slowly under
reverse bias and sharply under forward bias, thereby introducing significant nonlinearity in

5 Similar results hold for n stacked spirals [7]-
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the VCO characteristic. Second, at low supply voltages, it becomes increasingly more dif-
ficult to select the oscillator common-mode level and signal swings so as to avoid forward
biasing the diodes.

An alternative varactor that does not exhibit the above shortcomings is derived from
MOSFETs. With their ronmonotonic C-V characteristics (Fig. 7.21), regular MOSFETs

Cas

|
Accumulation | Strong Inversion

o VTH Vas

Figure 7.21 C-V characteristic of a MOSFET.

may serve as varactors if the VCO design guarantees the gate-source voltage remains in.

the monoionic region. However, the device suffers from a large source-drain resistance
in the vicinity of minimum capacitance due to the low carrier concentration in the chan-
nel. A simple modification resclves these difficulties. Called an “accumulation-mode MOS
varactor” and shown in Fig. 7.22(a), this structure resembles an NMOS transistor placed
inside an n-well. If V7 is below Vg, the electrons in the n-well are repelled from the sil-
icon/oxide interface and a depletion region is formed [Fig. 7.22(b)]. Under this condition,
the equivalent capacitance is given by the series combination of the oxide and depletion
. capacitances. As V7 exceeds Vg, the interface attracts electrons from the n™* source and
drain terminals, creating a channel [Fig. 7.22(c)]. The overall capacitance therefore rises
to that of the oxide, exhibiting the characteristic shown in Fig. 7.22(d). Since the material
- under the gate oxide is n-type, the concept of strong inversion does not apply here.

MOS varactors have proved quite useful in VCO design. While providing a dynamic

'- _ Tange, Cmaz/Cmin, 0f 2510 3 with =1V < Vg — Vg < +1V, these devices comfort- -

. ably tolerate both positive and negative voltages, allowing large VCO swings. In fact, the

- characteristic of Fig. 7.22(d) indicates that MOS varactors should operate with positive and
. negative biases so as to provide maximum dynamic range.

~ MOS varactors nevertheless suffer from a trade-off between the dynamic range and the

Q. 'This is because, for minimum channel iength, the gate-source and gate-drain overlap ca-

- pacitances of the device constitute a significant fraction of the overall capacitance, thereby
. limiting the tuning range. For example, in a typical 0.18-um CMOS technology with
- Cop 2 0.3 fF/um, Cyy & 10 fF/pm?, and L,y ~ 0.16 pum, the ratio of the total overlap

"+ capacitance to the oxide capacitance reaches 2 x 0.3 fF/pm/(10 pmx0.16 pm) = 37.5%.

To alleviate this issue, the channel length may be increased to about three times the mini-
mum value, lowering the above ratio to 10 to 15%.% This remedy, however, increases the

5T the @ of the inductor is high enough to necessitate a high varactor @ as well, then a minimum length may

" be mandatory here.
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Figure 7.22 (a) MOS varactor structore, (b) varactor in depletion mode, (b) varactor in accumula-
tion mode, {d) C-V characteristic.

resistance between the source and drain terminals (Fig. 7.23), thus degrading the Q.

p-substrate

Figure 7.23 Effect of channel resistance in MOS varactor.

Despite this trade-off, MOS varactors exhibit (}’s of several tens in the gigahertz range,
proving efficient means of frequency control, especially at low supplies.

7.3 Basic LC Oscillators

Our treatment of LC oscillators in Chapter 6 suggests that the negative-G,, configuration is -
well-suited to full integration even with low-@ inductors. In this section, we study several

variants of this topology.
Figure 7.24(a) shows the circuit of Chapter 6, including MOS varactors to achieve tun-
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(c)
Figure 7.24 LC VCO with (a) tail biasing, (b) tail biasing and capacitive coupling, (c) top biasing.

Veont ©

- ing. The principal drawback of this arrangement is that it does not exploit the full dynamic

. range of the varactors, Since the low dc drop across the inductors results in an output
common-mode level near Vpp, the gate-source voltage of the varactors remains positive
for Veon: < Vpp. To resolve this issue, the varactors can be capacitively coupled to the
oscillator, with their gate voltages defined independently [Fig. 7.24(b)]. For example, if
Vo = Vpp/2 and Ve varies from zero to Vpp, then the average voltage across the
varactors assumes values from —Vpn /2 to +Vpn/2.

In the circuit of Fig. 7.24(b), the coupling capacitors must be sufficiently large to present
the entire varactor capacitance to the tank. If Co = Coz = nCuarmaz, Where Cuar maz
denotes the maximum varactor capacitance, then the equivalent capacitance of the series
combination is given by

ncva.'r',mam Coar
nCvar,maa: + Cyar

Cly =

~ Cyur (1 _ C—“) . - (7.16)

nC‘var,maw

- Thus, the dynamic range of Cl, is less than that of Cy,,. For example if n = 5 and
i C'uar min < Ovar < Cvar mag- then C"va.r min < Ceq < 0. 8301.:&7‘ maz-

(7.15)
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While it is desirable to use large coupling capacitors, their bottom-plate parasitic loads
the tank, both lowering the oscillation frequency and limiting the tuning range. Illustrated
in Fig, 7.25(a), typical metal sandwich capacitors suffer from a bottom-plate parasitic of

B A
(=3 0
Metal 6

Side View Top View

Metal 5 Metal 6 [ 1 E1 ] L bR B O I

Metal 4 Metal 5 OFECOE LT
Metal 4 [ 1 [C] [ (O] (2
Metal 3 Metal 3 [ [T EI L1 EID]
Substrate
Substrate
(a) )

Figure 7.25 (a) Metal sandwich capacitor, (b) fringe capacitor.

_about 15%. With n = 5, Up may reach 0.75Cyar,maq. contributing a large amount of
fixed capacitance to the tank. In this respect, the “fringe capacitor” shown in Fig. 7.25(b)
[8] proves a better choice as its bottom-plate parasitic typically falls below 5%.

A VCO topology that avoids capacitive coupling is shown in Fig. 7.24(c). Here, the
output common-mode level, Vo, is equal to the equilibrium gate-source voltage of M,
and M>, i.e., when they carry equal currents. Since Vs can be set to approximately
Vb /2, the MOS varactors sustain an average voltage of —Vpp /210 +Vpp/2 as Vione
goes from 0 to Vpp.

A drawback of this oscillator is that the noise current of the top current source flows
through M; and Ma,, modulating the voltage across each capacitor and hence raising the
phase noise. The topologies of Figs. 7.24(a) and (b) are free from this effect because L; and
Lo provide a low-impedance path to Vpp for the low-frequency noise of the tail current
source. ' :

Another differential VCO configuration is depicted in Fig. 7.26. Here, the cross-coupled

T b

Isg

Figure 7.26  VCO using PMOS and NMOS devices to equalize rise and fall times.

PMOS devices allow more symmetry between the rise time and fall time of the waveforms
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at nodes X and Y, reducing the upconversion of flicker noise [12]. However, the low
~ mobility of PMOS transistors translates to wide devices, especially at low supply voltages,
thereby increasing the device capacitances and limiting the tuning range. Note that when
Vx = Vy, we have Vpp = |Vasp| + Vigswy + Vigs, where Vigg is the voltage required
across Igg. Thus, the NMOS and PMOS transistors must be wide enough to exhibit a low
gate-source voltage. '

7.3.1 Differential Control

As the supply voltage of each new generation of submicron technologies scales down, the
gain of LC VCOs must scale up. Hlustrated in Fig. 7.27, this behavior arises because the

Wout

Ve
Figure 7.27 Increase in VCO gain as a result of supply scaling.

VCO must provide a tuning range commensurate with the standard and the expected pro-
cess and temperature variations. In other words, while supply scaling lowers the maximum
value of Voo from Vo to Vi, the range [wy wa] is fixed, yielding a greater Kvoo.

The inevitable increase in Ky ¢ results in a higher sensitivity to the noise that may be
injected onto the control line by the environment. For example, in CDR and PLL circuits
used in OC transceivers, the control line is typically connected to a large off-chip capacitor,
potentially picking up noise through the external interconnects. It is therefore desirable o
design VCOs with differential control. Figure 7.28 shows an example [9], where two sets
of MOS varactors control the frequency. From the C-V characteristics of Fig. 7.22(d),

Voo
o x v[ |
vc;:?}f ME‘-LEE FX_I%_EJ-EMZ%T?W
Veont ©

Figure 7.28 LC VCO with differential control.

we note that the capacitance of M and M, decreases as V!, rises and that of M3 and

. My also decreases as V., falls. In other words, the oscillation frequency increases with
AN -

cont ~ Ycont-
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To study the common-mode rejection of the circuit, we first assume V)., = V.5, =
Vo, xv, where Vo, xy denotes the CM level at nodes X and Y. Under this condition,
the average gate-source voltage of each varactor is zero [point A in Fig. 7.29(a)} and a
small change, AV,in V,} . = V7, vields equal and opposite changes in the capacitances

of M1-Ms and M3-M,. Thus, the oscillation frequency remains constant.

cvar CVEI'

-AV +AV Vos iV Ves
V= AV Vy+AV

(2) ' (h)
Figure 7.29  Effect of nonlinearity on CM rejection of a differentially-controlled oscillator.

Now suppose V:{mt = Vou,xy + Vi and V., = Vour, xy — V1, placing the varactors
at point B in Fig. 7.29(b). In this case, if the CM level of V;::-t')-n.t and V., changes by AV,
then the varactor capacitances change by unequal amounts, AC) and AC,, perturbing the
oscillation frequency.

The above study indicates that the CM rejection of differentially-controlled oscillators
degrades as |V}, — V.| increases and the C-V characteristic becomes more nonlinear.
In practice, the circuit may reject the CM noise by only about 10 dB if |V}, — V.5, is
raised to maximize the tuning range.

Differential oscillator control typically necessitates the use of a differential charge

pump, a circuit difficult to design if it must provide a nearly rail-to-rail output voltage

range. This is becanse the feedback loop defining the output CM level of the charge pump

cannot properly sense large differential voltages. Shown in Fig. 7.30 is an example. Here,

s Up —[* *J—Down
: Il f vl
¢ m, L L Cr
P1; | Me 'vo b TP

| Downo—{ ut>] ]—OUp
!1
Mg My 4

Figore 7.30 Differential charge pump with CM feedback.

two single-ended charge pumps are driven by Up and Down pulses, with their output CM
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level sensed by M, and M and fed back to M. Determined by the charactristics of M,
and My, the CM level settles such that the average current drawn by M, and M5 is equat
to that provided by Mz and M.

The principal issue in the CM feedback of Fig. 7.30 is that, if Vx or Vy falls below
the threshold voltage of M, or M;, then the corresponding transistor turns off, failing to
sense the CM level. As a result, low supply voltages yield a narrow range for Vy and Vy,
limiting the tuning range of the VCO.,

In order to alleviate the above difficulty, a PMOS pair with an NMOS current mirror
can be added to the CM sense circuit to ensure that, as Vix or Vy approach 0 or Vpp, they
are sensed propeily by a PMOS or an NMOS device, respectively.

7.3.2 Design Procedure

With the above overview of different VCO topelogies, let us now outline a typical design
procedure specific to optical communication systems. The design of VCOs seeks to maxi-
mize the tuning range and minimize the phase noise with the knowledge of four parameters:
~ the load capacitance that the VCO must drive, the required output voltage swing, the center
frequency, and the power budget. The first two parameters are dictated by the environment,
often leading to the use of buffers [Fig. 7.31(a)]. In an optical receiver, for example, the
VCO must drive several flipflops in the CDR’s phase detector (Chapter 9), one flipflopin a

gglg Voo Qutput
! fpp ' * Driver
L - Phase .
L L T ™ Detector [ ™| LPF [ VCO ’>D
1 2 L Chut L
T cL R
X Y : FE

I_
£
-
i
3’
|

|9

oln

-

A

: (a) W)
Figure 7.31 (a)} Buffer capacitance seen by a VCO, (b) other circuits driven by a VCO.

frequency divider chain, two flipflops in the demultiplexer, and a 50-Q cutput driver [Fig.
7.31(b)]. Moreover, the voltage swings provided by the VCO must be large enough to al-
* low relatively complete switching of the differential pairs in the above circuits—especially
at high temperatures and slow corners of the technology. Consequently, the buffer in Fig.
7.31(a) must utilize high current levels and wide transistors as well, thus presenting a large
capacitance and imposing a minimum voltage swing on the oscillator core.
With the power budget and hence the value of Ipp in Fig. 7.31(a) known, the width
~ of My and M> is chosen so as to yield an average CM level of approximately Vpp /2 at
. nodes X and Y. Note that when Vy = Vy, My and M5 have equal gate and drain voltages,
.. sharing Ipp as if they were diode-connected devices. Under this condition, the transistor




234

Chap.7 - LC Oscillators

width is selected such that Vy = V3 = Vo /2. The small-signal transconductance of Ml o
and My, gma,2. is therefore known.

The next step is to determine the value of the tank inductors. To maximize the tuning
range, the inductance must be minimized. Recall from Chapter 6 that the loop gain must
exceed unity to ensure oscillation startup. Thus, the minimum allowable inductance, L. i,
exhibits an equivalent parallel resistance, By min, = @ LminWose, that places the circuit at
the edge of oscillation:

(gm1,2@Liminwosc)” = 1. ' (7.17)-
Assuming that for a given w,,., ) is relatively independent of the inductance, we obtain - -

1 o
Lopin = ——. 7.18
Gmi, 2QWose ( )

With L = L, however, the oscillation amplitude is quite small to maintain the unity
loop gain. If the amplitude grows, the transistor nonlinearities reduce the loop gain, violat-
ing Barkhauvsen’s gain criterion. Another difficulty arises from the variation of g, and ¢}
with process and temperature, possibly prohibiting oscillation at some corners.

From the above observations, we conclude that I and R, must sufficiently exceed L,;5n
and Fp min, Tespectively, to provide (a) the required voltage swings and (b) startup under
worst-case conditions. In most LC VCOs used in optical communication transceivers, the
former dictates the design, automatically guaranteeing the latter. To relate the output swing
to I1,, we recognize from the equivalent circuit shown in Fig. 7.32 that each of A/, and M;
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Figure 7.32  Voltage and current swings in a VCO.

carries an average current of I p /2. Thus, if the drain current waveforms are approximated
by sinusoids varying between zero and Ipp, then Vx and Vy swing from Vy — Ipp B, to
Vv + IppR,. With Viy = Vpp /2, and for largest swing, we bave IppR, = Vpp/2 and
hence

v
Rp,swz'ng = ﬁ%p (7-19)
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where Ry suinge denotes the minimum tank resistance yielding the maximum swing. The
corresponding inductance value is therefore equal to

Vop 1
2IDD Qwasc.

With the transistor dimensions and tank inductance value known, we must now compute
the varactor capacitance. Since

Lopt = (7.20)

1
W T ————)
% Avd Lopt Ctot

we identify all contributions to Ci,: (1) the capacitances of M4 and Ms, Cgs + Cpe +
4Ceqp:” (2) the parasitic capacitance of each inductor, Cj,q; and (3) the input capacitance
of the butfer, Cy, ;. it follows that '

(7.21)

1

2
woscLOPt

C’uafr = - (GGS + CDB + 4CGD) - Cind, - Cbuf- (722)

This equation provides the required center value of the varactor capacitance, but the dy-
namic range of C.r vields a certain tuning range that may or may not be adequate.

The foregoing procedure allows a rapid estimate of the oscillator design parameters,
" leading to a unique value for C,,, in Eq. (7.22). But what if the resulting tuning range
is insufficient or C,,, is negarive?! Such a case occurs if the inductance and/or the fixed
capacitances of the tank are excessively large. To widen the tuning range, either the induoc-
tance must be lowered, sacrificing the output voltage swing, or the buffer input capacitance
must be decreased, degrading the drive capability.

In the above methodology, the other important VCO parameter, namely, phase noise,
“does not appear to influence the design. Indeed, the requirements imposed by the environ-
ment and the simplicity of the circuit topology greatly tighten the design space, leaving
little flexibility in the choice of transistor and tank parameters. If the final design exhibits
unacceptably high phase noise, raising the power dissipation may become inevitable.

The calculation of phase noise in oscillators is an important task, The reader is referred
to the literature for a detailed treatment of the subject [10, 11, 12].

- 7.4 Quadrature Oscillators

A quadrature oscillator produces outputs having a phase difference of 80°. Used in “haif-

- rate” clock recovery circuits as well as in frequency detectors for random data (Chapter 9),

such oscillators can be realized with or without LC tanks. In this section, we study the LC

implementations. Tt is helpful to bear in mind that all voltage and current symbols in this
section denote small-signal quantities.

Let us first study the concept of “coupling” an external signal to an oscillator. Also

called “injection” and illustrated in Fig. 7.33(a), coupling entails perturbing the natural

TNote that each gate-drain overlap capacitance experiences a large-signal Miller multiplication factor of 2.
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Figure 7.33 (a) Injection of a signal into an oscillator, {b) small-signal model.

oscillation by an external stimulus. Here, M and M, convert V;,, to a differential current
and inject the result into the tanks. If V,,, has the same frequency as the natural frequency
of the oscillator, then the coupling may simply shift the phase of V,,; because the vector
summations {p1 + Ip3 and Ips + Ipg are affected by Vi,. This property is exploited-in
quadrature oscillators. The topology of Fig. 7.33(a) is an example of “unilateral” injection
because the coupling from V3, to V,,; is much greater than that from V,; to V;,. Note '
that the addition of signals in the current domain leads to the simple model shown in Fig.
7.33(b), where (7, denotes the transconductance of the differential pair, Z represents the
tank impedance, and — R is the negative resistance provided by the cross-coupled pair. At
the edge of oscillation, — R exactly cancels the loss in Z7. We call the ratio Ips/Ip4 (or
Ip1 /Ip3) the “coupling factor.”®

The principle behind quadrature generation is to couple two identical oscillators such
that they operate with a 90° phase shift. As depicted in Fig. 7.34(a), a fraction of each
osciliator’s output is injected into the other. Figure 7.34(b) shows the transistor-level im-
plementation, depicting unilateral coupling.

To understand the operation, we exploit the coupling model of Fig. 7.33(b) to construct
the equivalent circuit shown in Fig. 7.35. Writing the parallel combination of — R and Z7
as —RZr/(Zr — R), we have

—~RZ7

Gmlvi Zr— R =V (723)
—'RZT

GmaVi — V. - 7.24

Al — 1 (7.24)

Assuming V1, Vs # 0, and dividing (7.23) by (7.24), we arrive at:

GruVE — GmaVE = 0. (7.25)

8%ince these are small-signal quantities, they depend on both bias currents and device dimensions.
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Figure 7.34 (a) Two oscillators coupled to each other, (b) implementation of (a).
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Figure 7.35 Small-signal model of coupled osciliators.

This result predicts two important cases: (1) If G = Gmo, then Vi = £V5; ie, the
two oscillators operate with a phase difference of zero or 180°; (2) If G1p1 = —Gma, then
V2 + V32 = 0 and hence ¥V} = +jV4; i.e., the phase difference is —90° or +90°. We
call the two cases “in-phase coupling” and “antiphase coupling,” respectively. Figure 7.36

"7 depicts the two cases at transistor level. Note that the above conditions do not include the
- - Barkhausen’s criteria; they simply arise from the mutunal coupling of the oscillators.

7.4 In-Phase Coupling

While not directly of interest here, in-phase coupling provides a good starting point toward

_ " understanding the operation of coupled oscillators. To this end, we represent the voltages
.+ and currents by phasors. As depicted in Fig. 7,37, the differential voltages V4, Vg, Vo, and
i - Vp are denoted by equal and opposite phasors, and the drain currents of the transistors are
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Figure 7.36 Tllustration of (a) in-phase and (b) antiphase coupling.

Figure 7.37 Phasor diagrams for in-phase coupling.

aligned with these voltages because Ip = gn, Ve s.? We note that Tps and Tp; add at node

9We lump all transistor capacitances in the tanks and neglect phase shifts introduced in the channel itself.
Also, we assume the common-source point of cross-coupled and differential pairs experiences negligible voltage
excursions.
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- A and flow through the tank, thereby producing V4. In other words, since Ips = g,V
and In; = g Ve, wehave V4 o¢ —gim{Vo+ V). Since My inverts the signal from its gate
to its drain, the two oscillators approach a steady state where V4 = =V and Vg = —Vp.
That is, the injection from each oscillator augments the other.

In summary, in-phase coupling of identical oscillators forces their outputs to remain in
phase. As depicted in Fig. 7.38, the idea can be extended to multiple oscillators as well

Osci:lator » Oscilillator

Osciliator] | Oscillator
v ]

Figure 7.38 In-phase coupling of several oscillators.
[13].

7.4.2 Antiphase Coupling

Let us now study the case of antiphase coupling (Fig. 7.39). As with in-phase coupling,
the drain current of each transistor can be approximated as a scalar transconductance mul-
tiplied by its gate-source voltage, yielding the phasor diagram shown in Fig. 7.39(a). Each
tank exhibits an impedance equal to Zr and carries the drain currents of two transistors,

e.g.,

Ita =Ip1 +1Ips, (7.26)

where I7 4 denotes the current through the tank connected to node A. Illustrated in Fig.

7.39(b), the resultant bears an angle with respect to Ip; equoal to

I .

9 =tan™! 225, : (7.27)
I

How can the product of 74 and Zp create a voltage aligned with Ip;? This is pos-

sible if Zr contributes a phase shift of —#. Equating the phase shift introduced by
Zr = Ls||(CS) 7| Rp to 8, we have:

tan™! Ldose tan™! Ios

s
L _ —oese . 7.28
3 R,(1 — LOWE, ) I 7:28)

We call @ the “deviation angle.” For example, if Ips = 0.2fp;, then w,;. must deviate
fromwy = 1//LC to

1—— (7.29)

- soasto provide the phase shift.
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Figure 7.39  (a) Phasor diagrams for antiphase coupling, (b} effect of current addition, {c) deviation
from resonance frequency.

The above analysis reveals another interesting atiribute of antiphase coupling. Since
Wose depends on § and this angle depends on the coupling factor, Ips /Ipy, the oscillation
frequency can be tuned by varying this ratio.'® Also evident from (7.23) and (7.24), this
property leads to the tuning mechanism shown in Fig. 7.40 [14], where the control voltage
varies the tail current of the coupling differential pairs. As the coupling factor is decreased,
the current is steered to the cross-coupled pairs so as to maintain a relatively constant
cutput swing.

The behavior illustrated in Figs. 7.39(b) and (c) indicates that, as the bias current of
the differential pairs increases {and so does the coupling factor), the oscillation frequency

10Ngte that in this case, Ips/Ip1 = Gms/9m1-
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Figure 7.40 Oscillator tuning through variation of coupling factor.

must deviate from wy by a greater amount so that each tank provides the required phase
shift. Since the tanks operate at a frequency that is increasingly farther from the resonance
frequency, the ¢ falls, raising the phase noise. From this point of view, it is desirable to
minimize the coupling factor.

What determines the minimum allowable coupling factor? In the presence of mis-
matches between the two oscillators, insufficient coupling fails to force them to equal

~ frequencies. As a result, the outputs do not exhibit 2 well-defined phase relationship. More-

~ over, the interaction between the oscillators may lead to spurious oscillations [15]. A cou-
pling factor of approximately 25% typically provides a reasonable compromise between ¢
degradation and oscillation reliability.
The concept of multiple coupled oscillators shown in Fig. 7.38 can also incorporate

antiphase coupling to create output phases that differ by less than 90°. For example, if four

oscillators are placed in a loop with antiphase coupling, then the output phases are 435°
apart. Other examples of quadrature oscillators are described in [16, 17].

7.5 Distributed Oscillators

A distributed amplifier can be placed in a feedback loop to form an oscillator (Fig. 7.41)
. 118, 19]. To this end, the total delay of the inverting amplifier must translate to a phase shift
- . of 180° at the frequency of interest, fo.. This is guaranteed if { /v = 1/(2f,s.), which, for

241



042 _ : : Chap.7  LC Oscillators
v

DD '
ALy %

L P R T e ey | ‘r—o Vom
4%‘”1 I_!qmz ee I‘"—%_Mn} Voo

I—-A i o g e o i N T R

Figure 7.41 Distributed oscillator.

L

the idealized scenario described in Chapter 5, yields

K fT

(7.30)

Aﬂ - zfo.sc .
For a minimum loop gain of unity, (7.30) gives
T . o
fosc = 'z_fTa (7.31)

indicating potential for very high oscillation frequencies. For example, a 0.13-pm NMOS
device with reasonable overdrive voltage exhibits an fr of roughly 70 GHz, enabling dis-
tributed oscillators to run at speeds greater than 100 GHz,

Equally-spaced points along the output T line of Fig. 7.41 exhibit equally-spaced
phases, seemingly allowing a single oscillator to provide multiple phases. However, since
these waveforms suffer from unequal amplitudes, it is difficult to use such phases. As ex-
plained in Chapter 5, AM/PM conversion in the stages sensing the waveforms may give
rise to substantial phase error, :

Differential realization of distributed oscillators requires the use of four T lines, leading
to a complex and cumbersome layout. Furthermore, the limiting factors outlined in Chapter
5 for DAs also impact the performance of distributed oscillators. With typical T lines avail-
able in CMOS technology, oscillation frequencies on the order of half of that predicted by
(7.31) can be achieved.
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CHAPTER 8

*

Phase-Locked Loops

The concept of phase locking was invented in the 1930s and swiftly found wide usage in
electronics and communication. While the basic phase-locked loop has remained nearly -
the same since then, its implementation in different technologies and for different appli-
cations continues to challenge designers. A PLL serving the task of clock generation in d
microprocessor appears quite similar to a frequency synthesizer used in a cellphone, but
the actual circuits are designed quite differently.

This chapter deals with the analysis and design of PLLs with particular attention to im- -
plementations in VLSI technologies. A thorough study of PLLs would require an entire
book by itself, but our objective here is to lay the foundation for more advanced work.
Beginning with a simple PLL architecture, we study the phenomtenon of phase locking
and analyze the bshavior of PLLs in the time and frequency domains. We then address the
problem of lock acquisition and describe charge-pump PLLs (CPPLLs) and their nonide-
alities. Finally, we examine jitter in PLLs, study delay-locked loops {DLLs), and present.a
number of PLL applications.

8.1 Simple PLL

A PLL is a feedback system that compares the output phase with the input phase. The
comparison is performed by & “phase comparator” or “phase detector” (PD). It is therefore
beneficial to define the PD rigorousiy. '

8.1.1 Phase Detector

A phase detector is a circuit whose average output, V,y, is linearly proportional to the
phase difference, A¢, between its two inputs (Fig. 8.1). In the ideal case, the relationship
between V,,; and A¢ is linear, crossing the origin for A¢ == 0. Called the “gain” of the
PD, the slope of the line, Kpp, is expressed in V/rad.

A familiar example of phase detector is the exclusive OR (XOR) gate. As shown in
Fig. 8.2, as the phase difference between the inputs varies, so does the width of the output
pulses, thereby providing a dc level proportional to A¢. While the XOR circuit produces
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V1 (t) e Phase

Detector | Vout (1)

Vz(t)o—-

Figure 8.1 Definition of phase detector.
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Vs {t)
vout(t)ﬁ gi

Figure 8.2 Exclusive OR gate as phase detector.

error pulses on both rising and falling edges, other types of PDs may respond only to
positive or negative transifions.

" As an example, suppose the output swing of the XOR in Fig. 8.2 is Ty volts. We deter-
- mine the gain of the circuit as a phase detector and plot its input-output characteristic. If the

. - phase difference increases from zero to A radians, the area under each pulse increases by

. Vo- Adg. Since each period contains two pulses, the average value rises by 2[Vy - A¢/(2m)],
- yielding a gain of V5 /. Note that the gain is independent of the input frequency.

To construct the input-output characteristic, we examine the circuit’s response to vari-
~ ous input phase differences. As illustrated in Fig. 8.3, the average output voltage rises to
Vo/m] x m/2 = Vo /2 for Ap = w/2 and Vp for Ad = m. For A¢ > =, the average
begins to drop, falling to V/2 for A¢ = 3x/2 and zero for A¢ = 2w. The characteristic
. is therefore periodic, exhibiting both negative and positive gains.

- ' The operation of phase detectors is similar to that of differential amplifiers in that both
sense the difference between the two inputs, generating a proportional output.

8.1.2 Basic PLL Topology

To arrive at the concept of phase locking, let us consider the problem of aligning the output
phase of a VCO with the phase of a reference clock. As illustrated in Fig. 8.4(a), the rising
- edges of Voo are “skewed” by At seconds with respect to Vi, and we wish to eliminate
this error. Assuming that the VCO has a single control input, V,,,,,;, we note that to vary the
. phase, we must vary the frequency and allow the integration ¢ = [(wo + KvgoVeone)dt
- to take place. For example, suppose as shown in Fig. 8.4(b), the VCO frequency is stepped
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Vout

-27 - 0 T 2r A?;

Figure 8.3 Response of XOR as a phase detector and the resulting characteristic.

to a higher value at ¢ = #;. The circuit then accumulates phase faster, gradually decreasing
the phase error. At ¢t = f2, the phase error drops to zero and, if V., returns to its original
value, Voo and Vo remain aligned. Interestingly, the alignment can be accomplished
by stepping the VCO frequency to a lower value for a certain time interval as well. Thus,
phase alignment can be achieved only by a (temporary) frequency change.

The foregoing experiment suggests that the output phase of a VCO can be aligned with
the phase of a reference if (1) the frequency of the VCQ is changed momentarily, and (2)
a means of comparing the two phases, i.e., a phase detector, is used to determine whexn the
VCO and reference signals are aligned. The task of aligning the output phase of the VCO
with the phase of the reference is called ““phase locking.”

From the above observations, we surmise that a PLL simply consists of a PD and a VCO

" in a feedback loop [Fig. 8.5(a)]. The P compares the phases of V,; and V},,, generating
an error that varies the VCO frequency until the phases are aligned, i.e., the loop is locked.
This topology, however, must be modified because (1) as exemplified by the waveforms of
Fig. 8.2, the PD output, Vpp, consists of a dc component (desirable) and high-frequency
components (undesirable), and (2) as mentioned in Chapter 6, the control voltage of the
oscillator must remain quiet in the steady state, i.e., the PD output must be filtered. We
therefore interpose a low-pass filter (LPF) between the PD and the VCO [Fig. 8.5(b)],
suppressing the high-frequency components of the PD output and presenting the de level
to the oscillator. This forms the basic PLL topology. For now, we assume the LPF has a
gain of unity at low frequencies (e.g., as in a first-order RC section).
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Figure 8.4 (a) Two waveforms with a skew, {b) change of VCO frequency to eliminate the skew.
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“Figure 8.5 (a) Feedback loop comparing input and output phases, (b) simple PLL.

It is imnportant to bear in mind that the feedback loop of Fig. 8.5(b) compares the phases
f the input and output. Unlike the feedback topologies studied in the previous chapters,
PLLs typically require no knowledge of voltages or currents in their feedback operation. If
he loop gain is large enough, the difference between the input phase, ¢;n, and the output
hase, Goue, falls to a small value in the steady state, providing phase alignment,
. For subsequent analyses of PLLs, we must define the phase-lock condition carefully. If
the loop of Fig. 8.5(b) is locked, we postulate that ¢ous — ¢ is constant and preferably
small. We therefore define the loop to be locked if oyt — @in does not change with time.
An important corollary of this definition is that

d¢out d@'n
_ = .1
dt dt 0 @1
and hence
Wout = Win. ’ (8.2)

This is a unique property of PLLs and will be revisited more closely later.
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In summary, when locked, a PLL produces an output that has a small phase error with = -
respect to the input but exactly the same frequency. The reader may then wonder why a.
PLL is used at all. A short piece of wire would seem to perform the task even better! We "
answer this question in Section 8.5. Ry

We now construct a simple PLL in CMOS technology. Figure 8.6 illustrates an im- .
plementation employing an XOR gate as the phase detector. The VCO is configured as a” ;

Figure 8.6 Simple PLL.

negative-G.,, LC oscillator whose frequency is tuned by varactor diodes.

PLL Waveforms in Locked Condition To familiarize ourselves with the behavior
of PLLs, we begin with the simplest case: the circuit is locked and we wish to examine
the waveforms at each point around the loop. As illustrated in Fig. 8.7(a), V;, and Vout
exhibit a small phase difference but equal frequencies. The PD therefore generates pulses

Vcont

W 0

Vcom o — g Vg S S

(a) {b)
Figure 8.7 (a) Waveforms in a PLL in locked condition, (b) calculation of phase error.




Sec. 8.1 Simple PLL

as wide as the skew between the input and the output, and the low-pass filter extracts the
dc component of Vpp, applying the result to the VCO. We assume the LPF has a gain of
unity at low frequencies. The small pulses in Vi pg are called “ripple.”

In the waveforms of Fig. 8.7(a), two quantities are unknown: ¢y and the dc level of
Viont. To determine these values, we construct the VCO and PD characteristics [Fig.
§.7(b)]. If the input and output frequencies are equal to wq, then the required oscillator
control voltage is unique and equal to V). This voltage must be produced by the phase
detector, demanding a phase error determined by the PD characteristic. More specifically,
$iNCe Wour = wo + KvooVeant and Vep = KppAdg, we can write

w1 — Wy
V= YL 8.3
' Kyeo 3

and
_ % :

o = Kop (8.4)

W — W
= . 8.5
KrpKvco 8-

Equation (8.5) reveals two important points: (1) as the input frequency of the PLL varies,
50 does the phase error; (2) to minimize the phase error, K pp K'v oo must be maximized.
. Asanexample, suppose a PLL incorporates a VCO and a PD) having the characteristics
- shown in Fig. 8.8. We determine what happens as the input frequency varies in the locked

'Figure 8.8 VCO and PD characteristics in a PLL. -

_condition. The PD characteristic is relatively linear near the origin but exhibits a small-
-signal gain of zero if the phase difference equals 4 /2, at which point the average output
is equal to +-V;. Now suppose the input frequency increases from wyp, requiring a greater
control voltage. If the frequency is high enough (= w,) to mandate V,.,,s = Vj, then the
PD must operate at the peak of its characteristic. However, the PD gain drops to zero here
and the feedback loop fails. Thus, the circuit cannot lock if wiy, = wx .

"~ With the basic understanding of PLLs developed thus far, we now.return to Eq. (8.2).
- The exact equality of the input and output frequencies of a PLL in the locked condition

In this example, the PD produces pulses only on the rising transitions.
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1s a critical attribute. The signiﬁcance of this property can be seen from two observations. - :
First, in many applications, even a very small (deterministic) frequency error may prove -

‘unacceptable. For example, if a data stream is to be processed synchronously by a clocked

system, even a slight difference between the data rate and the clock frequency results in a ;.
“drift,” creating errors (Fig. 8.9). Second, the equality would nor exist if the PLL compared -

| Data J_ | _l_
Clock J | | I_

t
Figure 8,9 Drift of data with respect to clock in the presence of small frequency error.

the input and output frequencies rather than phases. As illustrated in Fig. 8.10(a), 2 loop
employing a frequency detector (FD) would suffer from a finite difference between wi, -

Vipo—m] ¥
- | FD | LPF = VCO T"Vout mth_“_o Vout

(@) | ®)

Figure 8.10 (a) Frequency-locked loop, (b) unity~gain feedback amplifier.

and wy,,; due to various mismatches and other nonidealities. This can be understood by an
analogy with the unity-gain feedback circuit of Fig. 8.10(b). Even if the op amp’s open-
loop gain is infinity, the input-referred offset voltage leads to a finite error between V5, and

Vout -

Small Transients in Locked Condition Let us now analyze the response of a PLL
in locked condition to small phase or frequency transients at the input.

‘Consider a PLL in the locked condition and assume the input and cutput waveforms can
be expressed as

Vin(t) = Va coswnt . (8.6)
V;;,uf (t) = VB COS (wlt 4+ qb(]), (87)

where higher harmonics are neglected and ¢y, is the static phase error. Suppose, as shownin
Fig. 8.11, the input experiences a phase stepof ¢ att = t1, L.e., ¢y = wit +dru(t — tl).2

" Since the output of the LPF does not change instantaneously, the VCO initially continues

to oscillate at w;. The growing phase difference between the input and the output then
creates wide pulses at the output of the PD, forcing Vi, pp to rise gradually. As a result, the

21n this example, ¢in and do.+ denote the feral phases of the input and output, respectively.
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PD [—* LPF [—| vCO Tvm
: 0

ty
Figure 8.11 Response of a PLL to a phase step.

VCO frequency begins to change, attempting to minimize the phase error. Note that the '

- loop is not locked during the transient because the phase error varies with time,

‘What happens after the VCO frequency begins to change? If the loop is to return to lock,
oyt Must eventnally go back to w,, requiring that Vi pp and hence ¢y — ¢y, also return
*to their original values, Since ¢, has changed by ¢, the variation in the VCO frequency
: . is such that the area under wyu; provides an additional phase of ¢ it gy

[ o = . @#9
t

1

- Thus, when the loop settles, the output becomes equal to
V;J'u.t (t) = VB cos[wlt + ¢D + ¢1u(f —_ tl)] (89)

. Consequentily, as shown in Fig. 8.11, ¢, gradually “catches up” with ¢y, .

It is important to make two observations. (1) After the loop returns to lock, all of the pa- -

+rameters (except for the total input and output phases) assume their original values. That is,
tin — Pout, VP, and the VCO frequency remain unchanged—an expected result because
these three parameters bear a one-to-one relationship and the input frequency has stayed
.the same. (2) The control voltage of the oscillator can serve as a suitable test point in the

-~y
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analysis of PLLs. While it is difficult to measure the time variations of phase and frequency
in Fig. 8.11, Vooni (= Vi pr) can be readily monitored in simulations and measurements,
The reader may wonder whether an input phase step always gives rise to the response
shown in Fig. 8.11. For example, is it possible for Vi pr to ring before settling to its final
value? Such behavior is indeed possible and will be quantified in Section 8.1.3.
Let us now examine the response of PLLs to a small input frequency step Aw at £ = ;. .
(Fig. 8.12). As with the case of a phase step, the VCO initially continues to oscillate at

4 o= (D-|+ACO

(Oout E //-\_

L2

L

Figure 8.12 Response of a PLL to a small frequency step.

wy . Thus, the PD generates increasingly wider pulses, and V7 pr rises with time. AS Wout
approaches wy + Aw, the width of the pulses generated by the PD decreases, eventually
settling to a value that produces a dc component equal to (w; + Aw — wp)/Kvgo- In
contrast to the case of phase step, the response of-a PLL to a frequency step entails a
permanent change in both the control voltage and the phase error. If the input frequency is
varied slowly, wgye simply “tracks” wyp.

" The exact settling behavior of PLLs depends on the various loop parameters and will be
studied in Section 8.1.3. But to arrive at an important observation, we consider the phase
step response depicted in Fig. 8.13, where Vi, rings before settling to its final value.
Consider the state of the loop at £ = £,. At this point, the output frequency is equal to its
final value (because Vo is equal to its final value), but the loop continues the transient
because the phase error deviates from the required value. Similarly, at ¢ = t3, the phase
error is equal to its final value but the output frequency is not. In other words, for the loop
to settle, both the phase and the frequency must settle to proper values.

Now consider the PLL shown in Fig. 8.14, where an external voltage V,, is added to
the output of the low-pass filter.? Let us determine the phase error and V, pp if the loop
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-y

ty L) ty

Figure 8.13 Example of phase step response.

Vep VipF Veont
PD =1 LPF VCO © out’

= Flgure 8.14 Response of a PLL to an external step on ¢ontrol line.

< is locked and V,, = V4. Since the loop is locked, wyyr = wip and Vegn: = (win —

- wo)/Kveco. Thus, Vppr = (win — wo}/Kveo — Vi and Ad = Vipr [Kpp = (Win —
o) (KppKvco) —Vi/Kpp.

i If Veg steps from Vi to Vo at £ = #1, how does the loop respond? In this case, Vg
© immediately goes from (wi, —wo)/Kveo 0 (win—wo)/ Kveo + (V2 — V1), changing the

- VCO frequency to win, — Ky oo (Vi ~ Va). Since Vg pp cannot change instantaneously, the

: 3This topology is used for some types of frequency modulation in wireless communication.
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PD begins to generate increasingly wider pulses, raising Vi, pp and increasing wo.:. When: -
the loop returns to lock, w,y: becomes equal to wyy, and Vi pr = (win —wo)/ Kvoo —Va. o
The phase error also changes to (win — wo)/ (KppKveo) — Va/ K pp. Note that the area .

under wy,,; during the transient is equal to the change in the output phase and hence the .
change in the phase error: _ S

* Vi-V e
Wourdt = 2. 8.10) .
/tl ' Kpp (8.10)

From our study thus far, we conclude that phase-locked loops are “dynamic” systems, -
i.e., their response depends on the past values of the input and output. This is to be ex-""
pected because the low-pass filter and the VCO introduce poles (and possibly zeros) in'the -
loop transfer function. Moreover, we note that, so long as the input and the output remain - -
perfectly periodic (i.e., s = wint and Pyt = wint + ¢yp), the loop operates in the steady
state, exhibiting no transient. Thus, the PLL only responds to variations in the excess phase
of the input or output. For example, in Fig. 8.11, ¢ = w1t + ¢yu(t —¢1) and in Fig. 8.12, .
(,f)m = w]_t + Aw - t’h’,(t - tl).

8.1.3 Dynamics of Simple PLL

"With the qualitative analysis of PLLs in Section 8.1.1, we can now study their transient

behavior more rigorously. Assuming the loop is initially locked, we treat the PLL as a
feedback system but recognize that the output quantity in this analysis must be the (excess) -
phase of the VCO because the “error amplifier” can only compare phases. Our objective is
to determine the transfer function ®$4,:(s)/ $4r, (s) for both open-loop and closed-loop sys-
tems and subsequently study the time-domain response. Note that the dimensions change

-from phase to voltage through the PD and from voltage to phase through the VCO.

What does ®,y1(s)/ P (5) signify? An analogy with more familiar transfer functions
proves useful here. A circuit having a transfer function Vi, (8)/Vin(s) = 1/(1 + s/wo) is
considered a low-pass filter because if V;,, varies rapidly, V,,,; cannot fully track the input
variations. Similarly, ®4,:(s)/®;5,(s) reveals how the output phase tracks the input phase
if the latter changes slowly or rapidly.

To visualize the variation of the excess phase with time, consider the waveforms in
Fig. 8.15. The period varies slowly in Fig. 8.15(a) and rapidly in Fig. 8.15(b). Thus, y2(f)

¥, (t)
—HH

(2)

.0 1 [MN[] 10 | 1 .
Lo O L UL L.t

. (&) .

Figure 8.15 (a) Slow and (b) fast variation of the excess phasé.

experiences faster phase variation than does 4 (£).
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Let us construct a linear model of the PLL, assuming a first-order low-pass filter for
simplicity. The PD output contains a dc component equal to Kpp(our — ) as well
as high-frequency components. Since the latter are suppressed by the LPF, we simply
model the PD by a subtractor whose output is “amplified” by Kpp. Illustrated in Fig.
8.16, the overall PLL model consists of the phase subtractor, the LPF transfer function

PD LPF VCo
. i
(I)m O 7 1+ - vee o Doyt
H _ T Oy pp s

_ Figure 8.16 Linear model of type I PLL.

1/(1+s/wr pF), where wy pr denotes the —3-dB bandwidth, and the VCO transfer func-
. tion Ky oo /s. Here, ®;, and ®,,; denote the excess phases of the input and output wave-

- forms, respectively. For example, if the total input phase experiences a step change, ¢ u(t),

. then @;,(s) = ¢1/s.
.~ The open-loop transfer function is given by

d
H(8)|open = @m (8)]open (8.11)
mn
1 K
= Kpp - — 9 - ©12)
14 E
WLPF

. revealing one pole at's = —wr pp and another at ¢ = (. Note that the loop gain is equal to
H(8)|open because of the unity feedback factor. Since the loop gain contains a pole at the
origin, the system is called “type I.”

.. Before computing the closed-loop transfer function, let us make an important observa-
tion. What is the loop gain if s is very small, i.e., if the input excess phase varies very
slowly? Owing to the pole at the origin, the loop gain goes to infinity as s approaches zero,
a point of contrast to the feedback circuits employing op amps. Thus, the phase-locked loop
(under closed-loop, locked condition) ensures that the change in ¢, is exactly equal to
the change in ¢, as s goes to zero. This result predicts two interesting properties of PLLs.

F]rst if the input excess phase varies very slowly, the output excess phase “tracks” it. (Af-
ter all, ¢y is “locked” to ¢iy.) Second, if the transients in ¢;,, have decayed (another case
corresponding to s — 0), then the change in ¢, is precisely equal to the change in ¢y
This is indeed true in the example depicted in Fig. 8.11.

From (8.12), we can write the closed-loop transfer function as:

KppkK :
H(S)lciosed = &2 POVOO - (8.13)

+s+ KppKyveco

WLPF
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For the sake of brevity, we hereafter denote H(s)|closea simply by H(s) or @,/ ‘1’m I
As expected, if s — 0, H(s) — 1 because of the infinite loop gain.

In order to analyze H(s) further, we derive a relationship that allows a more mtmtwe: B
understanding of the system. Recall that the instantaneous frequency of a waveform is i
equal to the time derivative of the phase: w = dg/dt. Since the frequency and the phase
are related by a linear operator, the transfer function of (8.13) applies to variations in the ~
input and output frequencies as well:

v KppK
L:,. Lis) = , FDHVvCo _ (8.14)

+s+ KppKyco

WLPF

For example, this result predicts that if w;,, changes very slowly (s — 0}, then we,; tracks
Win, again an expected result because the loop is assumed locked, Equation (8.14) also. -
indicates that if w;, changes abruptly but the system is given enough time to settle (s — 0),
then the change in w,,; equals that in wy,, (as illustrated in the example of Fig. 8.12).

The above observation aids the analysis in two directions. First, some transient re- -
sponses of the closed-loop system may be simpler to visualize in terms of changes in the
frequency quantities rather than phase quantities. Second, since a change in ¢ must be
accompanied by a change in V,on:, we have ‘

H(s) = Kyco %(s). (8.15)

n

That is, monitoring the response of V,y,; to variations in w;, indeed yields the response of
the closed-loop system.

The second-order transfer function of (8.13) suggests that the step response of the type
I system can be overdamped, critically damped, or underdamped. To derive the condmon
for each case, we rewrite the denominator in a familiar form used in control theory, 5% +
2(wy,s + w2, where ( is the “damping ratio” and w, is the “natural frequency.” That is,

2

wﬂ
= e 8.16
H(S) 82 + ZCwns + LU%7 . ( )
where

wr = VwrprEppKvco (8.17)

1 WLPF
== (8.18)
¢ 2Y KppKvco :

The two poles of the closed-loop system are given by -

51,2 = —Cwn = (CZ - l)w,% (819) '

(=¢ £/ = Dwn. (8.20)
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Thus, if ¢ > 1, both poles are real, the system is overdamped, and the transient response
contains two exponentials with time constants 1/s; and 1/s5. On the other hand, if { < 1,
the poles are complex and the response to an input frequency step wy, = Awu(t) is equal
o

Wout () = {1 — e Wntleos e/ 1 — C2F) + sinf(w, /1 — £31)] } Awul(t)

\/1—

L et in(un/T = €2t + 0)] Awu(t), 821)

Vi

where wo; denotes the change in the output frequency and 8 = sin~* /1 — (2. Thus, as
shown in Fig. 8.17, the step response contains a sinusoidal component with a frequency

-

e—§m..,t

Figure 8.17 Underdamped response of PLL to a frequency step.

" wry/1 — (2 that decays with a time constant ((w, ). Note that the system exhibits the
.- same response if a phase step is applied to the input and the output phase is observed,

The settling speed of PLLs is of great concern in most applications. Equation (8.21)
+. indicates that the exponential decay determines how fast the output approaches its final
- value, implying that (w,, must be maximized. For the type I PLL under study here, (8.17)
-+ and (8.18) yield

1
Cwn = SWLPF- (8.22)

This result reveals a critical trade-off between the settling speed and the ripple on the VCO
control fine: the lower wy, pr, the greater the suppression of the high-frequency components
produced by the PD but the longer the settling time constant.

“ As an example, suppose a cellular telephone incorporates a 900-MHz phase-locked loop
to generate the carrier frequencies. If wppr = 2m x (20 kHz) and the output frequency is
to be changed from 901 MHz to 901.2 MHz, how long does the PLL output frequency take
to settle within 100 Hz of its final value? Since the step size is 200 kHz, we have

1— e Swnts sin{w, /1 — (%, + )] x 200 kHz = 200 kHz — 100 Hz. (8.23)
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Thus,

100 Hz o
—{wnts sm(wn\/l =ty +0) = oo (8.24)‘\ :

In the worst case, the sinusoid is equal to unity and

eCente = (,0005. (8.25)

That is,
£ = 18 (8.26)
{wp,
15.2 :
- 18 (8:27)
WELPF
= 0.12 ms. (8.28)

In addition to the product {wy, the value of ¢ itself is also important. Illustrated in Fig.

8.18 for several values of { and a constant w,,, the step response exhibits severe ringing for

=02

T
_—

t

Figure 8.18 Underdamped response of a second-order system for various values of ¢.

¢ < 0.5. In view of process and temperature variation of the loop parameters, ¢ is usually
chosen to be greater than V2 /2 or even 1 to avoid excessive ringing.*

The choice of { entails other trade-offs as well. First, (8.18) implies that as wrpr is
reduced to minimize the ripple on the control voltage, the stability degrades. Second,
(8.5) and (8.18) indicate that both the phase error and ( are inversely proportional t0
KppKyvope; lowering the phase error inevitably makes the system less stable. In sum-
mary, the type I PLL suffers from trade-offs between the settling speed, the ripple on the
control voltage (i.e., the quality of the output signal), the phase error, and the stability.

The stability behavior of PLLs can also be analyzed graphically, providing more insight.

The Bode plots of the magnitude and phase of the loop gain readily yield the phase margin.

4The value of ¢ may also yield peaking in the transfer function. Thus, some applications require a ¢ of 510
10 to avoid peaking in the presence of higher order poles.
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Let us utilize (8.12) to construct such plots. As shown in Fig. 8.19, the loop gain begins
from infinity at w = 0 and falls at a rate of 20 dB/dec for w < wrpr and at a rate of 40

‘20log|Hopen| 4
—20 dB/dec
-40 dB/dec
0 A} -
®ypfF o (log scale}
o {log scale)
0 S : o
-90 :
0|
-1 350
-180
/Hopen ¥

"Figure 8,19 Bode plots of type I PLL.

dB/dec thereafter. The phase begins at —90° and asymptotically reaches —180°.
_ ‘What happens if a higher KppKv-co is chosen so as to minimize ¢ — $in? Since
. the entire gain plot in Fig. 8.19 is shifted up, the gain crossover moves to the right, thus
"" degrading the phase margin. This is consistent with the dependence of { upon KppKvco-
: As observed thus far, Kpp Ky oo impacts many important parameters of PLLs. This
. quantity is sometimes called the loop gain (even though it is not dimensionless) due to
the resemblance of A¢ = (wour.— wo)/ (Kpp Ky o) to the error equation in a feedback
. system.
. The stability behavior of type 1 PLLs can also be analyzed by the locus of their poles in
the complex plane as the parameter K pp Ky ¢ varies (Fig. 8.20). With KppKyvco = 0,
.the loop is open, { = oo, and the two poles are given by 1 = —wpprp and 5o = 0. As
KppKyoo increases (i.e., the feedback becomes stronger), { drops and the two poles,
given by 512 = {(—({ £ /(% — 1)wy,, move toward each other on the real axis. For ¢ = 1

- Figure 8.20 Root locus of type I PLL.

.__(i.e., KppnKyoo = wppr/d), 81 = 83 = —(wn = —wipr /2. As KppKvco increases
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forther, the two poles become complex, with a real part equal to —{w,, = —wrpr /2,
moving in parallel with the jw axis.

‘We recognize from Fig. 8.20 that, as s; and s; move away from the real axis, the system
becomes less stable. In fact, the reader can prove that cos¢) = {, concluding that as 1
approaches 90°, { drops to zero.

Another transfer function that reveals the settling behavior of PLLs is that of the error
at the output of the phase subtractor in Fig. 8.16. Defined as He(s} = (¢in — dout)/Pin,
this transfer function can be obtained by noting that ¢oy¢ /i = H (s) and, from (8.13),

i

1— H{s) (8.29) -

5%+ 2w, s -
T E st (830

H.(s)

Asexpected, I (s) — 0if s — 0 because the output tracks the input when the input varies
very slowly or the transient has settled.

As an example, suppose a type I PLL experiences a frequency step Aw at ¢ = 0. Let
us calculate the change in the phase error. The Laplace transform of the frequency step
equals Aw/s. Since H,(s) relates the phase error to the input phase, we write ®;,(s) =
(Aw/s)/s = Aw/s*. Thus, the Laplace transform of the phase error is

@, (s) = He(s)- % (8.31)
5% + 20wys Aw
= e 8.32
57+ 2wys +w? 52 ®32)
From the final value theorem,
= = 33
Pe(t = o) = 21}3(1]3@ (s) (8.33)
T 8.34)
Wy
Aw

(8.35)

KppKyvoo

which agrees with (.8.5).

8.2 Charge-Pump PLLs

While type I PLLs have been realized widely in discrete form, their shortcomings often
prohibit usage in high-performance integrated circuits. In addition to the trade-offs between
¢,wgpr, and the phase error, type I PLLs suffer from another critical drawback: limited
acquisition range.
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8.2.1 Problem of Lock Acquisition

Suppose when a PLL circuit is turned on, its oscillator operates at a frequency far from the
input frequency, i.e., the loop is not locked. Under what conditions does the loop “acquire”
lock? The transition of the loop from unlocked to locked condition is a very nonlinear
phenomenon because the phase detector senses unequal frequencies. The problem of lock
acquisition in type I PLLs has been studied extensively [1, 2], but we state without proof
that the “acquisition range’™ is on the order of wy pp; that is, the loop locks only if the
difference between w;y, and woye 18 less than roughly wz pp.
The problem of lock acquisition further tightens the trade-offs in type [PLLs. If wy, ppr 15
reduced to suppress the ripple on the control voltage, the acquisition range decreases. Note
. that even if the input frequency has a precisely-controlled value, a wide acquisition range
_is often necessary because the VCO center frequency may vary considerably with process
and temperature. In most of today’s applications, the acquisition range of the simple PLL
studied thus far proves inadequate.
To remedy the acquisition problem, modern PLLs incorporate frequency detection in
: addition to phase detection. Called “aided acquisition” and illustrated in Fig. 8.21, the idea
" is to compare w;y, and wyy,: by means of a frequency detector, generate a dc component

_ | PD —1 LPF,
jrenms st e -ocennnannen \
1 Phase Feedback i
. [ [ ——
Vil‘l | VDut veo ( : )
®@in Wout
_ grommanmnnman B .
Frequency Feedback
__________________ Rl
" | Fp || LPF, Vier2

Figure 8.21 Addition of frequency detection to increase the acquisition range.

Vi ppe proportional to wiy, — weyt, and apply the result to the VCO in a negative-feedback
 loop. At the beginning, the FD drives woqs toward w;, while the PD output remains “quiet.”
- When |wpyut — win| is sufficiently small, the phase-locked loop takes over, acquiring lock.

Such a scheme increases the acquisition range to the tuning range of the VCO."

5 Acquisition range, tracking range, lock range, capture range, and pull-in range are often used to describe the
‘behavior of PLLs in the presence of input or VCO frequency variation. For our purposes, the acquisition range,
" the capture range, and the pull-in range are the same. The tracking range refers to the input frequency range across
which a locked PLL can track the input, With the addition of frequency detection, the acquisition range becomes
equal to the tracking range (for periedic signals).

" Shig is a very rough estimate. In practice, the acquisition range may be several times narrower or wider, It is
also assumed that the tuning range of the VCO is large enough not to limit the acquisition range. - :

.. TThis may not be tue if the input is not periodic.
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8.2.2 Phase/Frequency Detector and Charge Pump

For periodic signals, it is possible to merge the two loops of Fig. 8.21 by devising a circujt _'

that can detect both phase and frequency differences. Called a “phase/frequency detéctor” -
(PFD} and illustrated conceptually in Fig. 8.22, the circuit employs sequential logic to” .-

create three states and respond to the rising (or falling) edges of the two inputs. If initially.

Ao—» — G,
PFD

t t

s T1LJLITLITL - JHLLITLL
(a) {
Figure 8.22 Conceptual operation of a PED with (a) unequal phases, and (b) unequal frequencies.

(24 = Qg = 0, then a rising transition on A leads to Q4 = 1,@p = 0. The circuit
remains in this state until B goes high, at which point (} 4 returns to zero. The behavior is
similar for the B input.

In Fig. 8.22(a), the two inputs have equal frequen01es but A leads B. The output Q4
continues to produce pulses whose width: is proportional to ¢4 — ¢ g while (Q g remains at
zero. In Fig. 8.22(b), A has a higher frequency than B, and () 4 generates pulses while (s
does not. By symmetry, if A lags B or has a lower frequency than B, then (05 produces
pulses and ¢ 4 remains quiet. Thus, the dc contents of @4 and Q) provide information
about ¢ 4 — ¢ or wa —wp. The outputs (} 4 and (5 are called the UP and DOWN pulses,
respectively.

Let us determine if a master-slave D flipflop can operate as a phase detector or a
frequency detector. Assume the flipflop provides differential outputs. As shown in Fig.
8.23(a), we first apply inputs having equal frequencies and a finite phase difference, as-
suming the output changes on the rising edge of the clock input. If A leads B, then Vout .
remains at a logical ONE indefinitely because the flipflop continues to sample the high
levels of A. Conversely, if A lags B, then V,,; remains low. Plotted in Fig. 8.23(b), the
input-output characteristic of the circuit displays a very high gain at A¢ = 0, £, - -- and
a zero gain at other values of A¢. The D flipflop is sometimes called a “bang-bang” phase
detector to emphasize that the average value of V., jumps from —V) to +V] as A¢ varies

from slightly below zero to slightly above zero. Now let us assume unequal frequencies
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* Figure 8.23 (2} D flipflop as a phase detector, (b) input-output characteristic, (c) response of D
. . flipflop to unequal input frequencies.

" for A and B. As illustrated in Fig. 8.23(c), the average output is zero, failing to provide
2 information.

The circuit of Fig. 8.22 can be realized in various forms. Figure 8.24(a) shows a simple
©implementation consisting of two edge-triggered, resettable D flipflops with their DD inputs
““'tied to a logical ONE. The inputs of interest, A and B, serve as the clocks of the flipflops.
. Q4= Qp = 0and A goes high, Q 4 rises. If this event is followed by a rising transition
. on B, Qg goes high and the AND gate resets both flipflops. In other words, ) 4 and
" Qp are simultaneously high for a short time, but the difference between their average
~ values still répresents the input phase or frequency difference correctly. Each flipflop can
' "be implemented as shown in Fig. 8.24(b), where two RS latches are cross-coupled. Latch
" 1 and Latch 2 respond to the rising edges of 'K and Reset, respectively.

# We now determine the width of the narrow reset pulses that appear in the () g waveform
" in Fig. 8.24(a). Figure 8.25(a) illustrates the overalt PFD at the gate level. If the circuit
" begins with A = 1,Q4 = 1, and Qp = 0, a rising edge on B forces Q32 to go low and,
- one gate delay later, () g to go high. As shown in Fig. 8.25(b), this transition propagates to
" Reset, F, F, and @ 5. Thus, the width of the pulse on Qg is approximately equal to 5 gate
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(a) ®)
Figure 8.25 (a) PFD at gate level, (b} internal waveforms.

delays.® :
It is instructive to plot the input-output characteristic of the above PFD. Defining the
output as the difference between the average values of @ 4 and (g when w4 = wp and
neglecting the effect of the narrow reset pulses, we note that the output varies symmetri-
cally as | A¢| begins from zero (Fig. 8.26). For A¢ = £360°, V,,; reaches its extrema and
subsequently changes sign.
How is the PFD of Fig. 8.24(a) utilized in a phase-locked loop? Since the difference
_between the average values of () 4 and @ is of interest, the two outputs can be low-pass

8This is a rough approximation because the NAND gate, the inverter, and the NOR gates have different delays
and fanouts.
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Vout

- 360° . _
+360° A

Figure 8.26 Input-output characteristic of the three-state PFD.

filtered and sensed differentially (Fig. 8.27). However, a more common approach is to
interpose a “charge pump” (CP) between the PFD and the loop filter.

-L D . AdA s
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Figure 8.27 PFD followed by low-pass filters.

" A charge pump consists of two switched current sources that pump charge into or out of
- the loop filter according to two logical inputs. Figure 8.28 illustrates a charge pump driven
by a PFD and driving a capacitor. The circuit has three states. If Q4 = Qp = 0, then 5

" Figure 8.28 PFD with charge pump.
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and S, are off and V,,,,; remains constant. If Q 4 is high and Q g is low, then I} charges Cp.
Conversely, if ()4 is low and ) is high, then [; discharges C'p. Thus, if, for example,
A leads B, then ()4 continues to produce pulses and V,,; rises steadily. Called UP and
DOWN currents, respectively, [ and I are nominally equal.

What is the effect of the narrow pulses that appear in the (}p waveform in Fig. 8.28?
Since J 4 and @) g are simultaneously high for a finite period (approximately 5 gate delays),
the current supplied by the charge pump to Cp is affected. In fact, if Iy = Iy, the current
through 51 simply flows through S5 during the narrow reset pulse, leaving no current to
charge C'p. Thus, as shown in Fig. 8.29, V,,; remains constant after ¢} p goes high.

Ve

VD ut

-y

Figure 8,29 Effect of narrow pulses on G 4 or Q.

The circuit of Fig. 8.28 has an interesting property. If A, say, leads B by a finite amount,
@ 4 produces pulses indefinitely, allowing the charge pump to inject f; into C'p and forcing
Viut to rise steadily. In other words, for a finite input error, the output eventually goes to
+00 or —00, i.e., the “gain” of the circuit is infinity. The consequences of infinite gain are
described below. ' '

8.2.3 Basic Charge-Pump PLL

Let us now construct a PLL using the circuit of Fig. 8.28. Shown in Fig. 8.30 and called a
“charge-pump PLL,” such an implementation senses the transitions at the input and output,
detects phase or frequency differences, and activates the charge pump accordingly. When
the loop is turned on, we.,; may be far from wy,, and the PFD and the charge pump vary the
control voltage such that w,,; approaches w;,. When the input and output frequencies are
sufficiently close, the PFD operates as a phase detector, performing phase lock. The loop
locks when the phase difference drops to zero and the charge pump remains relatively idle.

As observed above, the gain of the PFD/CP combination is infinite, i.e., a nonzero {de-
terministic) difference between ¢;,, and ¢, leads to indefinite charge buildup on Cp.
What is the consequence of this attribute in a charge-pump PLL? When the loop of Fig.
8.30 is locked, V,,ns is finite. Therefore, the input phase error must be exactly zero.? This

9 As explained in Section 8.3.1, mismatches still yicld a finite phase error.




Sec. 8.2 Charge-Pump PLLs

Vin o
q)in
0;
8 Be o Voui
q)out
®Dout

- Figure 8.30 Simple charge-pump PLL.

~_is in contrast to the behavior of the type I PLL, in which the phase error is finite and a
function of the output frequency.

To gain more insight into the operation of the PLL shown in Fig. 8.30, let us ignore
the narrow reset pulses on @4 and Qg and assume that after ¢gy: — in drops to zero,

the PFD simply produces @4 — @p = 0. The charge pump thus remains idle and Cp.

- sustains a constant control voltage. Does this mean that the PFD and the CP are no longer
- needed?! If V., remains constant for a long time, the VCO frequency and phase begin to
drift. [n particular, the noise sources in the VCO create random variations in the oscillation
. frequency that can result in a large accumulation of phase error. The PFD then detects
- the phase difference, producing a corrective pulse on @4 or @p that adjusts the VCO
- frequency through the charge pump and the filter. This is why we stated earlier that the
PLIL. responds only to the excess phase of waveforms. We also note that, since in Fig. 8.30
- phase comparison is performed in every cycle, the VCO phase and frequency cannot drift
-+ substantially. :

5 .'Dynamics of CPPLL To quantify the behavior of charge-pump PLLs, we must de-

- velop a linear model for the combination of the PFD, the charge pump, and the low-pass
* filter, thereby obtaining the transfer function. We therefore raise two questions: (1) Is the
- PED/CP/LPF combination in Fig. 8.28 a linear system? (2) If 50, how can its transfer func-
~. tion be computed?

" . To answer the first question, we test the system for linearity. For example, as ﬂlustrated
* in Fig. 8.31(a), we double the input phase difference and see it V,,,; exactly doubles, In-
-+ terestingly, the flat sections of V), double but not the ramp sections. After all, the current
"/ charging or discharging C'p is constant, yielding a constant slope for the ramp—an effect
_ similar to slewing in op amps. Thus, the system is not linear in the strict sense. To overcome
. this quandary, we approximate the output waveform by a ramp [Fig. 8.31(b)], arriving at
- a linear relationship between V¢ and A¢. In a sense, we approximate a discrete-time
. system by a continuous-time model. '
To answer the second question, we recall that the transfer function is the Laplace trans-
¢ form of the impulse response, requiring that we apply a phase difference impulse and

267
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- S
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t
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- Figure 8.31 (a) Test of linearity of PFD/CP/LPF combination, (b) rarnp approximation of the rE-.
sponse.

compute Vo in the time domain. Since a phase difference impulse is difficult to visualize,
we apply a phase difference step, obtain Vs, and differentiate the result with respect to
time. .
Let us assume the input period is T3, and the charge pump provides a current of +/p
to the capacitor. As shown in Fig. 8.32, we begin with a zero phase difference and, at
t = 0, step the phase of B by ¢o. i.e, A¢ = ¢pu(t). As a result, Q4 or ()5 contin-

7i

Vout _-.-_-_-_'_—_'__-.-.-.-..:.._ ’P

Figure 8.32 Step response of PFD/CP/LPF combination.

ues to produce pulses that are ¢oT;,/(27) seconds wide, raising the output voltage by




Sec.8.2  Charge-Pump PLLs

(Ip/Cp)doTin/(27) in every period.}® Approximated by a ramp, V,y; thus exhibits a
slope of (Ip/Cp)go/{2n) and can be expressed as

Vout(£) = 522t - dou(t). (836)

27:'01:'

The impulse response is therefore given by

I
h{t) = 2ngu(t), (8.37)

yielding the transfer function

Vour, v Ip 1 .
) =5 (8.38)

Consequently, the PFD/CP/LPF combination contains a pole at the origin, a point of con-
~ trast to the PD/LPF circuit used in the type [ PLL. In analogy with the expression Ky co/s,
~we call Ip/(2rCp) the “gain” of the PFD and denote it by Kprp.
Now suppose the output quantity of interest in the circuit of Fig. 8.28 is the current
injected by the charge pump into the capacitor. Let us determine the transfer function from
Adg to this current, L,yz. Since Vous (8) = Lot/ (Cps), we have

Iout (S) — {E_
Ad o

(8.39)

Let us now construct a linear model of charge-pump PLLs. Shown in Fig. 8.33, the
model gives an open-loop transfer function

PFD/CP/LPF vVCo
P I : K
Oino——m(-} P_1lif Tveo s Gout
E ‘ 2T CP s H F-]
— \ H

,"' " Figure 8.33 Linear model of simple charge-pump PLL.

Qom(s)l _ Ip Kvco
q)m opett 27T'Cp g2

(8.40)

10%We neglect the effect of the narrow reset pulses that appear in the other output.
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Since the loop gain has two poles at the origin, this topology is called a “type II” PLL. The .
closed-loop transfer function, denoted by H (s) for the sake of brevity, is thus equal to

IpKyoo
27TCP
2 4 IpKyco”
2rCp

His) = (8.41)

This result is alarming because the closed-loop system contains two imaginary poles at
s1,2 = £j/IpKyvco/(2nCp) and is therefore unstable. The instability arises because
the loop gain has only two poles at the origin (i.e., two ideal integrators). As shown in Fig,
8.34(a), each integrator contributes a constant phase shift of 90°, allowing the system to

20log|Hopen | 4 20log|Hopen | 4
-40 dB/dec —-40 dB/dec
-20 dB/dec
0 - 0 -
\ log ® ~ logw
log® logw-
0 - 0 -
O
=90
Q)
o -135
~180 -180°
/ Hopen \ / Hopen Y

(a}

(b)

Figure 8.34 (a) Loop gain characteristics of simple charge-pump PLI, (b) addition of zero.

oscillate at the gain crossover frequency.

To stabilize the system, we must modify the phase characteristic such that the phase
shift is less than 180° at the gain crossover, As shown in Fig. 8.34(b), this is accomplished
by introducing a zero in the loop gain, i.e., by adding a resistor in series with the loop filter
capacitor (Fig. 8.35). Using the result expressed by Eq. (8. 39) the reader can prove that
the PFD/CP/LPF now has a transfer function

%ut
Ag

_1r 1 42
(s) = 5o (Rp + 7). (8.42)

It follows that the PLL open-loop transfer function is equal to

(I’out IP 1 )KVCO

out = — 8.43)
3., (8)lopen 5 (Bp + Crs - (
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 Figure 8.35 Addition of zero to charge-pump PLL.

and hence
IpK
J# (RpCps+1)
H(s) = T TP I ) (8.44)
2 4 P ; .
%+ o KveooRps + 57Cp Kveco
The closed-loop system contains a zero at s, == —1/{RpCp). Using the same notation as

~ that for the type I PLL, we have

_ [IpKveco
Wy = ol (8.45)
K
¢= B, [lrCrKyco (8.46)
2 27

© As expected, if Rp = 0, then ¢ = 0. With complex poles, the decay time constant is given
be 1/(Cwn) = 4W/(RPIPKVCO)-

.. Stability Issues The stability behavior of type IT PLLs is quite different from that of
. type I PLLs. We begin the analysis with the Bode plots of the loop gain [Eq. (8.43)]. Shown
©- in Fig. 8.36, these plots suggest that if Ip Ky oo decreases, the gain crossover frequency
 moves toward the origin, degrading the phase margin. Predicted by (8.46), this trend is in
" sharp contrast to that expressed by (8.18) and illustrated in Fig. 8.19.
. Ttis also possible to construct the root locus of the closed-loop system in the complex
/ plane. For IpKyv oo = 0 (e.g., Ip = 0), the loop is open and both poles lie at the origin.
For IpKyco > 0, we have 81 2 = —(wy, £ wp/C% — 1, and, since { « TpKyco. the
" poles are complex if Ip Ky o is small. The reader can prove that as Ip Ky oo increases,
* 81 and s move on a circle centered at ¢ = —1/(RpCp) with a radius 1/(RpCp) (Fig.
" 8.37). The poles return to the real axis at { = 1, assuming a value of —2/(RpCp}. For
“:{ > 1, the poles remain real, one approaching —1/{RpCp) and the other going to —cc as
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Figure 8.36 Stability degradation of charge-pump PLL as Ip Ky decreases.

"RpCp

Figure 8.37 Root locus of type I PLL.

IpKvco — +cc. Since for complex 53 and 82, ¢ = cos i, we observe that as TpKv oo
exceeds zero, the system becomes more stable,

The compensated type II PLL of Fig. 8.35 suffers from a critical drawback. Since the
charge pump drives the series combination of Rp and Cp, each time a current is injected
into the loop filter, the control voltage experiences a large jump. Even in the locked con-
dition, the mismatches between I, and I and the charge injection and clock feedthrough
of 51 and S introduce voltage jumps in Veopnt. The resulting ripple severely disturbs the
VCO, corrupting the output phase. To relax this issue, a second capacitor is usually added
in parallel with Rp and Cp (Fig. 8.38), suppressing the initial step. The loop filter now is of
second order, yielding a third-order PLL and creating stability difficulties [4]. Nonetheless,
if Cy is about one-fifth to one-tenth of Cp, the closed-loop time and frequency responses
remain relatively unchanged.

Equation (8.46) implies that the loop becomes more stable as Bp increases. In reality.
as Rp becomes very large, the stability degrades again. This effect is not predicted by
the foregoing derivations because we have approximated the discrete-time system by 2
continuous-time loop. A more accurate analysis is given in [2], but simulations are often
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out

Figure 8,38 Addition of (s to reduce ripple on the control line.

pecessary to determine the stability bounds of CPPLLs.

8.3 Nonideal Effects in PLLs
8.3.1 PFD/CP Nonidealities

Several imperfections in the PED/CP circuit lead to high ripple on the control voltage even
when the loop is locked. As mentioned earlier, the ripple modulates the VCO frequency,
producing a waveform that is no longer periodic. In this section, we study these nonideali-
ties.

The PFD implementation of Fig. 8.24(a) generates narrow, coincident pulses on both
() 4 and ) g even when the input phase difference is zero. As illustrated in Fig, 8.39, if A
and B rise simultaneously, so do @ 4 and (J g, thereby activating the reset. That is, even

« T1LTLTLTL
LILTL

t
Figure 8.39 Coincident puises generated by PFD with zero phase difference.

when the PLL is locked, () 4 and ()5 simultaneously turn on the charge pump for a finite
period Tp = 5Tp, where Ty denotes the gate delay.

What are the consequences of the reset pulses on @4 and Qg7 To understand why
: these pulses are desirable, we consider a hypothetical PFD that produces no pulses for a

-7
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zero input phase difference {Fig. 8.40(a)]. How does such a PFD respond to a small phase '
error? As shown in Fig. 8.40(b), the circuit generates very narrow pulses on (2.4 or Q.

t

(a) (b

Figure 8.40 Output waveforms of a hypothetical PD with (a) zero input phase difference, and (b) a .
small input phase difference.

However, owing to the finite risetime and falltime resulting from the capacitance seen at
these nodes, the pulse may not find enough time to reach a logical high level, failing to turn
on the charge pump switches. In other words, if the input phase difference, A, falls below
a certain value, ¢yg, then the output voltage of the PFD/CP/LPF combination is no longer
a function of A¢. Since, as depicted in Fig. 8.41, for |A¢| < ¢q the charge pump injects
no current, Eq. (8.40) implies that the leop gain drops to zero and the output phase is not

Charge Pump A
Current . +ip

Figure 8.41 Dead zone in the charge pump current.

locked. We say the PFD/CP circuit suffers from a dead zone equal to -L¢y around A¢ = 0.

The dead zone is highly undesirable because it allows the VCO to accumulate as much
random phase error as ¢y with respect to the input while receiving no corrective feedback.
Thus, as illustrated in Fig. 8.42, the zero-crossing points of the VCO output experience
substantial random variations, an effect called “jitter.” '

Interestingly, the coincident pulses on @ 4 and () 5 can eliminate the dead zone. This is
because, for A¢ = 0, the pulses always turn on the charge pump if they are sufficiently
wide. Consequently, as shown in Fig. 8.43, an infinitesimal increment in the phase differ-
ence results in a proportional increase in the net current produced by the charge pump. In
other words, the dead zone vanishes if Tp is long enough to allow () 4 and (? to reach a
valid logical level and turn on the switches in the charge pump.
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Input J
VCO Output I I I L

Figure 8.42 Jitter resulting from the dead zone.

~y .
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Figure 8.43 Response of actual PD to a small input phase difference.

While eliminating the dead zone, the reset pulses on @ 4 and ) g introduce other diffi-
. culties. Let us first implement the charge pump using MOS transistors [Fig. 8.44(a)]. Here,
- My and M- operate as current sources and Mz and M, as switcheés. The cutput 4 4 is
inverted so that when it goes high, M, turns on.

The first issue in the circuit of Fig. 8.44(a) stems from the delay difference between Q 4
. and () p in turning on their respective switches. As shown in Fig. 8.44(b), the net current
: injected by the charge pump into the loop filter jumps to +7p and —Ip, disturbing the
~ oscillator control voltage periodically even if the loop is locked. To suppress this effect, a
- complementary pass gate can be interposed between (Jp and the gate of M3, equalizing
" the delays [Fig. 8.44(c)].
" The second issue in the CP of Fig. 8.44(c) relates to the mismatch between the drain
" currents of My and M,. As depicted in Fig. 8.45(a), even with perfect alignment of the
- UP and DOWN pulses, the net current produced by the charge pump is nonzero, changing
" Viont by a constant increment at each phase comparison instant. How does the PLL respond
" to this error? For the loop to remain locked, the average value of the control voltage must
- remain constant. The PLL therefore creates a phase error between the input and the output
- such that the net current injected by the CP in every cycle is zero [Fig. 8.45(b)]. It is
* important to note that (1) the control voltage still experiences a periodic ripple, (2} owing
"* to the low output impedance of short-channel MOSFETs, the current mismatch varies
“ with the output voltage (i.e., with the VCO frequency), and (3) the clock feedthrough and

. charge injection mismatch between Mz and M} further increases both the phase error and

- the ripple. . :
- The third issue in the circuit of Fig. 8.44(c) originates from the finite capacitance seen
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Figure 8.44 (a) Implementation of charge pump, (b) effect of skew between Q4 and @g. (€)
suppression of skew by a pass gate.

at the drains of the current sources. Suppose, as illustrated in Fig. 8.46(a), 57 and 5 are
off, allowing M to discharge X to ground and M to charge ¥ to Vpp. In the next phase
comparison instance, both Sy and S, turn on, Vi rises, Vy- falls, and Vy &~ Vy = Vot if

. the voltage drop across .S; and S is neglected [Fig. 8.46(b}]. If the phase error is zero and

Ip1 = |Ipz|, does V,op: remain constant after the switches turn on? Even if Cx = Cf,
the change in Vx is not equal to that in V4. For example, if’ Vyon¢ is relatively high, Vx.
changes by a large amount and Vy by a small amount. The difference between the two
changes must therefore be supplied by Cp, leading to a jump in Veons. :
The above charge sharing phenomenon can be suppressed by “bootstrapping.” IlluS—
trated in Fig. 8.47 [3], the idea is to “pin” Vx and Vy t0 V., after phase comparison is .
finished. When S; and Ss turn off, S; and S4 turn on, allowing the unity-gain amplifier to
hold nodes X and Y at a potential equal to V,or,:. Note that the amplifier need not provide

- much current becanse [; & I5. At the next phase comparison instant, S; and S, turn on,

S3 and S, turn off, and Vx and Vi begin with a value equal to V.o Thus, no charge
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Figure 8.45 Effect of UP and DOWN (a) current mismatch, and (b) pulsewidth mismatch.
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Figure 8.46 Charge sharing between C'p and capacitances at X and Y.

sharing occurs between Cp and the capacitances at X and ¥,

8.3.2 Jitter in PLLs

~ The response of phase-locked loops to jitter is of extreme importance in most applications.
.~ We first describe the concepts of jitter and the rate of change of jitter.

- As shown in Fig. 8.48, a strictly periodic waveform, z; (¢), contains zero crossings that
are evenly spaced in time. Now consider the nearly periodic signal zs (%), whose period
experiences small changes, deviating the zero crossings from their ideal points. We say the
latter waveform suffers from jitter.!! Plotting the total phase, ¢;,:, and the excess phase,
@ee, Of the two waveforms, we observe that jitter manifests itself as variation of the excess
phase with time. In fact, ignoring the harmonics above the fundamental, we can write
z1(t) = Acoswt and z5(t) = A cos[wi + ¢, (1)), where ¢, (£) models the variation of the

11 Keeer is quantified by several different mathematical definitions, e.g., as in [5].
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Figure 8.47 Bootstrapping X and ¥ to minimize charge sharing.
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Fignre 8.48 Ideal and jittery waveforms.

period.?

. The rate at which the jitter varies is also important. Consider the two jittery waveforms
depicted in Fig. 8.49. The first signal, y; (¢), experiences “slow jitter” because its instan-
taneous frequency varies slowly from one period to the next. The second signal, y2(£),

experiences “fast jitter.” The rate of change is also evident from the excess phase plots of
the two waveforms. :

12The guantity ¢y, (¢) (or more commonly its spectrum) is called the “phase noise.” In this book, we assume
the jitter is uniquely represented by ¢ (£}
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Figure 8.49 Illustration of slow and fast jitter.

Two jitter phenomena in phase-locked loops are of great interest: (a) the input exhibits
jitter, and (b) the VCO produces jitter. Let us study each case, assuming the input and
output waveforms are expressed as Z;y, (t) = A cos[wi + ¢, (£)] and oy (t) = A cos{wt+
¢0ut (t)] . .

The transfer functions derived for type I and type H PLLs have a low-pass characteristic,
- suggesting that if ¢y, (t) varies rapidly, then ¢,.,;(t) does not fully track the variations. In
other words, slow jitter at the input propagates to the ontput unattenunated, but fast jitter
. does not, We say the PLL low-pass filters ¢;n, (£).

Now suppose the input is strictly periodic but the VCO suffers from jitter. Viewing jitter
as random phase variations, we construct the model depicted in Fig. 8.50, where the input
. excess phase is set to zero [i.e., zin(t) = Acoswt] and a random component By o is

@
PFD/CP/LPF VCOo vyeo

oot . ;

s ! E K +
(Din=00~————-§——--®7 —'-’-(-—-.—'--+ Rp) |- veo ——I-—@——“—O Dout

; 2TE CPS ) E s )

Figure 8.50 Effect of VCO jitter.

.‘:}' “added to the output of the VCO to represent its jitter. The reader can show that the transfer
.. function from ®y o to @, for a type 11 PLL is equal to

Qﬂut (8) — 32
8% + 2lwps + w2’

8.47
®vco (847

- Interestingly, the characteristic has a high-pass nature, indicating that slow jitter compo-
- nents generated by the VCO are suppressed but fast jitter components are not. This can be
- understood with the aid of Fig. 8.50: if ¢y co{t) changes slowly (e.g., the oscillation pe-
. riod drifts with temperature), then the comparison with ¢, = 0 (i.e., a perfectly periodic
- signal) generates a slowly-varying error that propagates through the LPF and adjusts the
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VCO frequency, thereby counteracting the change in ¢vco. On the other hand, if gy g -
varies rapidly {e.g., high-frequency noise modulates the oscillation period), then the error
produced by the phase detector is heavily attenuated by the poles in the loop, failing to =
correct for the change.

Figure §.51 conceptually summarizes the response of PLLs to input jitter and VCO
jitter. Depending on the application and the environment, one or both sources may be sig-

A ¢nut

bveo

Pout

¢'in

Rate of Change Rate of Change
of Oin of hvco

Figure 8.51 Transfer functions of jitter from input and VCO to the output.

nificant, requiring an optimum choice of the loop bandwidth.

| 8.4 Delay-Locked Loops

A variant of PLLs that has become popular in the past 10 years is the delay-locked loop.
To arrive at the concept, let us begin with an example. Suppose an application requires
four clock phases with a precise spacing of AT = 1 ns between consecutive edges [Fig.
8.52(a)]. How should these phases be generated? We can use a two-stage differential ring

CK, CK; €K, CK;
Q Q =] [

CcK,
- ~
ek ) —>
—+
—_ " +
CKy i < Frpo—sm| & [}
! 250 MHz | &
CKa : o g Veont
: : e
*1 nsl-_ L o
t
() (b)

Figure 8.52 (a) Clock phases with edge-to-edge delay of 1 ns, (b) use of a phase-locked ring oscil-
lator to generate the clock phases.
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oscillator'? to produce the four phases, but how do we guarantee that AT = 1 ns despite
process and temperature variations? This requires that the oscillator be locked to a 250-
MHz reference so that the output period is exactly equal to 4 ns [Fig. 8.52(b)].

An alternative approach to generating the clock phases of Fig. 8.52(a) is to apply the
input clock to four delay stages in a cascade. IHustrated in Fig. 8.53(a), this technique
nonetheless does not produce a well-defined edge spacing because the delay of each stage

CK, CK,

CK; CK, CK; CK,

CKin

(a) ' ®)
Figure 8.53 (a) Generation of clock edges by delay stages, (b} simple delay-locked loop.

varies with process and temperature. Now consider the circuit shown in Fig. 8.53(b), where
the phase difference between C' K, and C K} is sensed by a phase detector, a proportional
average voltage, V¢, 1s generated, and the delay of the stages is adjusted with negative
feedback. For a large loop gain, the phase difference between C'Kj,, and C Ky is small;
that is, the four stages delay the clock by almost exactly one period, thereby establishing
precise edge spacing.'* This topology is called a “delay-locked loop™ to emphasize that
“ it incorporates a voltage-controlled delay line (VCDL) rather than a VCO. In practice, a
- charge pump is interposed between the PD and the LPF to achieve an infinite loop gain.
- Each delay stage may be based on one of the ring oscillator stages described in Chapter 6.

The reader may wonder about the advantages of DLLs over PLLs. First, delay lines are -

generally less susceptible to noise than oscillators are because corrupted zero crossings
of a waveform disappear at the end of a delay line whereas they are recirculated in an
. oscillator, thereby experiencing more corruption. Second, in the VCDL of Fig. 8.53(b), a
change in the control voltage immediately changes the delay; that is, the transfer function

B oyt (8)/ Vione(8) is simply equal to the gain of the VCDL, Ky pr. Thus, the feedback

systemn of Fig. 8.53(b) has the same order as the LPF, and its stablhty and settling issues -

are 'more relaxed than those of a PLL.
Let us determine the closed-loop transfer function of the DLL shown in Fig. 8.54. We
write the transfer function of the PD/CP/LPF combination as

COTY I ]. ]_
Veont gy = P ypp Loyt (8.48)

Ag )= 5 e Cps

. 13 A5 explained in Chapter 6, a simple two-stage CMOS ting oscillator may not oscillate. This example is
- merely for illustration purposes.

14The total delay through the four stages may be equal to two or more periods. We teturn to this issue later.
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Figure 8.54 Simple DLL.
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The closed-loop transfer function is thus equal to

IpKvopr
Dy B (RpCps+ 1)

B (8)lctosea == RpCpCys® +[Cp + Ca + IpKvopr ReCp/[(27)]s + IpKve b é{g)zﬂ)'
This transfer function can be used to determine how ¢, settles if ¢;, experiences a
change. Note that in practice Rp may not be needed because the loop contains only one
pole at the origin.

The principal drawback of DLLs is that they cannot generate a variable output fre-
quency. This issue becomes clearer when we study the frequency synthesis capabilities
of PLLs in Section 8.5.1. DLLs may also suffer from locked delay ambiguity. That is, if
the total delay of the four stages in Fig. 8.53(b) can vary from below Tj, to above 2T,
then the loop may lock with a C K, -to-C Ky delay equal to either T, or 270%,. This am-
biguity proves detrimental if the DLL. must provide precisely-spaced clock edges because
the edge-to-edge delay may settle to 2T}, /4 rather than T}y, /4. In such cases, additional
circuitry is necessary to avoid the ambiguity. Also, mismatches between the delay stages
and their load capacitances introduce error in the edge spacing, requiring large devices and
careful layout.

~ 8.5 Applications

After nearly 70 years since its invention, phase locking continues to find new applications

. in electronics, communication, and instrumentation. Examples include memories, micro-

processors, hard disk drive electronics, RF and wireless transceivers, and optical fiber re-

" ceivers. .

The reader may recall from Section 8.1.2 that a PLL appears no more useful than a short
piece of wire because both guarantee a small phase difference between the input and the
output. In this section, we present a number of applications that demonstrate the versatility
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of phase locking. The concepts described below have been the topic of numerous books
and papers, e.g., [6, 7].

8.5.1 Frequency Multiplication and Synthesis

Frequency Multiplication A PLL can be modified such that it multiplies its input
frequency by a factor of M. To arrive at the implementation, we exploit an analogy with
- voltage multiplication. As depicted in Fig. 8.55(a), a feedback system amplifies the input

v,
in o V out
ip fino—s= PFD |-={ CP/LPF |- vCO f out
. 1
q A

=A, =
J__ fD ] M

(a) - (b)

Figure 8.55 (a) Voltage amplification and (b) frequency multiplication.

voltage by a factor of M if the output voltage is divided by M [i.e., if Ry /{R; + Ry) =
1/M] and the result is compared with the input. Thus, as shown in Fig. 8.55(b), if the

- output frequency of a PLL is divided by M and applied to the phase detector, we have
Jout = M fin. From another point of view, since fp = fous/ M and fp and fj, must be

- equal in the locked condition, the PLL multiplies f;;, by M. The +M circuit is realized as
a counter that produces one output pulse for every M input pulses.

As with voltage division in Fig. 8.55(a}, the feedback divider in the loop of Fig. 8. SS(b) .

alters the systern characteristics. Using (8.43), we rewrite (8.44) as

H(s) = —2F P (8.51)

IpKvcoo
27Cp (RpCps+1)

- o 4 Ip Kveco Ip Kyco~ (8:52)

For 00 P9 Y Snc m

© Note that H(s) — M as s — 0, i.e., phase or frequency changes at the input resalt
. in an M-fold change in the corresponding output quantity. Comparing the denominators
- of (8.44) and (8.52), we observe that frequency division in the loop manifests itself as

division of Ky o by M. In other words, as far as the poles of the closed-loop system are
- concerned, we can assume the oscillator and the divider form a VCO with an equivalent
. gain of Kvoo/ M. This is, of course, to be expected because, for the VCO/divider cascade
.. shown in Fig. 8.56, we have
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Figure 8.56 Equivalency of VCO/divider combination to a single VCO.

wo +~ KvooVeont

Wout, = 7 - (853)
_wo , Eyco -
= 21+ =7 Veont. | (8.54) .

Thus, the combination cannot be distinguished from a2 VCO having an intercept frequency '
of wy/ M and a gain of Kveoo /M.

The foregoing discussion suggests that (8.43) and (8. 46) can be respectively rewritten
as

Kyveo - |
= .55
Wy 27Cp (8.55)
Rp [IpCp Kvco '
= = \ .56
¢ 2 27 M (8.36)

Also, the decay time constant is modified to (Cwn) ! = 4nM[(RpIpKveo). It follows
that inserting a divider in a type Il loop degrades both the stability and the settling speed,
requiring a proportional increase in the charge pump current.

The frequency-multiplying loop of Fig. 8.55(b) exhibits two interesting properties, First,
unlike the voltage amplifier of Fig. 8.55(a), the PLL provides a multiplication factor exacily

‘equal to M, an attribute resulting from the infinite loop gain and expressed by Eq. (8.52).

Second, the output frequency can be varied by changing the divide ratio M, an extremely
useful property in synthesizing frequencies. Note that DLLs cannot perform such synthesis.

Frequency Synthesis Some systems require a periodic waveform whose frequency
(a) must be very accurate (e.g., exhibit an error less than 10 ppm), and (b) can be var-
ied in very fine steps (e.g., in steps of 30 kHz from 900 MHz to 925 MHz). Commonly
encountered in wireless transceivers, such requirements can be met through frequency mul-
tiplication by PLLs.

Figure 8.57 shows the architecture of a phase-locked frequency synthesizer. The channel
control input is a digital word that varies the value of M. Since four = M frer, the relative

. accuracy of fous is equal to that of fppr. For this reason, frpp is derived from a stable,
low-noise crystal oscillator. Note that f,,; varies in steps equal to frer if M changes by

one each time.

CMOS frequency synthesizers achieving gigahertz output frequencies have been re-
ported. Issues such as noise, sidebands, settling speed, frequency range, and power dissi-
pation continue to challenge synthesizer designers.
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Figure 8.57 Frequency synthesizer.

8.5.2 Skew Reduction

The earliest usage of phase locking in digital systems was for skew reduction. Suppose a
synchronous pair of data and clock lines enter a large digital chip as shown in Fig. 8.58.
Since the clock typically drives a large number of transistors and long interconnects, it

Do . CK,,,||||||!|||||
CKin°‘4DTCKBE
: L

Figure 8.58 Skew between data and buffered clock.

. is first applied to a large buffer. Thus, the clock distributed on the chip may suffer from
substantial skew with respect to the data, an undesirable effect because it reduces the timing
budget for on-chip operations.

- Now consider the circuit shown in Fig. 8.59, where C' K, is applied to an on-chip PLL
and the buffer is placed inside the loop. Since the PLL guarantees a2 nominally-zero phase

Buffer

Vveo
CP/LPF | vCO —D—l—«—o CKy
c| -

1

CK;yo—m1 PFD
A

Y

" Figure 8.59 Use of a PLL to eliminate skew.

difference between C K, and C'K g, the skew is eliminated. From another point of view,
. the constant phase shift introduced by the buffer is divided by the infinite loop gain of
. the feedback system. Note that the VCO output, Vi, may not be aligned with CKj;,, a

. nonetheless unimportant issue because cho is not used.
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Asan example, we 'consir.uct the VOltage—dom'ain counterpart of the loop shown in Fig,
8.59. The buffer creates a constant phase shift in the signal generated by the VCO, The
voltage-domain counterpart therefore assumes the topology shown in Fig. 8.60. We have

out

Figure 8.60 Linear model of PLL..

(Vin = Vour) A+ Vg = Vou o (8.57)
and hence.
AV f Vi
Vi = vin Vo1 (8.58)

144

As A = oo, Vout—ﬂf;n : :
We should note that the. skew can be suppressed by a delay—locked loop as well. In
fact, if frequency muitlphcatlon is not requlred DLLs are preferred because they are less

' suscepﬂble to n01se

8.5.3 J itter Reductmn

Recall from Sectmn 8.3. 2 that PLLS suppress fast Jitter components at the input. For exam-
ple, if a 1-GHz jittery signal is applied to a PLL having a bandwidth of 10 MHz, then input
jitter components that vary faster than 10 MHz are attenuated. In a sense, the phase-locked -
loop operates as a natrowband filter centered around 1 GHz with a total bandwidth of 20

*MHz. This is another important and useful property of PLLs.

Many applications must deal with jittery waveforms. Random binary signals experience
jitter because of (a) crosstalk on the chip and in the package, (b) package parasitics, (C)
additive electronic noise of devices, etc. Such waveforms are typically “retimed” by a low-
noise clock so as to reduce the jitter. lllustrated in Fig. 8.61(a), the idea is to resample
the midpoint of each bit by a D ﬂlpﬂop that is driven by the clock. However, in many
applications, the clock may not be available independently. For example, an optical fiber
carries only the random data stream, providing no separate clock waveform at the receive
end. The circuit of Fig. 8.61(a) is therefore modified as shown in Fig. 8.61(b), where 2

" “clock recovery circnit” (CRC) produces the clock from the data. Employing phase locking

with a relatively narrow loop bandwidth, the CRC minimizes the effect of the input jitter
on the recovered clock. This concept is studied in Chapter 9.
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Figure 8.61 (a) Retiming data with D flipfiop driven by a low-noise clock, (b) use of a phase-locked
clock recovery circuit to generate the clock.
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'CHAPTER 9

Clock and Data Recovery

The data stream received and amplified by an optical receiver is both asynchronous and
noisy. For subsequent processing, timing information, e.g., a clock, must be extracted from
the data so as to allow synchronous operations, Furthermore, the data must be “retimed”
such that the jitter accumulated during transmission is removed. The task of clock ex-
traction and data retiming is called “clock and data recovery”(CDR). CDR circuits must
satisfy stringent specifications defined by optical standards, presenting difficult challenges
to system and circuit designers.

Following our study of osciltators and PLLs in Chapters 6, 7, and 8, we deal with CDR
circuits in this chapter. We begin with a generic example, addressing its shortcomings. We
then introduce various phase and frequency detectors suited to random data. Finally, we
present a number of CDR architectures and describe CDR jitter characteristics.

9.1 General Considerations

In order to perform synchrenous operations such as retiming and demultiplexing on ran-
dom data, optical receivers must generate a clock. As illustrated in Fig. 9.1, a clock recov-

Decision
Circuit

i O naV AU ARY
'y
Clock
=] Recovery J-I.”.I-Lﬂ.

Circuit

- Figure 9.1 Role of a CDR circuit in retiming data.

ery circuit senses the data and produces a periodic clock. A D flipflop driven by the clock
then retimes the data; i.e., it samples the noisy data, yielding an output with less jitter. AS
such, the flipflop is sometimes called a “decision circuit.” Note that the zero crossings of
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the received data are corrupted by noise and jitter whereas those at the flipflop output area
as “clean” as the recovered clock itself, This removal of timing errors forms the essence of
data retiming.

The clock generated in the circuit of Fig. 9.1 must satisfy three important conditions.
(1) It must have a frequency equal to the data rate; e.g., a data rate of 10 Gb/s (each bit 100
ps wide) transiates to a clock frequency of 10 GHz (with a period of 100 ps). (2) It must
bear a certain phase relationship with respect to data, allowing optimum sampling of the

bits by the clock. As exemplified by the waveforms shown in Fig. 9.2, if the rising edges of

the clock coincide with the midpoint of each bit, then the sampling occurs farthest from the

o [NNNE,

Figure 9.2 Optimum sampling of noisy data.

preceding and following data transitions, providing maximum margin for jitter and other
timing uncertainties. (3) It must exhibit a small jitter as it is the principal contributor to
the retimed data jitter, We follow the above conditions to develop the foundation for CDR
design, beginning with the first.

Edge Detection How can a circuit produce a clock that has a frequency, fox, equal to
- the bit rate, ;7 Recall from Chapter 2 that random binary data contains no spectral line at
: the bit rate, providing no direct information for clock exiraction. To create such a spectral
« line, the data may undergo “edge detection.” Hlustrated in Fig. 9.3(a) is an attempt at edge
- detection, where the data waveform is differentiated in the time domain, Unfortunately,
- however, the positive and negative pulses still yield no spectral line at Ry because differen-
tiation is a linear operation and hence incapable of generating new frequency components.
¢ More specifically, since a differentiator has a transfer function H (s) = s, we multiply the
input power spectral density, Si,(f), by [H{jw)|?> = w? to obtain the output spectrum,

Sout(f):

Sout(f) = Sm(f) ’ (27Tf)2 B EAY)
. 9 .
~ [%@] (2r ) 92)
: . 2
_ {25111%]’1";,)] . ©.3)

1'We say the clock has a “phase margin” of nearly 180° because its rising edge can tolerate an offset of almost
"+ . 180° before the data is sampled incorrectly. Of course, jitter and other timing errors lower this margin,
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Figure 9.3 (a) Diifferenti.atidn of data, (b) resﬁlting spectrumm.

: Interestmgly, the spectrum of the dlfferentlated waveform displays a smusmdal behav1or, .
still falling to zero at f = n/T} [Fig. 9.3(b)]."

- This result ¢an also be obtained by the reasoning described in Section 2.1; to determine
whether a signal contains a spectral line at a certain frequency, fo, we multiply the sig- - .
nal by cos(2nfot + 6) and compute the time average (i.e., we correlate the signal with

. the cosine). If the average assumes a nonzero value for some , then the signal contains -
_such a component. As shown in Fig. 9.4, a sinuscid with period T3 and arbitrary phase is
* multiplied by two equal and opposite impulses that are 7}, seconds apart, yielding a zero

- Dy

t

d D,
cos( T, t+9) gt

Figure 9.4 Correlation of différentiated data with a sinusoid.

average in each bit. - .
The foregoing view suggests that, if the negative impulses corresponding to the falling
edges of data are converted to positive impulses, then the product of the data waveform and

~ cos (2t /T, + @) may exhibit a nonzero average. Indeed, as depicted in Fig. 9.5(a), if all of
~ the data transmons are represented by impulses having the same polarity, the correlation is

NoNzero. :

"The waveforms of Flg 9. S(a) reveal that differentiation and rectification of a random bi-
nary sequence (also called edge detection) generates a frequency componerit at the bit rate-
The result in Fig. 9.5(a) is obtained by “full-wave” rectification, i.e., converting negative
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~ Figure 9.5 Différéhﬁi_ation and (a) full-wave rectification or (b} half-wave rectification of data.

- impulses to positive or vice versa. Alternatively, we can perform “half-wave” rectification,
~ whereby only positive (or negative) impulses are retained. Hlustrated in Fig. 9.5(b), where
1'dDm [dt] 7 -denotes the half-wave rectified waveform, this technique ignores half of the
data transitions, but it is used in some cases if data suffers from pulsewidth distortion. The

- combination of differentiation and rectification is called edge detection. It is also worth not-
ing that edge detection need not generate impulses; any stream of narrow unipolar pulses

" corresponding to the data transitions still yields a nonzero correlation.?

. The reader may wonder how differentiation and rectification are realized in integrated

circuits. Shown in Fig. 9.6(a) is a simple, yet efficient differéntiator employing capacitive

’1+’2

@ ()
; ':_-Figure 9.6 (a) Differentiator circuit, (b) pulse shapes for one data edge.
'degeneration. Each rising transition at the gate of M, momentarily turns M, off, allowing

- both I and I to flow through M;. The source voltage of Ms, Vp, then falls at a rate
of Io/Cp until M, turns on [Fig. 9.6(b)]. Similarly, rising transitions at the gate of M,

*Note that edge detected data is not the same as RZ data. .~ ~




. 292

Chap.9 - Clock and Data Recove:ry.'_ :

mommentarily turn M, off. Thus, each data transition at the input creates short pulses of i
equal and opposite amplitudes in /1 and Ips. L
The differentiated signal produced by the circuit of Fig. 9.6(a) can be rectified if it is"
multiplied by the original random binary sequence, lllustrated in Fig. 9.7(a), the overall cir- -
cuit resembles a Gilbert cell but with capacitive degeneration added. The level shift stages

Vpo Vop

. -
= =
= =
F

out

S

—0 V., o——1*

o—a Aht

Figure 9,7 (a) Edge detector circuit, (b) simplified circuit for nsmg data edge, (c} simplified circuit
for falling data edge. :

(c.g., source followers) ensure that M7 and M, remain in saturation. For each positive or
negative data edge at the input, the circuit reduces to that in Fig. 9.7(b) or (c), respectively,
generating enly unipolar impulses at the output.

The circuit of Fig. 9.7(a) exemplifies analog implementation of edge detectors. This
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is suited to extremely high speeds, i.e., speeds at which flipflops. fail but such a simple
realization still provides a frequency component at the bit rate. At lower speeds, digital
edge detectors prove more robust and versatile. Figure 9.8(a) depicts an example, where

Vop
Dinc N V - -
)i > © Vour = =
) +—o V [ a—
- AT A ) out
D,
Diy .
m— Delay ! ;
Va Circuit § | o
i T JL_T i
out L S [ S \
= T - ®
AT B - =
(a) )

Figure 9.8 (a) Digital edge deiector, (b} circnit implementation of (2.

the data sequence and its delayed version are XORed, thereby producing a positive pulse

of width AT on each data edge. The circuit lends itself to a compact implementation: as

" shownin Fig. 9.8(b), a differential current-mode XOR (i.e., a Gilbert celf) employing level-

. shift source followers for the bottom input introduces significant delay in one signal path
before XORing the drain currents of M7 and M, with the gate voltages of M3-Ms.

The choice of the delay, AT, in Fig. 9.8(a) becomes a critical issue at high speeds.

First, suppose AT is not sufficiently large. Then, as illustrated in Fig. 9.9(a), the finite time

constants in the circuit prohibit the XOR output from reaching a full level. For example, if

A { \ J—‘L Va { ) { \ {
:3:: VDI.I‘[ NN N\ /\ .Voul
t t
(a) _ (b)
Figure 9.9 Insufficient pulse height due to (a) excessively short and (b) excessively long delay AT,

AT = 10 ps and the time constants in the XOR are on the order of 50 ps, then the output
pulses suffer from a small amplitude, providing little energy at a frequency equal to the bit
" rate. Next, suppose AT is excessively large, i.e., it is approximately equal to the bit period.
- Consequently, as shown in Fig. 9.9(b), the time overlap between each data pulse and its
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delayed version is small, prohibiting edge detection. Thus, if the data rate is near the speed -
limit of the technology, no value of AT’ may produce adequate pulse height at the output, "~
We study other methods of frequency detection in Section 9.3. It is nevertheless im-/ -

- portant to note that clock extraction from random data requires edge detection because -

oscillators can be locked to only impulsive frequency content (i.e., a spectral “line™).

Phase Detection  Following edge detection, we must generate & clock that samples
the data bits at their peak values. This is accomplished by measuring the phase difference
between the data and the clock and driving it toward the desired value. _
Since the spectrum of random data exhibits a null at the bit rate, the phase detectors used - .

for periodic signals may completely fail if they sense random data. For example, as shown .
- in Fig. 9.10, an XOR gate computing the phase difference between CK and Dy, produces =~

D.
cK :)D_" Vout

Figure 9.10 Failure of XOR gate as a phase detector with random data,

a zero average at the output if the ONEs and ZEROs in D;,, occur with equal probabilities.

- (The XOR output is assumed to be differential). This result can also be reached from an

analog viewpoint: the XOR gate is represented by an analog multiplier (mixer) and the
clock is replaced by its first harmonic,

mout(t) = D;n - coswpt, (9.4)

where wy = 2r/T3. Recall from Chapter 2 that this product displays a zero average. The
reader can prove that the phase/frequency detecior described in Chapter 8 also fails with
randorm data, N ' '
Let us now consider a D flipflop (DFF) for the task of phase detection. First, suppose the
flipflop senses the random-data at its 1 input and the recovered clock at its clock input. As
shown in Fig. 9.11(a), each rising transition of the clock samples the level of the data wave-
form, thereby producing a delayed replica of D;,,. Unfortunately, if the random sequence
contains equal numbers of ONEs and ZEROs, then the average output is still zero. Next,
suppose the data and clock ports are swapped so that each rising edge of data samples the
clock waveform [Fig. 9.11(b)}. In this case, if the data Iags the clock, the flipflop continues -
to sample the high levels of CK, generating a positive output. Conversely, if the data leads
the clock, the flipflop produces a negative output. Thus, the average output signifies the
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Figure 9.11 Useofa D'ﬂipﬂop as a phase detector: () data sampled by clock, (b) clock sampled
by data. '

polarity of the phase difference between D;,, and CK. We call the arrangement of Fig.
§.11(b) a DFF phase detector.

Tt is instructive to study the input-output characteristic of a DFF PD. As illustrated in

Fig. 9.11(b), the flipflop output assumes only one of two values depending on whether the

" datalags or leads the clock.® As a resuli, the characteristic appears as shown in Fig. 9.12,

~ exhibiting an extremely nonlinear behavior. In contrast to the phase detectors studied in

_ Vout & .

Figure 9.12 Bang-bang PD characteristic.

Chapter 8, a D flipflop provides a very high gain in the vicinity of A¢ == 0 and a zero gain
" elsewhere. This is an example of a “bang-bang” characteristic, where the output jumps
" from one extreme to another with a slight change in the input.

Another important property of the DFF PD relates to edge detection. Consider the wave-
forms shown in Fig. 9.13(a), where each rising transition of data samples the clock. The
operation is equivalent fo multiplying the clock waveform by impulses that occur at each
. positive edge of data, a behavior similar to that of an edge detector using a half-wave recti-

3For now, we ignore the case where the data samples the clock very close to its zero crossings {metastability).

~¥
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Figure $.13 (a) Equivalence of DFF operation to impulse sampling, (b) analog implementation of
the concept.

fier [Fig. 9.5(b)]. Modeled as shown in Fig. 9.13(b), a DFF PD therefore differentiates and
half-wave rectifies the data and multiplies the result by the clock. If the data and the clock
exhibit unequal rates, then the output contains a “beat” equal to the difference between the .
two. The beat component is in fact necessary for phase locking. Note that a DFF does not
provide such a property if it is configured as shown in Fig. 9.11(a).

The reader may wonder if a D flipflop can perform differentiation and full-wave recti-
fication, This is indeed possible if the circuit samples the clock on both rising and falling
edges of data. Depicted in Fig. 3.14 is a double-edge-triggered (DET) flipflop consisting
of two latches that operate on opposite phases of 3;, and a MUX that selects each latched
output.

CK »~ID Q@

P

_ v,
D, © out

L

| D a%—T

.........

=i}

Figure 9.14 Double-edge-triggered flipflop.

Simple CDR Circuit With the foundation formed thus far, we construct a simple CDR
circuit, analyzing its behavior and shortcomings. As illustrated in Fig. 9.15, to generate-the
clock waveform, we employ a VCO, and to define its frequency and phase, we phase-lock
the VCO to the input data. Also, to retime the data, we add another DFF that is clocked
by the VCO output. Note that the recovered clock, C K ,.,;, drives the D input of the phase
detector and the clock input of the retimer. _
The circuit of Fig. 9.15 operates as follows. Upon turn-on, the DFF multiplies the edge-
detected data by the VCO output, generating a beat that drives the VCO frequency toward
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»{D Q|—] LPF [~—| VCO — CK ot

Retimer

Figure 9.15 Simple CDR circuit using DFF PD.

the input bit rate. If the initial difference between the VCO frequency and the data rate
is sufficiently small, then the loop locks, establishing a well-defined phase relationship
between D, and C K oy, In fact, with the PD bang-bang characteristic, the data edges must
sample zero-crossing points of the clock. Even for a slight phase error, the PD generates a
large output, driving the loop toward lock.

We now consider a more realistic bang-bang characteristic, where the gain in the vicinity
of A¢ = 0 is finite [Fig. 9.16(2)]. In a DFF PD, the finite slope arises from metastability:

vout A Clock Vp

o j"mpi“" xf

(a) _ (b)

Figure 9.16 (a) Actual bang-bang characterisiic, (b) realistic clock waveform.

if the clock waveform is sampled near its zero crossings, the output may not reach the full
logical level in one bit period. In other words, as the phase difference between the clock and
the data approaches zero, the PD output developed in one bit period also decreases. More
specifically, we assume both the master and the slave latches in the flipflop are metastable
- and write the output after one bit period as

7 .
Vour = Vpexp — (9.5)

b
b
TR
where V; denotes the initial voltage and 7 the regeneration time constant. Approximating
the clock by a sinusoid, Vox = Vj sinwt, we note that a small phase difference of Ag

" translates to a voltage Vox (Ad) = V,Ad [Fig. 9.16(b)]. Substituting this value for Vg in
- Eq. (9.5) yields: . ‘

T, a :
Vour = VpAdexp é _ (9.6)
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and hence
Vout _ Ty '
Ao Vp exp g 9.7

That is, the gain of the phase detector after one bit period is finite and constant in the
metastable region, yielding a linear characteristic. The PD characteristic remains linear
for phase differences that are small enough to produce an “unsaturated” output. Denoting
the saturated output by Vsat; we can determme the maximum phase difference for Imear
operation as: :

V:sat —Tb
exp —

o — (9.8)

A¢maw =

In a typical design, Vior & 0.5V, and Ty =~ 475, thereby giving Adnar ~ 0.0092rad =~ -
0.525°,

Considering the finite-gain region in Fig. 9.16(a), we can now exploit the concepts de-
scribed for linear PDs in Chapter 8 to predict the behavior of the bang-bang loop in locked

- condition. Repeating the graphical method of Chapter 8 in Fig. 9.17, we note that the loop

must lock with such a phase difference that produces the required control voltage at the

W@ oyt

@ ®)

Figure 9.17 Computation of phase error in terms of CDR output frequency.

output of the low-pass filter. Thus, the clock zero crossings lock to the data edges, fluctu-
ating in the metastability region most of the time. If the rising edge of the clock is locked
to data, then its falling edge appears in the center of the data eye and can be used to strobe
the decision circuit.

The foregoing study has tacitly assumed a periodic data stream so that the phase detector
becomes metastable on each rising (or falling) data edge when the loop is locked. With
random data, on the other hand, the time for regeneration reaches n7),, where 1 denotes
the number of consecutive ONEs or ZEROs. As a result, with a string of several consecutive
ONEs or ZEROs, the output is likely to reach a logical level, leading to a critical drawback.
In the absence of data transitions, the PD continues to produce a high or low level, thus
forcing the oscillator voltage to vary. As a result, for long runs, the VCO frequency changes
substantially, creating a large jitter.

The simple CDR circuit of Fig. 9.15 suffers from a number of drawbacks. First, as
mentioned above, the PD may produce full digital outputs for run lengths greater than
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one, thus creating substantial ripple on the oscillator control voltage and hence jitter at
the output. Second, since the PD samples the clock by the data whereas the decision circuit
samples the data by the clock, data retiming exhibits significant phase offset at high speeds.
In typical latches, the delay from the D input to the output (called the “D-to-() delay”) is
unequal to that from the C'K input to the output (called the “C' K-to-() delay”). Figure
9.18 illustrates an example where the C'K -to-@Q delay is longer than the D-to-) delay by
AT. Note that the skew is explicitly referred to the CK input of each flipflop. Here, the
PD locks such that the data leads the clock by AT, sampling the clock closer to the zero
crossing after the data experiences the intrinsic delay of the PD. The VCO output suffers

=D QF—| LPF =1 VCO » CKopt

L

1 J
AT

AT

| =

Do - Dot

FF2

CKour | i ' 5 ' r

Actual ' i '
Sampling | | Y Y Y Y I_
in FF,

-~y

Figure 9.18 Problem of skew resulting from DFF delays.

from even more delay as it propagates through the decision circuit, sampling the data far
from the middle of the eye. In other words, if the difference between the C'K-to-) and
D-to-() delays is equal to AT, then the retiming suffers from a skew of 2AT.

The third drawback of the simple CDR architecture of Fig. 9.15 relates to the
feedthrough of data to the VCO output through both flipflops. Figure 9.19 illustrates this
phenomenon for the PD and the decision circuit. In Fig. 9.19(a), data transitions turn M, -

.. M5 on and off, drawing transient currents from the VCO. Similarly, in Fig. 9.19(b), data

edges couple through the gate-source capacitance of 3/, and the gate-drain overlap capaci-
tance of M; to the oscillator. The random arrival of the data transitions therefore introduces

jitter at the VCQ output. For this reason, the VCO must be followed by a buifer stage ex-

hibiting a high reverse isolation.
In the remainder of this chapter, we present various phase and frequency detectors and
~CDR architectures that allevxate the issues described above.
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- Phase Detector ' : Decision Circuit

(a)

Figure 9.19 Feedthrough of random data to VCO.

9.2 PhasekDetectors for Random Data

As mentioned in Section 9.1, PDs for random data must provide two essential functions:
(1) data transition detection and (2) phase difference detection. Furthermore, the skew ef-
fect illustrated in Fig. 9.18 makes it desirable to retime the data inside the phase detector,
thereby eliminating the explicit decision circuit and the skew associated with it. This ob-
servation immediately leads to another: if the data is to be retimed by the VCO output,
then the flipflop(s} in the phase detector must be strobed by the latter rather than the for-
mer. In other words, unlike the DFF PD of Fig. 9.11(b), the phase detector must sample
the incoming data by the VCO signal.

9.2.1 Hogge Phase Detector

How can a PD detect data transitions if it samples the data by the VCOQ output? Recall
from Section 9.1 that a single DFF fails to operate as a phase detector if it is used in such
a mode. However, recognizing that a DFF produces & delayed replica of the input data, we
can replace the delay element in the edge detector of Fig. 9.8(a} with a DFF [Fig. 9.20(a)],
arriving at a synchronous counterpart. Since sample B changes only on the CK edges,
Y = D;, @& B contains pulses whose width represents the phase difference between Dy,
and C'K [Fig. 9.20(b)]. It is important to note that (a) the circuit produces a pulse for each
data transition, thereby providing edge detection, and (b) the width of the output pulses
varies linearly with the input phase difference, suggesting that the circuit can operate as a
finear PD. We cal! this type of output “proportional pulses.”

It may appear that the topology of Fig. 9.20(a) satisfies the requirements of a phase
detector and can therefore be used as such. Unfortunately, however, the average value of
the output is a function of the data transition density, failing to uniquely represent the phase
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Figure .20 (2) Simple PD using synchronous edge detection, (b) PD output for 2 data pattern, (c)
PD output for a different data pattern.

difference for various data patterns. For example, as illustrated in Figs. 9.20(b) and (c), the
average output remains unchanged if the transition density falls by a factor of two and the
phase difference rises by the same factor. In other words, two different phase errors may
result in the same dc¢ output, leading to false lock. ‘

To overcome the above ambiguity, the proportional pulses must be accompanied by
“seference pulses.” The latter are pulses that appear on data edges but exhibit a constant
width, thus eliminating the pattern dependency.

How can reference pulses be generated? We note that, if the retimed data at point B in
Fig. 9.20(a) is delayed by half a clock cycle, Tox /2, and XORed with itself {Fig. 9.21(a)],
then pulses of width T /2 are produced for each data transition. As depicted in Fig.
9.21(b), the difference between the areas under X and Y can be viewed as the PD output,
eliminating the ambiguity due to transition density. Note that under locked condition, X
and Y produce equal pulsewidths. This circuit is called the “Hogge phase detector” [1].

Let us summarize our thought process thus far. To avoid skews in the decision circuit,
we choose to sample the data by the clock even in the phase detector. This in turn requires
explicit edge detection, carried out by a DFF and an XOR gate. Finally, we produce a
reference pulse to eliminate ambiguity for different data transition densities.

Recall that the principal motivation behind the above development is to retime the data

inside the PD. Does the Hogge PD accomplish this? Indeed, both flipflops in Flg 921

operate as decision circuits as well, thereby providing retimed data.

~¥
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(a) (k)
Figure 9.21 (a) Hogge phase detector and (b) its waveforms.

Nonidealities We now examine the behavior of the Hogge PD in the presence of finite
delays in the flipflops. As illustrated in Fig. 9.22, owing to the CK-to-@ delay, AT, of

-
Lol

t
Figure 9.22 Performance of Hogge PD in the presence of FF delays.

FFy, B changes AT seconds after the clock rises, yielding a pulse at the ¥ output that is
AT seconds wider than the actual phase difference between Dy, and C'K. On the other
hand, the C'K-to-Q) delay of F'F% simply shifts the pulses at A by AT, still producing
a pulsewidth equal to one clock period. As a result, X continues to produce pulses of
width T i /2 for each data transition. This means, with a zero input phase difference, the
proportional pulses are wider than the reference pulses by AT seconds. Thus, under locked
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condition, D;;, and C'K must sustain a skew of AT so as to equalize the widths of the X
and Y pulses.

The above skew effect becomes a serious issue at high speeds. Since AT can be a
significant fraction of the clock period, a systematic phase offset of several tens of degrees
may arise after the loop is locked, degrading the clock phase margin (Section 9.1) and
hence the jitter tolerance (Section 9.5). To resolve this difficulty, we can either narrow the
proportional pulses by AT or widen the reference pulses by the same amount. We consider
each approach.

The skew phenomenon in Fig. 9.22 appears simply because the clock experiences a
delay that data does not. Thus, if an equal delay is inserted in the data path, the skew is
removed and the pulsewidth restored. Depicted in Fig. 9.23(a) [1], the idea is to ensure that
the edges of I, and B arrive at the inputs of the XOR gate simultaneously. Of course,
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h
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(2) (b)

Figure 9.23 (a) FF delay compensation in Hogge PD, (b) realization of delay cell.

to avoid process and temperature variabilities, the delay stage must be an exact replica of
the €' K -to-() path of the flipflop. Figure 9.23(b) depicts a current-steering example, where
the D input of the latch is set to a logical ONE and the circuit simply provides a delay
corresponding to the C K -to-@} path.

The second method involves widening the reference pulses by AT [2]. As shown in
Fig. 9.24, this is accomplished by inserting a delay stage between A and the input of the
second XOR gate. We note that, since A lags B by Tox /2, Aa lags B by Tox [2+ AT.
Thus, B & A exhibits a pulsewidth of Tor i /2 + AT

Another drawback of the Hogge phase detector stems from the half-cycle skew between
the two XOR outputs [3, 4]. As illustrated in Fig. 9.25(a) for locked conditions, the PD pro-
duces the reference pulse after the proportional pulse, thereby creating a skew of Tox /2
between the two. What is the effect of such a skew? Suppose the XOR gates drive & charge
pump and a loop filter [Fig. 9.25(b)]. When the proportional pulse appears, the top cur-
rent source turns on for half a clock period, forcing Vyq to tise by (Ip/Cp){(Tck /2).
. Next, the reference pulse turns on the bottom current source, bringing Vo, to its original
. value. Thus, for each data transition, a triangular pulse is generated that exhibits a nonzero
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Figure 9.24 (aj Alternative delay compensation technique for Hogge PD, (b) waveforms of the
circuit.

net area. As a result, the VCO phase (which is proportional to the integral of the control
voltage) is severely disturbed.

The Hogge PD can be modified so as to ameliorate the above issue [4]. Shown in Fig.

© 9.26 is an example where one more latch and two more XOR gates are added. Note that,
in contrast to the Hogge PD, here X5 senses the inputs and outputs of a latch (rather than a
flipflop). The additional XOR gates create two reference pulses offset by T /2 and Tox
with respect to the original reference pulse, thereby producing a regative triangular pulse
whose area is constant. Consequently, the two triangular pulses yield a net zero area under
locked condition, lowering the effect on the VCO phase.

The Hogge topology is a linear phase detector, generating a vanishing average as the -
phase difference approaches zero. Thus, a charge pump driven by a Hogge PD experiences
little *“activity” when the CDR loop is focked. This behavior is in contrast to that of the
bang-bang PD of Fig. 9.11. .

Figure 9.27 shows a CDR loop incorporating a Hogge PD. The XOR outputs drive a
charge pump and a loop filter. As with type II PLLs, a charge pump is necessary here to
provide an infinite loop gain and hence a zero static phase error.

The need for a charge pump in linear CDR loops poses serious speed limitations, Under
the locked conditon, the XOR outputs contain pulses only half a bit period wide, requiring
a very broad bandwidth at these nodes to ensure complete switching of the charge pump
and hence avoid a dead zone (Chapter 8).

9.2.2 Alexander Phase Detector

The Alexander configuration is another example of PDs providing inherent data retiming.
Following our reasening for the Hogge PD, we note that this property requires that the
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Figure 9.25 (a) Hogge PD wavefbfms, (b) resulting triwave produced by a charge pump.

data be sampled by the clock, but a single DFF does not suffice. Nonetheless, if the clock
strobes the data waveform at mudiiple points in the vicinity of expected transitions, then
the resulting samples can provide the necessary information.

Figure 9.28(a) illustrates the Alexander PD principle, also known as the “early-late”
detection method. Using three data samples, 51 -S3, taken by three consecutive clock edges,
the PD can determine whether a data transition is present and whether the clock leads or
lags the data. In the absence of data transitions, all three samples are equal and no action is
taken. If the falling edge of the clock leads (is “early™), then the last sample, Sy, is unequal
to the first two. Conversely, if the clock lags (is “late™), then the last two samples, S5 and
S5, are equal but unequal to the first sample, S1. Thus, 81 & Ss and Sz & S5 provide the
early-late information: (a) if S; @ Sa is high and Sz ® S is low, then the clock is late; (b)
if §; @© 95 is low and S; @ S is high, then the clock is early; (¢} if S1 @ Sz = 52 @ 5,
then no data transition is present.

The foregoing observations lead to the circuit topology shown in Fig. 9.28(b) [5].
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Figure 9.27 CDR circuit using Hogge PD,

Flipflop F'F} samples 5 and S3 on the rising edge of C K and flipflop FF; delays the
result by one clock cycle. Flipflop F'F; samples S, on the falling edge of CK and ﬂ1pﬂ0p
FFy delays this sample by half a clock cycle

Let us examine the waveforms at various points in the Alexander PD to gain more
insight into its operation. As depicted in Fig. 9.28(c), the first rising edge of CK samples
a high data level. The second rising edge of C K then accomplishes two tasks: it produces
a delayed version of the first sample at the output of FF3, and it samples the fow level
on the input data. The values of S} and .Sy are therefore valid for comparison at ¢t = 77,
remaining constant for one clock period.

On the first falling edge of C'K in Fig. 9.28(c), F'F3 samples a high level on the input
data and on the next rising edge, F'Fy reproduces this level. The key point here is that the
choice of clock phases for the four flipflops ensures that 5y, S2, and S5 reach valid levels
for comparison at { = 7%, and remain at these levels for one clock period. As a result, the
XOR gates generate valid outputs simultaneously.

How does a CDR loop using an Alexander PD lock? Let us ﬁrst study the PD’s behav-
ior as the phase difference between Dy, and CK, Ad, varies from a negative value to a
positive value. As shown in Fig. 9.29(a), if the clock is late (A¢ < 0), X assumes a high
level for each data transition and ¥ a low level. Thus, the average PD output, (X ~ ) guq.
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Figure 9.28 (a) Three-point sampling of data by clock, (b) Alexander phase detector, and (c) its
waveforms.

remains at a high positive value. Conversely, if A¢ > 0 [Fig. 9.29(b)], then (X — ¥Y)ayg
assumes a high negative value. As A¢ approaches zero, the second sample, S;, falls in
the vicinity of the data zero crossing, thereby driving F'F3 and I'Fy into metastabmty—a
behavior similar to the DFF PD of Section 9.1.

The above study implies that the Alexander PD is a bang-bang system, exhibiting a
very high gain in the vicinity of A¢ = 0. Consequently, the CDR loop locks such that
S5 coincides with the data zero crossings. However, the use of the XOR gates to generate
the final output requires a closer examination of the circuit in metastability. Suppose the
differential outputs of F'Fy and FF} are near zero while the other flipflops produce valid
logical outputs. How do the XOR gates respond to such inputs? Considering the typical
XOR implementation shown in Fig. 9.30, we note that if one differential input is large and
the other small, then the differential output is near zero. From a small-signal point of view,
the XOR operates as an analog multiplier, generating a zero output if one of the inputs falls
to Zero.

Sensing (4, both XOR gates in Fig. 9.28(b) produce small deferentlal outputs under
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Figure 9.29 Alexander PD waveforms for (a) late and (b) early ¢lock,
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Figure 9.30 - XOR gate realized by a Gilbert cell.

metastability, yielding a small average output for the overall PD. Thus, the CDR loop can,
in principle, lock such that the XOR gates experience metastable inputs most of the time.
But what happens if the XOR circuits suffer from random offset voltages? For example,
what if asymmetries in the differential pair M,-Mo of Fig. 9.30 result in an input-referred
offset of 420 mV for one XOR gate? To compensate for such an offset, sample Sa must
slightly deviate from the data zero crossings.

Another important effect in the Alexander PD relates to systematic delay mismatches in
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the XOR gates, i.e., the skew between the A and B paths in Fig. 9.30. It is left for the reader
to study various combinations of the XOR delay asymmetries in the PD and determine if
they result in a phase offset.

While exhibiting a bang-bang characteristic, the Alexander PD offers two critical ad-
vantages over a simple DFF PD. First, it retimes the data antomatically, producing a valid
data waveform at the output of F'Fy and F'F; in Fig. 9.28(b). Second, in the absence of
data transitions, it generates a zero dc output, leaving the oscillator control undisturbed. As
a result, for long data runs, the VCO frequency drifts only due to device electronic noise
rather than due to a high or low level on the control line.

Figure 9.31 shows a CDR circuit employing an Alexander PD. The XOR gates drive

Bp

FFy FF2 vco
Din 2 ) >

A il : T

Y | cK

7 ~

o {74

FF3 FFs

Figure 9.31 CDR circuit using Alexander PD.

voltage-to-current (V/I) converters, the two outputs are summed in the current domain, and
the result is applied to the loop filter. In contrast to the architecture of Fig. 9.27, this CDR
circuit need not incorporate a charge pump because the high gain of the Alexander PD
vields a small phase offset under locked condition. This is an important advantage becanse
the XOR ouputs in Fig. 9.31 need not switch at high speeds; the V/I converters sense only
the average value. ) '

CDR circuits using similar phase detectors are described in [6, 7, 8]. Note that, with
Hogge or Alexander PDs, the loop gain is a function of the data transition density because
the oscillator control line remains idle in the absence of data edges.

9.2.3 Half-Rate Phase Detectors

At very high speeds, it may be difficult to design oscillators that provide an adequate tuning
range with reasonable jitter. For this reason, CDR circuits may sense the input random data
at full rate but employ a VCO running at salf the input rate. This technique also relaxes the
speed requirements of the phase detector and, in some CDR configurations, the frequency
dividers. Called “half-rate™ architectures, such CDR topologies require a phase detector
that provides a valid output while sensing a full-rate random data stream and a half-rate
clock.
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It is important to note that none of the three phase detectors studied thus far in this -
chapter can operate with a half-rate clock. For example, a DFF PD sensing a half-rate
clock responds as shown in Fig. 9.32, creating both negative and positive outputs for a

CcK | | | || I
CKeo—»{D Q[ Vou D, r: ; lli. I

o Vout | '
D in. - _

Figure 9.32_ : Failure. of'é DFF as a half-rate PD.

constant phase dlfference : : .
To arrive ata linear half-rate PD, let us first examine the Hogge conﬁgurauon and under--
standits faﬂure me_chams_m As illustrated in Fig: 9.33, since half of the clock transitions -
“are absent, the rand'om sequende can be chosen such that the half-rate clock continues to

J_)D_QJ_I_‘IIJ_I_IL

e LML T

-

Figﬁfe 9.33 Failure of Hogge circuit as a half—rate PD.

sample a high level on the data waveform, failing to recognize the data transitions. As a
result, the proportional and reference pulses are invalid,

The above observation suggests that data transitions may be detected if botk edges of the
half-rate clock are utilized to sample the input data. Consider the topology shown in Fig.
0.34, where two D latches, L-Lo, operate on the opposite edges of the clock. Note that
each latch is fransparent for half of the clock cycle, passing data transitions to its output.
Assuming Dy, leads CK by AT and L, is transparent when C'K is high, we observe that
A goes high before C K falls and remains high until C K rises. In other words, L; produces
a pulsewidth equal to Tox /2 + AT. On the other hand, if L, is transparent when CK is
low, then B goes high when C'K falls and remains high only until D;,, falls. That is, L2
generates a pulsewidth of Tox /2 — AT'. Thus, A & B exhibits a pulse of width AT for
each data transition.
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Figure 9.34 Simple linear half-rate PD.

The above study implies that the simple topology of Fig. 9.34 can indeed operate as a
linear phase detector because it (a) detects data edges and (b) produces proportional pulses.
However, as with the Hogge topology, this circuit must also provide a reference ontput so as
to uniquely represent the phase error for different data transitions. To this end, let us follow
the latches with two more (creating a master-slave flipflop in each path) and subsequently

perform XOR on the outputs (Fig. 9.35). In the presence of data transitions, the outputs of

Vouﬂ . Voulz

o D

Yy
o
0

o
[ »]
y
QO
»]

B D 2 Doum Voulz I | | |

Figure 9.35 Complete linear half-rate PD.

L3 and L, change on the falling and rising edges of the clock, respectively. As a resnit,
C @ D contains a pulse of width T g /2 for each input data edge, serving as the reference
output [9].

How does 2 CDR loop employing the PD of Fig. 9.35 lock to random data? If the
clock edge is to strobe the data in the middle of the eye, then the proportional pulses are
Tox /4 seconds wide whereas the reference pulses are T x /2 seconds wide. The disparity
between the average values of these outputs is removed by scaling down the effect of the
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output of the second XOR by a factor of two, i.e., by halving the corresponding current -
source in the charge pump.

The half-rate PD of Fig. 9.35 also retimes and demultiplexes the data, producing two
streams at the outputs of Ly and L. The linear characteristic of the circuit allows simple
formulation of the loop dynamics.

Let us now consider the early-late method for half-rate operation. Since the Alexander
PD already requires sampling on both clock edges for full-rate detection, it must employ
additional phases of the clock if it is to operate in the half-rate mode. As illustrated in Fig. -
9.36, the rising and falling edges of a half-rate clock sample only two points, detecting data

w [ L

Y Ny ' » ng
H H ' ’ H

CKJ |.r

A

Yy & Y

~Y

Figure 9.36 Failure of Alexander circuit as a half-rate PD.

transitions but failing to provide the phase difference information. Shown in Fig. 9.37(a),

the solution involves sampling the data by both the in-phase and guadrature phases of the

[p_d™
S —
l- - ECKQ :)D—nv
t o~

Rl

(a) b

Figure 9.37 (a) Use of quadrature clocks for half-rate phase detection, (b) half-rate binary phase
detector.

clock, CK; and C K, respectively. Now, A;, A,, and Az play the same role as the con-
secutive samples in a full-rate counterpart. As depicted in Fig. 9.37(b), the implementation
incorporates three flipflops sampling the data by C Ky and C K and two XOR gates pro-
ducing A; & A, and Ay & Ag. Under the locked condition, the rising edge of C'K g occurs
in the vicinity of the data zero crossings.

The flipflops in the circuit of Fig. 9.37(b) generate skewed outputs, requiring addjtional
retiming latches before the results are applied to the XOR gates. The effect of the skews
must be examined for locked condition, i.e., when CKg samples the data zero Crossings,
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driving F F3 into metastability. As depicted in Fig. 9.38, if As is metastable, so are Ay @ As

Aq

Az ] Metastable

Figure 9.38 Effect of skews under locked condition.

and Ay @ Az, but since Az holds its value for T g /4 seconds after A; changes, As & A3
produces an extraneous pulse of width T g /4, disturbing the VCO. It is therefore desirable
to delay A; by Tox /2 and Az by Tok /4.

9.3 Frequency Detectors for Random Data

Most CDR circuits require a means of frequency detection in addition to phase detection.
As mentioned in Chapter &, the idea is to drive the VCO frequency toward the desired value
by a frequency-locked loop and, when the frequency error reaches a sufficiently small
value, allow the PLL to take over and perform phase locking. This “aided acquisition”
is necessary because the capture range of typical PLLs is quite small, especially if they
operate with random data. With the narrow loop bandwidths specified by optical standards,
the capture range may not exceed a few percent of the data rate. Thus, if the VCO center
frequency varies by, say, £10% with process and temperature, a simple PLL fails to lock.

A frequency detector (FD) must generate an output whose average represents the polar-
ity and (possibly) the magnitude of the input frequency difference. Let us first assume both
inputs are periodic and consider a multiplier (mixer) as a possible FD. Denoting the inputs
by z1 () = Ay coswit and 24 (¢) = Ay coswst, we express the product as

A4 feos{un + wa)t + cos{wy — wa)t]. 9.9

1 (t)mg (t) =

The component at wy + we can be removed by high-pass filtering, but the term .

(A1A2/2) cos{wr — wa)t still exhibits a zero average.. It is possible to differentiate the

313



314

Chap.9  Clock and Data Recovery

fesult with re.spect to time (Fig. 9.39),

A Ay
2

d A1 Ay

pri {wy — wa) sin(wy — we)i, 9.10)

cos(wy — wy)t] = -

" thereby obtaining an amplitude proportional to the frequency difference. Nevertheless, the

X1(f)°j\

®—> LPF % = Xou (1)
x5(t) °—/

Figure 9.39 Mixing and differentiation for frequency detection.

|}

average is still zero and the polarity depends on the initial phases of x1(¢) and za(t).
In other words, a single multlpher even followed by a differentiator, fails to detect the

-frequency difference.

How can we derive a unique average from (w; — w) s1n(w1 - wz)t‘? I this term 15' :
multiplied by sin(w; — w2 )t, the product yields a dc component propor_tlonal towy — wa,
retaining the polarity as well, However, the topology of Fig: 9.39 provides only a cos fwy ~

. ~wq)t term (at the output of the LPF), whose product with (wy — we) sin{w; — wa)t gives
' dzero average.- We must therefore modify the circuit so as to obtain a'sin{w; — wa)t
.’component.? Iflustrated in Fig. 9. 40(a), a possible solution is to multiply one of the-inputs,

21 () by both the in-phase and quadrature phases of the other, z2 7 (t) = Aj coswat and

- Zeplt ) Az sinwet. We now have

Ay A

ozt = c_os(.;;l.—wg)t o } BNCAtY
zp(t) = AlA sm(@; — )t | ©12)

‘and hence | |
2o (t) & (A12A2)2 (w1 — wa). (9.13)

The key point is that z(t) changes sign with w; — wa. The reader can show that the initial
phases of z1(t) and z2(#) do not affect z¢(t) 50 long as zo ;(t) and z9,¢(¢) remain in
quadrature.

* The topology of Fig. 9.40(a) is called a “quadricorrelator” [10]. Requiring that 1 (f)
contain a spectral line, the circuit must be preceded by an edge detector for operation with
random NRZ data [Fig. .40(b)].

4The reader may wonder if cos{wy — wy )t can be shifted by 90° to generate sin{w; — wsz)i. However, near
lock, w1 A2 we, and shifting such a low frequency signal is difficult.
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- Figure 940 (a) Quadricorrelator, (b) FD including edge detection.

In the above analysis, we assumed that the LPF at the output of the quadricorrelator
suppresses the other cross product, namely, cos 2{w;y — wa)t. In an FLL, however, as the
VCO frequency is driven toward the input frequency, wi — w2 may fall to arbitrarily small
values, eventually creating a large “ripple” at the output. The ripple may lead to difficulty
in the final settling of the loop or the transition to phase locking. Figure 9.41 shows a

_ “balanced™ version [11], which suppresses the component at 2{w; -~ ws) in the output

Edge Lo CK,

D o—m
n Detector [ | CKg

Xout (t)

Y

- LPF

Figure 9.41 Modified quadricorrelator. .

adder, thus improving the lock behavior.

* It is possible to construct a digital version of the quadricorrelator, obviating the need
for an analog edge detector and achieving robust operation. Recall from Section 9.1 that a
DFF that samples the clock by the data can be viewed as an edge detector followed by a
multiplier. In fact, a DFF PD operating on both edges of the data produces a beat output if
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the data rate and the clock frequency are unequal.® Moreover, similar to a multiplier, such

D o—

R el e s B

T
Figure 9.42 Sampling of quadrature clocks by data to determine frequency difference.

a PD translates a phase shift in the clock to an equal shift in the beat waveform. We can
therefore employ two DFF PDs that sample the quadrature phases of the clock by the data
edges (Fig. 9.42), thereby generating two beat waveforms that bear a 90° phase difference.
Note the resemblance between these outputs and those at ports A and B in Fig. 9.40(a).

- We must now make an important observation in the circuit of Fig. 9.42. As the difference
between the data rate and the clock frequency goes from negative to positive, the phase
difference between z 4 and z g jumps from --90° to —90°. To understand this phenomenon,
let us consider the output waveforms for both a fast clock and a slow clock (Fig. 9.43). if
CK is Tast and the rising data transition at ¢t = £, samples a ONE on C K7y and a ZERO
on CKg, then the next rising edge of data appears somewhat later than ¢ = Tog + &,
sampling a point on C'K closer to its next falling edge and a point on CKg closer to its
next rising edge. Thus, after some cycles, at ¢ = {3, D;,, begins to sample a high level on
both CKy and CKg;ie., zp(t) goes high while 2 4 (¢) is high.

Now suppose the clock is slow. As illustrated in Fig. 9.43(b), the next rising edge of
data samples closer to the falling edge of C' K. Thus, after data edges drift enough, zp {t)
goes high while z 4 (#) is low.

The foregoing observation proves essential to completing the circuit of Fig. 9.42. If
the rising edges of zp(t) are used to sample the levels on z 4 (%), then for fyco > Ebs

5The double arrow inside the flipflop symbol denotes double-edge triggering.
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Figure 9.43 FD waveforms for fast and slow clocks.

the result is high and for fyco < R, it is low. Dustrated in Fig. 9.44 [12), the overali

FFy

Xp

FF3

Dipo—e

Yy

Lo

—
il

""OCKQ

y

Xpg

Fignre 9.44 Complete frequency detector.

frequency detector exhibits a bang-bang characteristic.
Other examples of frequency detectors along with their properties are described in [13]

and [4]. A half-rate FD is presented in [14].

The vse of a frequency detector does not increase the capture range indefinitely. In fact
a brief examination of the FD of Fig. 9.44 reveals its capture limitations. Suppose for— Ry
is so large that the positive data edges in Fig. 9.43(a) drift considerably from one bit to the
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. nfcxt.' Then, the outputs' of FF) and FF; appear as shown in Fig. 9.45(&),'indicating that
FF3 is metastable for most of the samples. In essence, the bang-bang characteristic of Fig..

. \4 | fow - Ay -

{b)

) Flgure 945 (a) Feulure of the FD of Flg .44 in the prcsencc ofa iarge frequency error, (b) actual
FD characteristic.

0.4 is modified ‘as depicted in Fig. 9.45(b) to reflect the lack of a reliable average as the

frequency error increases. In practice, the capture range of-an FLL incorporating the FD of -
- Fig. 9.44 falls below appr0x1mately 15%

-9, 4 CDR Archltectures

W1th our study of phase and frequency detectors in Sections 92 and 9. 3, we can now
develop complete CDR architectures. Each architecture must include (a) frequency and
phase acquisition-to.ensure lock: despite process and temperature. variations of the VCO
frequency, and (b) data retiming inside the PD to avoid systematic skews. '

A critical difficulty in modern CDR circuits stems from the use of low supply voltages.
As mentioned in Chapter 6, the gain of VCOs must increase as the supply is scaled down
because the tuning range must remain a constant percentage of the center frequency. As a
result, for a givenripple on its control line, the VCO suffers from greater jitter. A methiod of

'allev1at1ng this issue is to decompose the VCO control into “fine” and “coarse” inputs, al-

lowing the latter to remain quiet after the system is phase-locked. This concept is described

in the context of some CDR architectures.

9.4.1 Full-Rate Referenceless Architectare

© Frequency detectors capable of handling random data obviate the need for external refer-

ence frequencies. Figure 9.46 depicts a referenceless architecture, where Loop I employs
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Figure 9.46 CDR architecture incorporating FIJ and PD.

the FD of Fig. 9.44 and Loop Il incorporates one of the phase detectors studied in Section
9.2. Upon start-up or loss of phase lock, the FD} produces a dec level that drives the VCO
frequency toward the input data rate. When the frequency error. falls within the capture
range of Loop I, the PD takes over, phase-locking the clock to the data.

The above architecture entails three issues. First, as the CDR circuit transfers the control
of the VCO from the FI) to the PD, the two loops may interact $o heavily that the over- -
all system fails to phase-lock. In this case, the two loops continue to “fight” indefinitely.
Second, with the actual random data produced in a network, short-term spectral lines close
but unequal to the nominal data rate may appear occasionally, possibly confusing the fre-
quency detector, Third, if, in phase-lock, the edges of CK; or C' K happen to be aligned
with those of D, the FD may still produce extraneous pulses. For these reasons, the band-
width of the frequency-locked loop is typically chosen to be much smaller than that of the
PLL. These issues must be studied carefully for each specific design and application.

Note that this architecture employs only one control line for the oscillator and must
therefore ensure a very small ripple. It is possible to modify the system as shown in Fig.
9.47, where Loop I drives only the coarse control. This modification also permits mde-
pendent choice of the PLL and FLL bandwidths.

9.4.2 Dual-VCO Architecture

Recall that it is desirable to decompose the VCO control into fine and coarse inputs, A
CDR architecture using such a scheme is shown in Fig. 9.48 [15]. Here, Loop I phase-
locks VCO, to the input data through the fine control. Since the gain of VCO,; with respect -
to the fine input is relatively low, ripple on this line translates to a small jitter at the output.
Of course, the fine control may not provide enough tuning range to encompass process and
temperature variations. Loop II is therefore added to lock VCOs, a replica of VCOy, to
N frer, with the resulting control voltage applied to the coarse input of VCO; -as well.
If N frer is exactly equal to the input data rate, the two VCOs match perfectly, and the
total gain of VCO; is equal to the gain of VCOs, then the fine control of VCO; stabilizes
at a voltage equal to that on the coarse control. The low-pass filter consisting of Ry and C7.
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Figure 9.47 CDR architecture with coarse and fine VCO control.

[

Vfine

L. Loop|

D, o—»]| PD || LPF vco, - o

Yy

'li—lcf—" Veoarse

=h
fReF o~ PFD || LPF [+ VCO,

A gﬂ"@' Loop Il T

=N

Figure 9.48 CDR architecture using two VCOs.

suppresses the ripple generated in Loop 11, presenting a low-noise control to VCOs,.

While reducing the effect of ripple, the architecture of Fig. 9.48 faces two issues. First,
inevitable random mismatches between the two VCOs lead to a substantial center fre-
quency mismatch even though the oscillators share the same coarse input. For this reason,
Loop I must still achieve a sufficiently wide capture range to guarantee lock despite the
initial frequency error. With a typical frequency mismatch of a few percent, random-data
PDs may not provide adequate capture range.

Second, even if the oscillators match perfectly, the incoming data rate is not exactly
equal to N frgr because the reference frequency in the far-end transmitter is derived from
a crystal oscillator that may suffer from an error of 5 to 10 ppm with respect to the frer
generator in the receiver. Consequently, VCO,; and VCO; operate at slightly different fre-
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quencies, possibly pulling each other through the substrate or supply lines. The use of
differential swings for both VCQOs alleviates this issue, but random asymmmetries in each
circuit stilt give rise to a finite amount of crosstalk. It is intéresting to note that the farge
bandwidth of Loop H partially corrects for the pulling experienced by VCOs. Loop L, on
the other hand, has a bandwidth commensurate with optlcal standards and hence cannot
counteract pulling effects on VCQ,. ‘

Another general concern in the architecture of Fig. 9 A48 relates to the layout of the
two VCOs. If both oscillators incorporate LC tanks, the large area occupied by on-chip
inductors creates difficulties in routing the signal and power lines.

9.4.3 Dual-Loop Architecture with External Reference

Figure 9.49 shows a relatively simple CDR architecture that acquires frequency and phase
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Figure 9.49 CDR architecture using external reference.

in two steps. Using a single VCQO, the circuit first enables Loop H, thereby beginning to lock
the oscillator to IV frer. The lock detector monitors the difference between fg and frEr,
disabling Loop II and enabling Loop 1 when the frequency error drops to a sufficiently
small value (e.g., 0.1%). Thus, Loop I begins with a frequency error well within its capture
range, locking the VCO to the data. The lock detector continues to operate so that Loop II
can be activated again if Loop I loses lock due to unexpected noise.

Let us compare the CDR architectures of Figs. 9.48 and 9.49, Both topologies require
an external reference but the latter need not deal with frequency mismatches or oscillator
pulling. However, the former allows the use of fine and coarse controls for the oscillator
whereas the latter does not.

Another issue in the architecture of Fig. 9.49 relates to the transition from Loop II to
Loop L If the switches that perform this transition disturb the control voltage significantly,
then the VCO frequency may jump by a large amount, falling out of the capture range of
Loop L. Thus, the charge injection and clock feedthrough of the switches must be examined
carefully.

The transition from Loop II to Loop I also requires attention to the design of the low-
pass filter(s) preceding the VCO. Consider the filter shown in Fig. 9.50(a), where C5 <

321



322

Chap.9  Clock and Data Recovery =

0.2Cp so that it has negligible effect on the stability. The damping factor of Loop II is

(a) _ b
Figure 9.50 (a) Smmple and (b} switchable loop filters.

given by { = (Rp/2)\/IpCpKyvoo/(2xN), typically necessitating large values for Rp,
Ip, or Cp to compensate for the effect of N. However, such values of Ep and Cp may not
yield the required transfer function for Loop I, making it desirable to change Rp or Cp
when this loop takes over.

Interestingly, C'p must remain the same for both loops, and only R p can assume differ-
ent values. Consider the scenario illustrated in Fig. 9.50(b}, where C'p; stores the required

. oscillator control veltage when Loop IE is active. Capacitor C'ps is added in parallel with

(’p1 upon transition to Loop I because this loop requires a greater capacitor, However,
charge sharing between Cpy and Cp; heavily corrupts the stored voltage, possibly driving
the VCO frequency out of the capture range of Loop 1.

9.5 Jitter in CDR Circuits

CDR circuits targeting optical communication standards must satisfy stringent and difficult

. jitter specifications. In this section, we describe the CDR jitter characteristics of interest

in optical systems and present methods of estimating such characteristics. Optical stan-
dards often express jitter in terms of the bit period, also called the “unit interval” (UL). For

_ example a jitter of 0.01 UI (10 mUI) refers to 1% of the bit period.

Recall from Chapter 2 that jitter tepresents (1) the deviation of the zero crossings of

~ a waveform from their ideal points on the time axis, or, from another perspective, (2} the

deviation of each period from its ideal value. We also.noted that the rate of change of jitter
is reflected in the input-cutput transfer function of PLLs. CDR loops are characterized by

[ITS

“jitter transfer,” “jitter generation,” and “jitter tolerance.”

. 9.5.1 .Titter Transfer

_The jitter transfer function of 2 CDR circuit represents the output jitter as the input jitter is

varied at different rates. This characteristic is indeed the same as the closed-loop transfer

.- function defined for PLLs in Chapter 8. ..

- What is the desirable jitter transfer function for CDR loops? We note that if the input
jitter varies slowly, i.e., if the zero crossings wander from their ideal points at a low rate,

. then the output must follow the input to ensure phase-locking. On the other hand, if the

input jitter varies rapidly, the CDR circuit must filter the jitter, i.e., the output must track

the input to a lesser extent. Thus, the jitter transfer exhibits a low-pass characteristic, as i8

the case with phase-locked loops.
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The jitter transfer required by optical standards must meet two difficult specifications.
First, the CDR bandwidth is very small, i.e., approximately 120 kHz in OC-192. In other
words, a 10-Gb/s CDR loop must attenuate jitter components above 120 kHz. The small
1oop bandwidth provides little suppression of the VCO phase noise, necessitating low-noise
oscillator design. Second, “jitter peaking,” i.e., the amount of peaking in the jitier transfer,
must be less than 0.1 dB (~ 1.2%) (Fig. 9.51). This constraint demands careful attention

1

Jitter
Frequency

Figure 9.51 Jitter transfer function.

to the poles and zeros in the PLL.

The reader may wonder why SONET imposes the above requirements on CDR design.
Long-haul networks employ many data regenerators in the signal path, suppressing the
effect of fiber nonidealities periodically. It is therefore important to minimize the jitter
accumnulated through the chain of the repeaters, i.e., each repeater must provide a small
jitter bandwidth. Furthermore, since the equivalent jitter transfer function of a cascade of
regenerators is given by the product of the individual transfer functions, the amount of jitter
peaking per regenerator must be so small that tens of them still yield acceptable peaking
[16].

Loop Bandwidth Reduction How can the bandwidth of a CDR loop be reduced?
Let us first determine the —3-dB bandwidth of a simple charge-pump PLL. Rewntmg the
transfer function from Chapter 8 as:

" 2wns + Wi
H(s)= ——— 2, 0.14
() 82 + 20wns + wl ©.14)
we must obtain the value of sy = jw_sgp such that
2wy 80 + wi 1
= e, 9.15
82 + 2{wpsp + w2 N O-15)
In cher words,
402w, + w2 1
( n“ —3dB n (916)

(—w? g5 +W2)2 + (2wnw_saB)? 2
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It follows that
whaap — 2220 + Do 5up —wh = 0 (9.17)
and hence .
2o =[2G+ 1)+ /(202 + 1)2 + 4| w? 9.18)
w73dB—[(€+)+ (2¢2 + 12 + 4| wy,. (9.18)

To reduce w_sqp, either { or wy, must be decreased. However, loop stablhty requires that ¢
exceed v/2/2, leaving wy, as the only candidate. Since w,, = VieKyeco/(2xCp)and ¢ =
(Rp/2)\/IpCpKyvco/(27), we note that, if w,, is reduced by lowering Ir or Kvco,
then ¢ suffers. Thus, C'p is the principal parameter that can decrease the loop banclw1dﬂ1
without compromising the stability. In fact, as Cp increases, so does (.

The above observation leads to two important resulis. First, CDR loops must often incor-
porate large off-chip capacitors to achieve a small bandwidth, Second, such loops typically
exhibit a large ¢ (as high as 10 or 20), and their transfer functions can be simplified to
develop more insight. Specifically, since w, is small, the term w2 can be neglected in Eq.
(9.14) for some range of s = juw, yielding:

20wy

Hsy g ———. 9.19
() ~ — T 2o, (9-19)
That is, the —3-dB bandwidth of the loop is equal to 2{w, rad/s'(: Cwp /7 Hz). Interest-

ingly, we obtain the same result by assuming 2¢% > 1 in Eq. (9.18). We also note that

W_3ap ~ 2wn | 9.20)
i RplpKvoo

- (9.21)

a value independent of the loop filter capacitor, This point should not be confusing: if Cp
is large enough to create a small w,, and a large {, then the —3-dB bandwidth becomes
independent of Cp (Fig. 9.52). The reader may then wonder how w_z4p can be lowered.

- _3dB
I'n Rp Kyco \

27 T C=
[

Figure 9.52 Variation of —3-dB bandwidth with loop filter capacitor.

In practice, Rp is reduced and Cp is increased such that ¢ remains constant.
We must now answer an important question: for what range of s is the approxima-
tion given by (9.19) valid? Considering the magnitude of H(s) in {9.14), we note that
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a sufficient condition is (2¢wnw)? > w?, because it guarantees both the numerator and
denominator of (9.14) are reduced to those of (9.19). That is,

2
w? > (;’—2) . (9.22)

Thus, if w is greater than 3 to 4 times wy, /(2¢), the magnitude of the transfer function can
be approximated by that of a one-pole system. This falls well below the —3-dB frequency
because w_sggp = 2(wn 3> wn/(2¢). Consequently, the one-pole approximation holds for
most of the range.

Another effect that we have thus far ignored relates to the input data transition density,
D. Recall that the phase detectors studied in Section 9.2 generate a zero output in the
absence of data transitions, thereby exhibiting a gain proportional to Dr. To take this
effect into account, we simply multiply the charge pump current by D:

_ [IpDrKyvco
Wn = 7 Cr (9.23)
_ Rp [IpDrCpKvco
¢ = 5" oo (9.24)

RplpDrKvco
2% )

and hence

W_3dB = (9.23)

For example, if ONEs and ZEROs occur with equal probabilities and the phase detector
operates with only the rising or falling edges of data, then Dz = 0.5.

Jitter Peaking As mentioned earlier, jitter peaking must not exceed 0.1 dB in SONET.

Let us now examine the closed-loop transfer function given by Eq. (9.14) for this effect.

The zero is given by

Wy = 2—C"~ (9.26)
-1

= : 27
RpCp’ 927)

a quantity independent of the data transition density. The two poles are equal to
Wpi,2 = (—C + LY CZ - 1)wn (928)

' 1

=(—1%4/1- C—Z)cjwn. (9.29)

Since ¢ > 1, the square root can be approximated as /1 — € & 1 — ¢/2 — €2/8:
& L L 9.30
Wpl,a = —lﬂi(l—@—g@) Cwn. ) ( )
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It follows that

Wt = —om 20 (9.31)
20 82
Wn Wy
wpz = —2Cwn, + EE + @ (9.32)

" Tlustrated graphically in F1g 9.53(a), the above expressions yield several interesting re-

A 2010g |H| } *
Lok P e i
m_sda B :.7.‘ . . )
‘ - Op2 g Wz - | |
R X O—1 = i H H ! .
-2{@wn i P @ | O ®W; Op Opp O.zas w .
. LE -=n . | : | |
i _&_P_n_' 2C" . ’ _2'1 ; : _2cmn (log scale)
oo2go8g zgm )
®n ®p : :' _®n " G
..ZC(Dn+—+_3 2‘; 8(:3
O 1a
_2§mn+_n+£n3'
' o ¢ 8§
@ g "

Flgure 9, 33 . (a) Posmon of poles and zeros of a type I PLL, (b} corresponding jitter transfer func-
tion." ’

g sults‘ Fi'rst' the zero always appears before the poles, inevitably leading to peaking. Second,
‘the zero and the first pole differ in magnitude by w,, /8(3, a small value because ¢ > 1.
Third, the Wy-wpi pair falls well below wpo because wy,/(2¢) < 2{w,. Fourth, wy; is
slightly lower than w_34p, by an amount equal to the magnitude of Wpi.

Figure 9.53(b) shows a Bode plot of the magnitude of the closed- -loop transfer function.

The magnitude begins to rise 4t 20 dB/dec at w = w,, assumes a constant value for w >
wp1, and begins to fall at 20 dB/dec at w > wy;, dropping by —3 dB at w = 2(w,. With

logarithmic scales, the value of ]1tter peaking, Jp, can be written as®

20 log Jp :
= =1. 9.33
20logwy; — 20logw, 1 (9:33)
That is, -
Jp = “BL 9.34)

Wy

_ 6Sll‘lce wpz P wpl, We assume that 20 log |H| is flat between the poles. If wyy and wpy are comparable,
Jp 1s smaller:
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1 .
~ 14— .
+ i (9.35)
To express Jp in decibels, we recognize that
10log Jp = 20(In Jp){logg €) (9.36)
1
= 8.6861In(1 + 4_@}’ (8.37)
which, since 4¢2 > 1, reduces to
8.686
2.172
- C—z. (9.39)

For example, to ensure 20log Jp < 0.1 dB, ¢ must exceed 4.66. We can also express jitter
peaking in terms of the CDR parameters:

d71
20logJp = 2 2.17 (9.40)
TPIPOPKVCODT
3.686
= . 94]
RLIpCpKvooDr ©41)

If Rp is lowered to obtain a smaller jitter bandwidth, then C'p must be raised substantially
to maintain Jp constant, This is indeed the same trend required to achieve a constant .

9.5.2 Jitter Generation

Jitter generation refers to the jitter produced by a CDR circuit itself when the input random
data contains no jitter. From our studies in Chapter 8 and in this chapter, we summarize the
sources of jitter as follows: (1) VCO phase noise due to electronic noise of its constituent
devices; (2) ripple on the control voltage; (3) coupling of data transitions to the YCO
through the phase detector and retiming circuits; (4) supply and substrate noise.

Let us first consider the contribution of the VCO to CDR jitter. Our objective is to denive
the jitter of a phase-locked CDR in terms of the jitter of the free-running VCO. Recall from

Chapter 2 that the phase noise due to white noise sources and the cycle-to-cycle jitter of a

free-running VCO are related by the following equation:

4 .
AT = £S¢(Awmw2, (9.42)
O L

where wq denotes the oscillation frequency and Sy {Aw) represents the relative phase noise -
power at an offset frequency of Aw [17). We must therefore take into account the effect

of noise shaping by the PLL. It can be assured that for a loop bandwidth of 27 fu, the
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jitter rises with the square root of time (as if .the oscillator were free-running) uatil #, = .
(2w f,)"" and “saturates” thereafter (Fig. 9.54) [18]. As proved in [17], the total jitter
accumulated over time £, by a free-running oscillator is equal to

Closed-Loop
Jitter

VvCO [
Output _J
0 4

' (®)

Figure 9.54 Accumulation of cycleto-cycle jitter in a phase-locked oscillator: (a) actual behavior
ang (b) conceptual behavior.

AT =/ Rar, vE. (9.43)
Substituting (9.42) in (9.43) yields the closed-loop jitter as
1 Aw
ATprr = Aw)— A4
PLL NorTH S¢( w) o (9.44)

For example, if ATpy,; must be less than 0.25 ps,rms, at 40 GHz and f,, = 20 MHz, then
Sy (Aw) must not exceed — 79 dBc/Hz at 1-MHz offset. -

. Another source of jitter in CDR circuits is the ripple on the control voltage. As explamed
in Chapter 8, various mismatches lead to a net injection into the loop filter on every phase
comparison instant even if the loop is locked. With random data, the ripple is also generally
random. Owing to the high gain of low-voltage VCOs, the frequency modulation resulting
from the ripple may be significant, thus vielding large jitter.

For periodic modulation of a VCO, it is possible to calculate the output jitter. In partic-
ular, as proved in [17], with a modulating sinusoid V,,, cos wy,t, the cycle-to-cycle jitter is

given by
. -
AT, = YmEvoo [ o wm. (9.45)
fa fo

For f,, < fy, this expression reduces to

Vi Kvoouwm

AT, =
i ﬁfg

(9-46)
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9.5.3 Jitter Tolerance

Qur analysis of jitter properties has thus far focused on their effect on the recovered clock.
However, the quality of the retimed data is also important. How should a CDR circuit
perform retiming if the input data contains substantial jitter? From our studies of CDR
loops, we make the following observations: (a) for slowly-varying jitter at the input, the
recovered clock tracks the phase variations, always sampling the data in the middle of the
eye [Fig. 9.55(a)] and guaranteeing a low bit error rate; (b) for rapidly-varying jitter, the

CcK ¥ ] _* L ‘:r Y ——;( Y ¥ ]
(a) ‘T

Din H H H

CK L i | ]

(b)

Figure 9.55 Effect of (a) slow and (b) fast jitter on data retiming.

clock cannot fully track the input phase variations, failing to sample the data optimally
[Fig. 9.55(b)] and creating a greater BER. These are natural properties of CDR circuits but
they must still conform to certain requirements posed by optical standards.

Jitter tolerance specifies how much input jitter a CDR loop must tolerate without in-
creasing the bit error rate. Iilustrated in Fig. 9.56, the specification is typically described
by a mask as a function of the jitter frequency. For example, the CDR must withstand a
peak-to-peak jitter of 15 U if the jitter varies at a rate below 100 Hz. Note that the toler-

ance test is performed with a random sequence whose phase is modulated at different rates .

for different parts of the mask.

It is instructive to quantify the jitter tolerance of a typical CDR loop and compare the
result with the mask shown in Fig. 9.56. At a given jitter frequency, we must increase the
magnitade of the input excess phase, ¢y, until the error rate begins to rise. This occurs
when the phase error, ¢z, — ¢out, approaches one-half unit interval, bringing the sampling
edge of the clock close to the zero-crossing points of data. Thus, an approximate condition
to avoid increasing the BER is

1

- Pin — Pour < 5 UL : (9.47)

2
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- Jitter
. Tolerancell_ :
)
: RIEE |- S
g sl
- -20 dB/dec
B STX SESSEI MNESUNNE SRS S L
- f2 fs 1, Jditter
o Frequency
(fog scale)
' ﬁgure'Q.SG . Example of jitter Itqlgr:?ixi.ée mask.
“Equivalently, .
. ¢'zn[]_ —H(S)] <§_UI, ‘ . .. _ ©.48)
. where H(s) = duus/gii and hence -
i ST H(s) 9.49
¢m_ 1A (9.49)
“We therefore express ih‘é_jitfér toiefz;i'_i_éeas::' I
Gl =T 9.50
G =T (950)

where C' s7{s) denotes the largest phase modulation at the input that increases the BER
negligibly. For a sécond-order CDR loop, we have from Eq. (9.14): :

_18% 4 2wns +w?

. 51y
2 52 - 03D

Gir(s)

Equation {9.51) contains two poles at the origin and two zeros coincident with the poles

of H(s) (Section 9.5.1). Consequently, as depicted in Fig. 9.57, |G yr| falls at a rate of

40 dB/dec for w < wyy and at 20 dB/dec for wp < w < wyg, approaching 1/2 UI for

W > wya- The SONET mask is also superimposed in this plot.

Let us make some interesting observations from the above results. First, the magnitude
of Gy at s = jlwpi| can be calculated as

o 1 (w2 —w2)? + 40202 :
1Gyr(s = jlwa])|* = E( pl)w4 g - (9.52) .
L wh .
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Jitte

Tolerance

(un

A

Type Il PLL

Wp1 Wp2 Jitter
Frequency
(log scale)

Figure 9.57 Jitter tolerance of a type Il PLL.

From Eq. (9.31), we have wy, 7= 2¢ iwpll because ¢ > 1 and hence -

That is,

Grr(s = dlwn )| ~ 8"

|G (s = flwp])| ~ 2v/2¢ UL

(9.53)

(9.54)

Also, Eq. (9.32) yields |wpz| & 2{w, for { 3> 1. Figure 9.58(a) plots {Gyr| for two

Jitter A Jitter A
Tolerance Tolerance
{up Aun)
0.5 05
On  WOn 20,00 Jitter
20, 20, Frequency 2{
¢ 28 0n (log scale) C0.n2
2
{a) )

Figure 9.58 Jitter tolerance for different values of (a) { and (b) wn.

different values of ¢, revealing that if { increases and wy, remains constant, jitter tolerance
is more easily met. Moreover, Fig. 9.58(b) suggests that as w,, increases while ¢ remains
constant, jitter tolerance improves.

The above observations point to an important trade-off in CDR design: if wy, is de-
creased so as to lower the jitter transfer bandwidth, then jitter tolerance degrades sub-

Frequency
(log scale)
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stantially at high jitter frequencies. A difficult situation arises in OC-192, where the jitter
bandwidth is only 120 kHz but the fourth jitter tolerance corner frequency ( f4 in Fig. 9.56)
is 4 MHz. If 2¢tw,, = 2m % 120 kHz, then it may be impossible to satisty the jitter tolerance
mask by a single phase-locked CDR circuit.
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CHAPTER 10

M'.

Multiplexers and Laser Drivers

The data path in an optical transmitter consists of a multiplexer (MUX), a retiming fiipfiop,
and a laser driver. High-speed MUXes and drivers present many design challanges as they
determine the quality of the serial data delivered to the fiber.

This chapter deals with the design of multiplexers and laser and modulator drivers?,
emphasizing low-voltage and high-speed implementations. We begin with 2-to-1 MUX
topologies and study MUX architectures.? Next, we present frequency dividers as a build-
ing block used in both MUXes and PLLs. Finally, we describe the design of laser drivers
and their power control circuits.

10.1 Multiplexers

A multiplexer combines many low-speed parallel channels into a high-speed stream of
serial data. For example, most transmitters incorporate a 16-to-1 MUX, allowing the 16
inputs to be much slower than the output and hence simplifying the design of the package
and the PC board.

10.L1 2-to-1 MUX

We begin our study by first considering a 2-to-1 MUX. Such a circuit must accommodate
two random binary inputs, routing each to the output according to the logical level of a
“select” command [Fig. 10.1(a)]. Shown in Fig. 10.1(b) is an implementation example
where differential pairs M)-M> and M3z-M, sense the inputs Dy and D, respectively,
convert the signals to current, and apply the result to the load resistors. The Select command
determines whether Isg flows through M;-Ms or M3z-M,, enabling one data path and
disabling the other. Illustrated in Fig. 10.1(c), Vou therefore assumes a new value after
each transition of Select.

11n this book, we use the term “laser driver” to refer to both types.
2The design of demultiplexers draws upon similar ideas and is typically less difficult.
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> Vout

Select

@ | ®)

o1 [ [

Select

Vout

t

_ © _
Figure 10.1 {a) Two-to-one MUX, (b) implementation of (a), {c) input and output waveforms.

Since the terminology used for MUXes may appear somewhat confusing, we give an
- example here. If the MUX of Fig. 10.1'is designed for 10 Gbys, then each of the input
streams has a rate of 5 Gb/s and the output, D,,,;, exhibits the specified rate of 10 Gb/s.
e * -~ Furthermore, the Select command is in fact 2 5-GHz clock signal that routes [q to Vi for
" one half of a cycle (100 ps) and Dy to V4 for the other half. We hereafter denote Select
~ byclock (CK). . )

The MUX configuration of Fig. 10.1(b) is among the fastest circuits in a given tech-
nology as it employs current steering and contains no feedback loop requiring settling.
However, the circuit demands certain timing relationships among )1, Dy, and the clock.
To vnderstand this issue, let us redraw the waveforms of Fig. 10.1(c) more realistically,
including finite rise and fall times but still assuming perfect edge alignment between D,
Dy, and CK. As depicted in Fig. 10.2, at t = ¢y, both Dy and D, change levels but Vot
must not because it must remain equal to Dy immediately before {; and equal to D» im-
mediately after. Unfortanately, since both Iy and D, cross zero at t = ¢;, the tail current
in Fig. 10.1(b) is divided equally between the load resistors regardless of the value of the
clock. As aresult, V,,; suffers from a large glitch.

The above analysis suggests that one of the input streams must be offser with respect to
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Figure 10.2 Effect of finite rise and fall times in the 2-to-1 MUX.

the other in the time domain so as to avoid simultaneous transitions in both inputs of the
MUZX. The optimum value of the offset is half a clock period, obtained by introducing a
latch in one of the data paths (Fig. 10.3). Note that, when C K is high, the latch is “opaque,”
holding D; A constant. When C'K is low, the latch is “transparent,” but the pair A;-M; is
disabled. If D; and D are aligned with C K, then the edges of D4 are shifted by Tox /2
and, at each clock transition, only one of the signals sensed by M1-Mp and M3-M, may
change.

While avoiding simultaneous transitions at the two MUX inputs, the topology of Fig.
10.3 nonetheless requires that D; and D be aligned with C K. If, for example, Dy arrives
at an arbitrary time, the MUX output still experiences glitches or pulsewidth distortion (Fig.
10.4). Thus, if the stages preceding this circuit do not guarantee such an alignment, Dy and
D)5 must be retimed by means of flipflops. Figure 10.5 depicts the resulting configuration
in single-ended form. Here, when C'K is high, latches Ly, L3, and Ly are opague and
the MUX selects Dy a. During this time, Lo senses the output of Lz and Lz senses the
output of Ly. When CK goes low, Dha begins to track the output of Lg whereas Ls
becomes opaque, providing a stable level for the MUX. Depending on the environment, it
is possible to eliminate L, and L4, saving power consumption [1].

Even with ideal clock and input data waveforms, multiplexers may introduce substantial
jitter in the output data. Such jitter arises from three sources: (1) Duty cycle distortion of
the clock: as exemplified by Fig. 10.6, if Dy = 1 and Dy = 0, but C'K exhibits a non-
50% duty cycle, then D,y contains wider ONEs than ZERQOs. Thus, the deviation of the
clock duty cycle from 50% directly translates to jitter® at the output. (2) MUX dc offsets:
each of the input differential pairs in the MUX of Fig. 10.1(c) may suffer from dc offsets,
primarily because small device dimensions are chosen to allow high-speed operation. As
a result, each data stream experiences pulsewidth distortion while traveling to the output
(Section 10.3.1). (3) MUX propagation delay mismatches: even with a 50% clock duty
cycle, the tandom mismatches between M; and Mj and between M;-Ms and M3-My in

3The term jitter typically refers to a random effect, but it is also used here to indicate horizontal eye closure.
We may even say “deterministic jitter” to emphasize the nature of the corruption.
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Figure 10.3 Preceding one input of MUX by a latch to avoid simultaneous input transitions.

Fig. 10.1(b) distort the arrival times of 1y and D- at the output,

The jitter produced by the above mechanisms is often unacceptably large, requiring that
the output data be retimed. Figure 10.7 shows a MUX employing both input and output
retimers, with the main clock operating at the output data rate and fox /2 driving the MUX
core and the preceding latches. Since ##,,; and the +2 circuit must run at the full clock
rate, their design poses difficult challenges. It is common to denote the half-rate clock by
CK /2 rather than fog /2.

A critical issue in the architecture of Fig. 10.7 arises from the delay of the +2 circuit.
Figure 10.8 illustrates the waveforms for zero and finite delays through the divider. In Fig.
10.8(a), the falling edges of the full-rate clock coincide with the midpoint of each bit of V1,
optimally retiming the data. In Fig. 10.8(b), on the other hand, C K /2 and hence the inputs
and output of the MUX are delayed by AT with respect to (' K. As a result, the sampling
point of FF,y; is shifted to the left of the data eye by AT, thereby reducing the time that
the master latch in F Fo,; has for sensing its input. This effect severely degrades the setup
and hold margins of FF,,;, limiting its speed.

Another difficulty in the topology of Fig. 10.7 relates to the load seen by the +2 circuit.

s ,aﬁﬁz;;ﬁ"’m;j
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Figure 10.6 Pulsewidth distortion resulting from clock duty cycle distortion.

Here, the divider must drive seven differential pairs (the master latch within the divider,
the MUX, and L;-Ls), experiencing a large load capacitance.* This capacitance limits the
maximum speed of the divider considerably. The circuit is therefore usually followed by a
buffer, but the total delay resulting from both the divider and the buffer may be quite large,
intensifying the effect illustrated in Fig. 10.8(b}.

4Tn a 4-to-1 MUX, the divider must drive another divider as well.
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Figure 10.7 MUX followed by retimer.
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Figure 10.8 Operation of MUX/retimer chain with (a) zero circuit delays, (b) finite divider delay.

The architecture of Fig. 10.7 entails two other sources of delay that must be considered
carefully. The reader can show that the delay from the clock input of the 2-to-1 MUX to its
output exacerbates the above skew whereas the delay from the clock input of FF,,; to its
output alleviates the problem. In fact, inserting a proper delay in series with this flipflop’s
input can, in principle, cancel the divider delay,

10.1.2 MUX Architectures

With the 2-to-1 multiplexer developed above, we can now study architectures for a greater
number of input channels. Most MUXes are based on one of two topologies: the: “tree”
structure and the shift-register configuration.

Tree Architecture The tree structure is a natural extension of the 2-to-1 MUX. Illus-
trated in Fig. 10.9, the idea is to group the input channels in pairs and multiplex each pair,
reducing the number by a factor of two after each rank. In this example, Rank 1 is driven
by CK/4,Rank 2 by CK/2, and FF,,; by CK.

The divider delay issue described for the circuit of Fig. 10.7 applies to the entire tree
structure. While lowering the frequency by a factor of two, each divider must drive twicé as
many devices as the preceding divider in the chain. Consequently, if all ranks incorporate
identical 2-to-1 MUXes, then the nth divider produces an output frequency of fox /27 but
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Figure 10.9 MUX using a tree structure.

experiences a total capacitance of 2"Chy, where C'ps denotes the capacitance introduced
by one complete 2-to-1 MUX. In other words, all of the divider stages must satisfy roughly
equal speed and delay requirements.

Another difficulty in the architecture of Fig. 10.9 is the exponential growth of the hard-
ware and power dissipation with the number of the input channels. For example, a 16-to-1
tree requires 13 2-to-1 MUXes and 4 dividers. If all of the building blocks employ current
steering, such a tree includes roughly 100 current sources.

To remedy the issues related to power dissipation and divider loading, the 2-to-1 MUXes
used in lower ranks can be scaled down in speed, power, and device dimensions, In Fig.
10.9, for example, the building blocks in Rank 1 can be scaled down by a factor of two
with respect to those in Rank 2.

The tree architecture is the most commonly-used MUX topology. The modular nature
and the ability to run at high speeds have made this configuration the dominant choice in
transmitter design. :

Shift-Register Architecture The shift-register architecture is based on viewing the
multiplexing operation as parallel-to-serial conversion. As shown in Fig. 10.10, a shift
register uses CK /N to load Dy-D, in parallel once every NTgx seconds. The main
clock, C K, then allows the stared data to be shifted from FF} to F F,, thereby generating
the serial sequence at D,,;.

Owing to its linear growth with the pumber of channels, the shift-register architecture is
more compact and less power-hungry than the tree structure. For example, if rn = 16, then
the MUX requires 16 flipflops and four -2 circuits, i.e., a total of 20 flipflops and hence
40 current sources. However, the high-speed clock, C K, must now drive all of the data
flipflops in addition to the first divider, i.e., 17 flipflops in this example. More importantly,
the divider delay proves much more critical here than in a tree topology. The delay of the
overall divider chain must be small with respect to NT¢ g in the tree structure whereas it
must be much less than To g in the register architecture. In the above example (m = 16),
the chain of four +2 circuits may introduce a delay even exceeding T¢ g, thus limiting the
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Figure 10.10 MUX based on paralle] write and serial read.

utlhty of the architecture for high-speed operation.
A variant of the shift-register architecture incorporates a multiphase multlplexer IHops-
trated in Fig, 10.11(a), the idea is to sense multiple channels by means of differentiat pairs,
activating each pair by nonoverlapping pulses of width Tog. As a result, V,,,; is equal
to Dy fort; < t < f3, equal to Dy for ty < ¢ < #3, etc. The nonoverlapping pulses
can be generated by a ring counter that shifts a single logical ONE each clock cycle [Fig.
10.11(b}]. The overall N-to-1 MUX must therefore be configured as shown in Fig. 10.11(c).
Here, the data is first loaded into the register by CK /N and subsequently multiplexed by
the nonoverlapping pulses. [The switches represent the differential pairs in Fig. 10.11{z).]
While simplifying the design of the register, the multiphase architecture of Fig. 10.11(c)

. still requires precise alignment between CK and CK/N. Furthermore, as with the circuit

of Fig. 10.1(b), it displays glitches at the output. Depicted in Fig. 10.12, this effect arises
when the last pulse in V} and the pulse immediately after it in V; multiplex D,,, and D4,
respectively. Since both data channels may contain edges during clock transition, the MUX
output momentarily falls, ‘
~ The architecture of Fig. 10.11(c) requires short, nonoverlapping pulses in the voltage
domain, necessitating high slew rates for high-speed operation. It is therefore preferable to.
generate and apply the pulses in the current domain. We surmise that if various phases of a

* clock are ANDed, the output currents of the AND gates can yield the required pulses [2].

For example, let us consider the four clock phases shown in Fig. 10.13(a), recognizing that _
CK, - CK,, CK;y - CK;, CKy - CKy, and CKy - CK; display nonoverlapping pulses
[Fig. 10.13(b)]. With rail-to-rail clock signals, the circuit can be realized as shown in Fig.
10.13(c). Note that the input channels must be retimed by proper clock phases to avoid
glitches at the output, :

In practice, a combination of the above architectures can be used. For example, the
low-speed ranks may employ a shift-register topology and the high-speed ranks a tree
architecture.
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Figure 10.11 (2) MUX using muliiphase clock, (b) generation of clock phases by a ring counter,
(c) alternative architecture.

10.2 Frequency Dividers

Both the multiplexer and the phase-locked loop in an optical transmitter employ high-speed
frequency dividers. Since in most optical standards, the output data rate is a power-of-two
“multiple of a reference frequency, the PLL typically incorporates a +2 circuit after the
VCO. Fortunately, +2 circuits are generally much faster than dividers having other moduli.
Divide-by-two topologies fall under two categories: (1) flipflop-based circuits (also
known as “static dividers”) and (2) Miller configuration (also known as “dynamic di-
viders”).

10.2.1 Flipflop Dividers

As with many other functions, dividers benefit from robust, flexible operation if they are
implemented digitally. A digital <2 circuit incorporates a single master-slave flipflop in a
negative feedback loop, forcing the state of each latch to toggle between ONE and ZERO
in consecutive clock cycles (Fig. 10.14). Note that the slave latch sees the input capacitance
of both the master latch and the output buffer.

The maximum speed of the divider is determined by the fanout of the circuit as well
as the implementation of the latches. To achieve a high speed, the input capacitance of the
buffer is typically chosen not io exceed that of each latch, leading to a fanout of two for the
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Figure 10.12 Glitch resulting from finite data transition times.
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Figure 10.13 (a) Clock edges used in MUX, (b) generation of clock phases by logical operation,

(c) circuit realization,

slave Iatch.

In the circuit of Fig. 10.14, the buffer doubles the load capacitance seen by the slave,
thereby lowering the speed considerably. How can the drive capability of the flipflop be
improved? Let us double all of the transistor widths and bias currents and halve the resistor
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Figure 10.14 Flipfiop-based divide-by-two circuit.

values (Fig. 10.15).% If the buffer remains unchanged, its input capacitance is now one-
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Figure 10.15 Effect of device scaling in divider for a given buffer size.

half that of each latch, yielding a fanout of 1.5 for the slave. In other words, doubling the
flipflop power dissipation halves the contribution of the buffer to the time constant. '
The above scaling scenario entails an important drawback: it doubles the load capac-
itance seen by the clock. Consequently, as illustrated in Fig. 10.16, the buffer interposed
between the VCO and the divider must provide a low output impedance, inevitably ex-

vCO Divider

To
Buffer Buffer MUX
VCO —V 22
Chut Cek Cp

Figure 10.16 Chain of stages in a transceiver.

hibiting a large inpui capacitance. The effect of scaling in the divider therefore propagates

5Note that such scaling does not change the voltage swings or the voltage headroom.
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back to the VCO. For this reason, the overall chain must be treated as one entity, perhaps
requiring iterations in the design of the MUX as well.

Let us now study the implementation of the latches. A latch senses the input signal for
half a clock cycle and stores the result for the other half. As such, the circuit must sense and
track the signal rapidly so that the acquired level at the end of the sense mode represents
the logical level correctly. Figure 10.17(a) shows an example, where M; and M5 sense .

Vop
Ronz
.IH VDD
. Rona
Dy, o— - Vout

(b}
Figure 10.17 (a) Dynamic rail-to-rail latch, (b) low-to-high transition path.

the input-and Mz and My control the signal path to the output. When 'K goés from low

~ to high, the circuit enters the store mode, retaining the level across the capacitance at the

output node.

While simple, the latch topology of Fig. 10.17(a) suffers from several drawbacks at high
speeds. First, the ouiput node exhibits a long time constant, especially when going from
low to high. Figure 10.17(b} depicts the current path using a simplified model for each
transistor, revealing that the gate-channel and source and/or drain junction capacitances of
Moy, M, and M, contribute to the time constant. Since in submicron MOS technologieg,
the mobility of PFETSs is about one-fourth of that of NFETS, the output rise time severely
limits the speed of the latch.

The second issue is the large voltage swings required at the input and output. The rail-
to-rail clock swings necessary for fast switching of M3 and M, make the design of the
VCO and its buffer difficult. Moreover, since the output voltage must approach the rails so
as to provide a reliable logical level, the output rise and fall times tend to be quite long.

The third shortcoming of the latch shown in Fig. 10.17(a) is that it remains “idle” in the
store mode. If the circuit could somehow continue amplification of the 51g11a1 in this mode,
then the speed might improve. This point is clarified below.

The foregoing issues can be alleviated through the use of current-steering circuits, also
known as “current-mode logic” (CML). Iilustrated in Fig. 10.18(a), a CML latch consists
of an input pair, My-Ms>, for sensing the input and a regenerative pair, M3-M,, for storing
the state. The sense and store modes are established by the clock pair, M5-Mg, When CK
is high, the tail current is steered to My-Ma, allowing Vo, to track V;,, while Mz and My
are off. In the transition to the store mode, C K goes low, the input pair is disabled, and the
cross-coupled pair is enabled, storing the logical levels at X and Y.
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Figure 10.18 (a) Curent-steering latch, (b) effect of excessively long time constants.

In contrast to the rail-to-rail circuit of Fig. 10.17(a), the CML latch of Fig. 10.18(a)
operates with relatively small swings at Vi, Vo, and CK—typically less than 1 Vo,
(0.5 Vy,, single-ended) in CMOS realizations. In bipolar implementations, the differential
swings can be as small as 300 mV,. Furthermore, the regenerative pair provides gain in
the store mode, allowing a shorter cycle for the sense mode. As illustrated in Fig. 10.18(b)
for more realistic waveforms, even if Vx and Vy do not reach full logical levels during the
sense mode, the regenerative pair continues to amplify the difference in the store mode.

In the latch of Fig, 10.18(a), the loop gain provided by the cross-coupled pair must
exceed unity so as to ensure the state is stored indefinitely. We therefore have g,,3 4REp >
1, imposing a minimum value for Ep, Igg, and the widths of M3 and M4, With a typical
swing of Rpfgs = 400 mV in CMOS implementations, M3 and M, must be sufficiently
wide to (a) provide a reasonable loop gain and (b) consume a moderate voltage headroom
(i.e., Vas). In low-voltage systems, the latter issue dominates the choice of W3 4 and hence
the capacitance contributed by My and My tonodes X and V.

If a flipfiop is configured as a -2 circuit, its constituent regenerative pairs need not
exhibit a loop gain greater than unity. This is because the store mode is so short that
even “weak” regeneration can hold the state. This observation is exploited in the “super-
dynamic” flipflop topology [3]. Illustrated in Fig. 10.19, this method allows the currents
flowing through the input pair and the cross-coupled pair to be different. Here, one tail cur--




346 - a : ' Chap. 10 Multiplexers and Laser Drivers

VDD ' VDD

e
Lid)
ARk
Y
Ahd
Yy
AhA
vy

Figure 10.19 Superdynamic divider.

“rent, Is 51, is steered between the master and slave input pairs and the other, Igg2, between
their cross-coupled pairs. With Ig5e < Igs, the circuit can use smalier transistors for re-

_ generation, thereby lowering the capacitance at each latch’s output nodes. In other words, .
the positive feedback is only strong enough to retain the logical state for a short period
of time—half a clock cycle, Note that without the cross-coupled pair, the load rcs1st0rs
rapidly charge the drain nodes to Vpp.

 InCMOS technologies lacking well-controlled resistors, the loads of CML circuits must
employ only MOSFETs. PMOS devices operating in the deep triode region can serve such
a purpose [Fig. 10.20(a)], but their on-resistance varies significantly with process and tem-
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Figure 10.20 (a) Curreni-steering latch with PMOS loads operating in the triode region, (b) replica
circuit to define voltage swings.

perature, thereby leading to large variation of the output swing. For this reason, a “swing
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control” circuit is often employed to define the output swing according to a reference. II-
lustrated in Fig. 10.20(b), this technique incorporates a replica circuit, Myp and I5, whose
output voliage, Vp, is forced to be equal to Vrgp by means of the error amplifier, 4;.
For example, at high temperatures, R,,, tends to increase, V4 tends to fall, and A, lowers
the gate voltage of My, restoring ¥y to a value close to Vpgp. With sufficient matching
between the current sources and the PMOS devices, the output swing of the latch remains
nearly equal to Vpp — Vrgp if M,-M, experience complete switching.,

The circuit of Fig. 10.20(b) is generally much slower than the topology shown in Fig.
10.18(a). This is because the load PMOS devices must be sufficiently wide to remain in
deep triode region for the slow corner of the process at high temperatures. We note that
under these extreme conditions, amplifier 4; attempts to lower the gate voltage of Mpo-.
Mys to near zero. If the PMOS transistors still exhibit an excessively large on-resistance
with |Vag| = Vop, then I and I, may force them out of the triode region, creating large,
slow, and poorly-defined voltage swings in the latch.

The load devices in latches can alternatively be realized by diode-connected MOSFETSs.
To achieve a reasonable voltage gain during sense and regeneration modes, PMOS fransis-
tors are preferred [Fig. 10.21¢a)] as their lower mobility yields a higher small-signal re-

Vv, Vv,
Mp1 MP2 DD | Mp1 Itl \jMpz DD
LI |j 7 Vout 7 I——ll ll-——l . .
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° ) o o e Vou‘! T
CK.-—-"_:IMs ) M, |_.C_K o . .' : [
_ - L om qu4
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Figure 10.21 (a) Current-steering latch with diode-connected loads, (b) use of source followers to
alleviate headroom Limitation. '

sistance fora given device capacitance. The principal difficulty, however, stems from the
large headroom consumed by the loads, i.e., one PMOS threshold voltage plus the over-
drive voitage. As described in Chapter 6, this issue can be resolved by inserting an NMOS
source follower between the drain and the gate of each PMOS load [Fig. 10.21{(b)].
Another critical drawback of diode-connected loads manifests itself with random data.
Consider the circuit in Fig. 10.22(a), where Ips falls to zero at ¢ = 0. The drain voltage of
- M then begins to rise, exhibiting a decreasing transconductance as the drain current drops.
As a result, the small-signal time constant continues to increase, slowing down the rate of
charge considerably. This observation indicates that diode-connected MOSFETSs turn off
very slowly. Now suppose a differential pair using such loads senses high-speed random
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Figure 10.22 (a) Diode-connected transistor operating as load, (b) response to random data, (c)} IST
resulting from incomplete switching of diode loads.

binary data [Fig. 10.22(b)]. For short runs, the loads do not approach turn-off whereas for
long runs, they do. As a consequence, the voltage level from which each bit must start
depends on the previous bits, leading to variable high and low levels. More importantly,
a bit following a long run must bring the diode-connected load out of its “relaxed” mode,
experiencing a longer time to cross zero and hence substantial jitter. The eye diagram in
Fig. 10.22(c) illustrates both effects, Similar phenomena occur in latches, suggesting that

- diode-connected loads are ill-suited to circuits operating with random data.

An interesting phenomenon observed in dividers relates to the required clock swing.

As illustrated in Fig. 10.23(a), the minimum clock swing for proper division at relatively '
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Figore 10.23 (a). Reql.ured divider clock swing as a functlon of clock frequency, (b) divider viewed

as a ring oscillator.

low frequencies may be relatively small because, even if the current is not fully switched
between the input and cross-coupled pairs, the circuit still has enough time to restore the
levels. As fox increases, the required swing begins to fall sharply in the vicinity of a
particular frequency, fo 1, indicating that if CK and CK have equal dc voltages and
little swing, the circuit continues to produce fix /2. Why does this happen? Under these
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conditions, the divider in fact oscillates at a frequency foz /2. Shown in Fig. 10.23(b)
for equal CK and CK levels, the circuit resembles a two-stage ring oscillator, with the
regenerative pairs creating enough hysterisis and hence phase shift to allow the loop to
oscillate.®

As fog increases further, the divider requires greater clock slew rates so as to steer the
tail current rapidly. For a sinusoidal clock waveform, this translates to larger swings.

10.2.2 Miller Divider

Suppose z1{t} = A coswit is multiplied by z2(¢) = Ascos(w:/2)t, generating two
new components: y1(£) = (A142/2) cos(3wy/2)t and yo(f) = (A1A42/2) cos L1 /2)t.
Interestingly, y2(f) is simply a scaled version of z(¢) and can be used in its stead. This
is the principle behind the Miller divider. Depicted in Fig. 10.24, the circuit incorporates

x (t)o—m LPF |- o y(t)

Figure 10.24 Miller divider.

a multiplier (mixer) and a low-pass filter, returning the output to one port of the mixer.
- If operating properly, the divider produces w, /2 at the LPF output and hence 3w, /2 and
w1 /2 at the mixer output. The LPF corner frequency, wy pr, is chosen to be

YL oppr < L (10.1) -

2 2

so that it suppresses only the sum component. As a result, only the frequency wy /2 survives
around the loop. This is of course possible only if the loop gain at w, /2 exceeds unity, de-
manding sufficient gain in the mixer. Figure 10.25 shows a transistor-level implementation
using a Gilbert cell as a multiplier,

The conditions expressed by (10.1) imply that the divider operates across a limited fre-
quency range. For example, if o is much less than 2wy, pp, then the 3w; /2 component is
not attenuated sufficiently, possibly distorting the output as well as creating other frequen-

cies. As shown in Fig. 10.26, the existence of both w;/2 and 3w; /2 at the output leads .

to a waveform with deep notches in the middle of each half cycle, thereby degrading the
margin between the high and Jow levels. In the limit, if wy is low enough, then the input
and output of the LPF in Fig. 10.24 are equal, and we have '

Acosunt - y(t) = ay(t), : (10.2)

81n fact, reducing the clock swing to zero in simulations and laboratory measurements serves as a quick sanity
check: if the circuit fails to oscillate, it may also fail to divide.
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Flgure 10.25 Implementatlon of Mlller d1v1der

ng_ure 10.26. _Effect.of third harmonic in Miller divider.

where a denotes the mixer conversion gain. Thus, y(t) =01 ., the divider fails.
-What happens if the input frequency is well above 2wy pr? The wi /2 component then

v experiences 31gmﬁcant attenuation, the loop gam falls below unity, and the circuit fails to
. divide. -

The Miller divider achieves high speeds because it exploits the natural Iow-pass filtering
(poles) of the circuit in its operation. This can be seen in the implementation example of

_Fig. 10.25. The parasitic capacitances at nodes X and Y (resulting from Q3-Qs) along
. 'with the load resistors constitute the low-pass filter, allowing the input frequency to be
~ twice as high as 1/(RoCx).
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10.3 Laser and Modulator Drivers

A laser driver can be viewed as a simple current switch that turns the laser on and off
according to the logical value of the data (Fig. 10.27). Recall from Chapter 3 that the output

Laser

Diode ¥ =%~
JLL—

Figure 10.27 Conceptual diagram of a laser driver.

power of laser diodes is more accurately defined as a function of the input current rather
than voltage. For this reason; and because of the speed advantages of current switching,
~ lasers are driven by currents.

The driver of Fig. 10.27 must meet three important criteria: (a) adequate switching
speed to ensure the light is modulated with minimal intersymbol interference; (b) high
output current so as to generate the required optical power corresponding to logical ONEs;
{c) tolerance of the voltage swing across the laser. For example, a driver operating at 10
Gb/s must exhibit a small-signal bandwidth on the same order while delivering as much as
100 mA and sustaining a swing of several volts.

The above three criteria point to a great difficulty in laser driver design: as transistor
dimensions are scaled down to improve the speed, the inevitably lower breakdown voltage
makes it increasingly more difficult to tolerate the voltage swings across lasers. Indeed, a
great deal of research is expended on new lasers and modulators that operate with smaller
SWings.

The large output currents required of drivers mandate the use of very wide transistors,
thus yielding high input and output capacitances for the output stage. Since such drivers.
must provide output currents five to ten times those delivered by 50-Q2 buffers, the design of
laser drivers is generally much more difficult. Nevertheless, most of the des1gn principles
described in Chapter 5 apply to laser drivers as well. ’

10.3.1 Performance Parameters

‘We now examine the performance parameters of laser drivers more carefully.

Speed The speed can be quantified by the output current rise and fall times, the sum
of which must be well below one bit period so as to avoid significant IS, Interestingly, if
lasers are driven by excessively short rise times, then chirping (Chapter 3) becomes more
pronounced.

Optical standards specify the speed requirements by a mask. Hlustrated in Fig. 10.28(a),
such a mask defines the maximum tolerable eye closure in both vertical or horizontal di-
rections. Note that the test procedure includes the nonidealities of the laser itself, thereby
requiring that the optical signal be converted to the electrical domain as shown in Fig.
10.28(b). The ﬁlter followmg the amplifier has spemﬁc transfer charactemstlcs {e.g..a
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Figure 10.28 () Typical optical mask for transmitted data, (b) measurement setup.

fourth-order Bessel—Thompson circuit with 2 —3-dB bandwidth equél to 0.75 times the
bit rate). i

Output Current Recall frorn Chapter 3 that lasers must be biased in the vicinity of a
threshold so that an increment in the current turns them-on rapidly. Thus, the laser driver -
must provide both a ‘bias™ current and a “modulation” current. .

Temperature variations and aging of lasers generally demand an adaptive bias current,
a task carried out by a power control circuit (Section 10.4.1). Since the slope of the laser
characteristic is relatively independent of temperature and age, the modulation current it-
self is typically constant.”

Voltage Compliance Laser diodes experience a relatively large voltage swing as they -
turn on and off (Fig. 10.29). The voltage drop in the on state results from both the expo-

Voo - Vru
- VDD..__(VD""RD)'

' Figﬁre 10.29 Voltage swings experienced by a laser diodé.
nential I-V characteristic and the ohrnic resistance, Rp; of the semiconductor materials P

comprising the diode. The drop in the off state corresponds to the bias current required to
place the diode at the threshold. :

"The slope of VCSEL characteristics does vary with temperature, reguiring adaptive control of the modulation
current.
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As explained in Chapter 3, Mach-Zehnder modulators exhibit a nonmonotonic P-V be-
havior [Fig. 10.30(a)]. Thus, both the bias voltage and the voltage swing must be defined

Rud - Fout &

ry ty

(b)

Fout &

ty

(<)

Figure 10.30 Mach-Zehnder cha.raéteristics, (a) ideal, (b) with input offset, (c) with input amplitude
rTor.

accurately. As depicted in Figs. 10.30(b) and (c), errors in V3 or Vj, translate to a lower
extinction ratio. Also, MZ modulators typically require greater voltage swings than laser
diodes do, making the design of the driver more difficult.

Pulsewidth Distortion The logical ONEs and ZEROs produced by lasers or modu-
lators may suffer from unequal periods. lllustrated in Fig. 10.31 and called “pulsewidth

- Figure 10.31 Pulsewidth distortion in a laser diode.
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distortion,” this effect closes the data eye horizontally, thereby leading to greater jitter and
higher error rate. It may also create difficulties in clock and data recovery circuits.
Pulsewidth distortion arises from two nonidealities: offset voltages in the driver circuit

and the turn-on delay in the laser.? To understand the effect of offsets, consider the data -

waveforms in Fig. 10.32, assuming that the driver exhibits such a high small-signal gain

Figure 16.32 Pulsewidth distortion resulting from offsets.

that D, trips abruptly on the zero crossings of D;,,. An input-referred offset of + Vo g in
effect shifts the input signal down (or up), thereby altering the actual input zero crossings
experienced by the driver and hence creating narrower ONEs than ZEROs. In fact, for an
input slew rate of Sg V/s, the width of logical ONEs (or ZEROs) decreases by Vog/Sg. It
is therefore desirable to maximize the slew rate and minimize the asymmetries in the driver
circuit. As mentioned in Chapter 3, lasers suffer from a significant delay when turning on
but not so much when turning off, thus shortening the pulses in the optical domain.
Typical lasers and modulators exhibit a pulsewidth distortion of 0.03 to 0.05 UL To

reduce this effect, drivers often incorporate an external adjustment, deliberately introducing
. an offset in the signal path to compensate for this type of d1st0rt1on

o Input and Output Impedances As with the output stages described in Chapter 5,
- - laser drivers must employ a cascade of tapered stages so as to deliver large output currents

while displaying a small input capacitance. Stand-alone drivers typically include on-chip
50-€¥ termination at the input, but their input capacitance must be small enough to minimize

- the ISI resulting from reflections.

At speeds exceeding a few gigahertz, laser dnvers incorporate on-chip termination at
the output as well. This is because the impedance of lasers and modulators contains both

- d substantial imaginary component and a real part that may notably deviate from 50 2.

On-chip termination is therefore necessary to suppress secondary reflections (Chapter 5).
Some lasers exhibit a low impedance, on the order of 5 Q2. Since it is difficult to construct
Jow-impedance traces on printed-circuit boards, a resistor is placed in series with such

“lasers, raising the impedance to more manageable values. However, if the resistance is

increased to 50 €1, a-peak current of 100 mA translates to a very large voltage swing at
the driver output. Thus, the impedance of some lasers is in fact raised to 25 {2, requiring a

& A third source of pulsewidth distortion is the unequal loading at the ocutput, diséussed in Section 10.4.

5
o
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25-(} transmission line (Fig. 10.33). Nevertheless, the 1mpedance of lasers operatmg wnh
lower currents is increased to 50 {2.

- Zy= 250 %
JLrL_- <

2SQ

Figure 10.33 Transmission-line environment for a 25-£2 laser.

With 25-2 lasers, impedance matching at the far end becomes more problematic: varia-
tions in the laser impedance are absorbed by only a20- Q series resistor, On the other hand
50-02 lasers prov1de more suppression.

104 Design-I__’ljincipleS

As with the output buffers described in Chapter 5, the design of laser drivers begins from
the last stage: Iﬂustrated in Fig. 10.34, this stage typically employs a differential pair that

= Vo1

ZRg ' . Vop2

Dummy Z,
Load
o]
-D in - N
[ e

?’ss

Figure 10.34 Last stage of a laser driver.

steers its tail current to the laser or to a dummy load. As decribed in Chapter 5, differential
drivers such as this circuit provide many important advantages over single-ended circuits.

First, despite large current swings, they maintain a relatively constant supply current, thus

achieving low switching noise across package inductances.? Second, even with large output
voltage swings, they introduce a small crosstalk if the signals remain symmetric. Third, in
the presence of package parasitics, they are less prone to oscillation because their common-
mode gain is low. :

In bipolar implementations, the output transistors must be large enough to handle the

peak current without experiencing high-level injection. In the MOS counterpart, the tran-
- sistors must be wide enough to (a) sustain a gate-source voltage commensurate with the

9The stage of Flg 10.34 draws part of the current from Vp ps, creating some switching actmty on Vp D1
This issue s resolved later.

355



356

Chap. 10 Multiplexers and Laser Drivers

supply voltage and (b) steer most of the tail current to one side with the limited voltage
swing provided by the preceding stage.

Owing to large device dimensions, the output stage suffers from a substantial in-
put capacitance. In bipolar technology, emitter followers often precede the stage to pro-
vide buffering. As shown in Fig. 10.33, the followers lower the output impedance of the

_ Vop1 Vope
% : 4o .
X s

Y
Qs Qg

AhA
vy

Figure 10.35 Example of a laser driver circuit.

predriver circuit, improving the speed at nodes X and Y. In addition to consuming voltage
headroom, followers exhibit an inductive output impedance that, along with the input ca-
pacitance of ¢J; and (), may yield considerable ringing in the step response. This behavior
can be quantified with the aid of Fig. 10.36, where the base-collector capacitance and the

Figure 10.36 Output impedance of an emitter follower driven by a source resistance.

Early effect are neglected. We have

1
Va(Cro+ r_) + g Ve = ~Ix, (10.3)
w
and hence
V, = # (10.4)
Crs+ E + gm
Also

~Rs(Ix + gmVi) + Ve = —Vx. (10.5)




Sec.10.4 Design Principles

Substituting from (10.4) for V;;, we obtain

rrCrfRgs + 1y + Rs
Zout =
r-Crs+8+1

Ats = 0,Vx/Ix = (rx + RBs}/(B+1) ~ 1/gm + Rs/(8 +1). On the ‘other hand, .

at s = oo, Vx/Ix = Hs. Thus, if Rg > 1/gm + Rg/(B + 1), the output impedance
increases with frequency, displaying an inductive component. This condition usually holds
because the follower is designed to lower the source impedance.

From Eq. (10.6), it is possible to construct an equivalent circuit representing the output
impedance of emitter followers. Since Zous CONLAINS a resistive component equal to By =
(rr + Rg}/(B + 1), we have

rr + Rs _ r=Cr8(BRg — 1)

Zout — = . 10.7
B+ (B+ D(r:Crs+ B+ 1) (10.7
Inverting the result to obtain the admittance gives

1 1 2

Lot — - BRg — 7y Tﬂcﬁs(ﬁRS —Tx) '

The first term is the inverse of a resistor Ry = (8Rs — r4)/(8 + 1). The second term
yields an inductive value of

. Tﬁfcﬂ'(ﬁRS - ’rﬂ‘)

= 109
SRR GRS R
The overall output impedance therefore appears as shown in Fig. 10.37.
Ly .
R
R1 2 z out
]
Figure 10.37 Equivalent output impedance of an emiiter follower.
Th_é: value of Ly in Eq. (10.9) can be rewritten as
Ly~ 10.10
YT (B ) R
Cx 1
~ —Z(Rg — —), (10.11)
4m - 9m
which, for Ag > 1/gm, reduces to
Ly = -gERg. _ (10.12)

(10.6)
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" Flgure 10.38 Effcct of inductance in series with mput of an emitter follower.

Chap. 10 ' Multiplexers and Laser Drivers

At h1gh bias currents C7r = C’Je + C;, C;, JmTF, and hence
_ L1 =~ Trlg. (10.13)

* To reduce the ringing-at the output of followers, two precautions can be taken. First,
the bias current can be lowered, thereby increasing the value of R; in Fig. 10.37 and
overdamping the step response. Second, the value of Rg can be reduced by preceding the
circuit with another follower. Of coursé, the voltage headroom penalty may be prohibitive.

Another issue related to emitter followers arises if the interconnect line feeding the base

’ exh1b1ts substantlal mductance Illustrated in Fig. 10.38, such a topology is in fact used in

- oscﬂlator desxgn (Chapter 6) W"lth mgh—speed transistors, an interconnect having a length
" of a few hundreds of microns may introduce enough inductance to create heavy ringing at

the output. Thus, accurate modeling of the interconnect lines is essential.

In CMOS technology, both the poor drive capability and the large voltage headroom
consuniption of source followers make them ill-suited to high-speed applications. As with
output buffers (Chapter 5}, inductive peaking and/or simply tapered differential pairs ap-
pear to be the only practlcal solutions here.

The large capacitance introduced by the transistors at the output nodes leads to a long
time constant. This difficulty can be alleviated by inductive peaking at the output (Fig.
10.39) [4]. Here, inductors are placed in series with the on-chip termination resistors,

Voo
L
Vop2
Ry z,
. ’]

o~ M M

Din 1 2

O

Igg

Figure 10.39 Inductive peaking at output.

sharpening the output pulses.
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Even with differential drivers, the pulses delivered to the Iaser may suffer from signif-
icantly different rise and fall times. This is because the laser itself is single-ended and the

furn-on and turn-off transients of each output transistor are asymmetric [4].‘To understand -

" this effect, consider the differential pair shown in Fig. 10.40 and recall that the large tail

Vop

o Vins

Figure 10.40 Effect of tail capacitance in a differential pair.

_current source introduces substantial capacitance at node P, On the rising edge of Vi1, @1
draws a current equal to the sum of Igg and the displacement current required to charge
Cp. On the falling edge of Vi1, on the other hand, ¢; simply turns off and the output
node charges up with its natural time constant. As a result, the single-ended output voltage
exhibits shorter fall time than rise time.

"In order to suppress the output pulse asymmetry, the inpus rise time and fall time can
be made asymmetric in the opposite direction. INustrated in Fig. 10.41, the idea is to intro-
duce a small difference between the output impedances of the followers, thereby slowing

Figure 10.41 Asymmetric emitter followers to cancel pulsewidth distortion.

down the turn-on of J;. Alternatively, an offset voltage can be added at the mput of the
differential pair to adjust the switching speed of @, and Q)2 [4].

While equalizing the single-ended output rise and fall times, both of the above tech-

niques may yield significant duty cycle distortion. For this reason, another offset voltage
must be introduced in the predriver circuit to mtentlonally distort the pulsew1dth in the
opposite direction [4].
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- Another important issue in the output stage relates to the effect of load asymmetries -
on the input pulse shape [Fig. 10.42(a)]. Due to the large gate-drain capacitance of M,
and Ms, the single-ended signals at P and @ are affected differently. As a result, both

"pulsewidth distortion and pulse asymmetry may arise. For this reason, it is preferable to

route both outputs through identical interconnects and terminate them into approximately
equal impedance levels [Fig. 10.42(b)]. This also minimizes the transient currents drawn

Ahh

Voo1 Vops Vbp1 —Vppe
== Ry =R, Z T m=E =h, Z
X Y] :
1™ - W—
P P Z
I D, e, wl

9
_@’ss ?’ss
(a) S ' ® .

Figure 10.42 (a) Effect of coupling through gate-drain capacitance of output devices with asym-
metric loads, (b) load symmetry to minimize the effect.

from both Vppy and Vppo.

Most lasers and modulators experience a voltage swing of more than 2 V when turning -
on and off. In low-voltage technologies, delivering such swings becomes difficult. This
problem can be alleviated by adding a cascode transistor to the output stage, with the
gate of the device connected to a supply voltage well above the device breakdown voltage
(Fig. 10.43). As the output voltage rises, the cascode devices shield the input iransistors.

VDD

Figure 10,43 Laser driver employing cascode devices.

However, when the output falls, M3 and M, enter the triode region, introducing a greater
capacitance in the signal path. Note that this technigue is less useful in bipolar realizations
as it would not allow large swings below the base voltage of the cascode transistors.
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- 10.4.1 Power Control

In order to maintain a constant optical power in the presence of temperature variations and

aging, the laser driver must employ a means of controlling the bias current. Note that the
monitor photodiode must exhibit stable characteristics with temperature and age, but its
speed is not critical as it only measures the average optical power.

The power control circuit typically assumes the form shown in Fig. 10.44, where the

Laser | ’ Monitor

Dlode\ I | Photodiode

{ ID P R1 . ’
v o~ M, - Mr—e
n - f -~

= C1
o 1 S
M? | B(*)“‘q _;VREF
= = Error
Amplifier

Figure 10.44 Power control in a laser driver.

current produced by the photodiode is converted to voltage, low-pass filtered, and com-
pared with a reference. The resulting error then adjusts /5 such that Vp approaches Vggr.
Current source Tps establishes the laser modulation current independently.

Interestingly, the power conirol loop performs high-pass filtering on the signal: the
R C) network suppresses high-frequency components in the feedback loop, but, at suf-
ficiently low frequencies, the negative feedback is strong enough to attenuate the output
signal. Thus, the circuit displays a high-pass transfer function from V3, 10 Pous.

Let us examine the above effect in the time domain. If, as depicted in Fig. 10.45, the
input contains random ONEs and ZEROs, then the average current produced by the pho-
todiode is approximately equal to half of its peak value. The loop ensures that the product
of this average current and Ry remains close to Vegr. Now suppose a long run of ONEs
is applied at the input, turning the laser nearly off. Then, the average photodiode current
drops substantially, allowing Vp to fall toward zero. However, the loop attempts to main-
tain Vp in the vicinity of Vagr by raising Iz considerably. In fact, if the long run of ONEs
continues indefinitely, the laser power eventually rises to half of the value produced for an
optical ONE,

As with continuous-time offset cancellation in limiting amplifiers (Chapter 5), the high-
pass filtering modulates the decision threshold. The value of B, C7 must therefore be suf-
ficiently large to minimize the degradation. From calculatmns in Chapter 5, we write the
corner frequency as

. Wo3dB ™~ _(10.14)

Rlcl
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A _ — - Ve
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Iavg S e
Pout T e e e Pm
2

Figure 10.45 Response of power control circuit td.a long run.

- where 8 denotes the 10__61'5. gain. For"a.laser efficiency of 7, a photodiode responsivity of
- Rpp, the loop gain of the circuit in Fig. 10.44 is equal to

B=n:Rpp-Ri-Ag, _ _ (10.15)

B where Ar represents the transconductance gain from the i mput of the error amplifier to the '
output current of 5. Thus,

' nRA
w_3dj_5-mn121R, Coe : . e (10.16)

“avalue indepeﬁdent of R; and suggesting that 01 must be large eﬁc)ugh to minimize degra— '
dation of the data. A corner frequency of a few tens of kilohertz may necessitate an off-chip
- capacitor. :

References

1. H.-L Cong, et al., “A 10-Gb/s 16:1 Multiplexer and 10-GHz Clock Synthesizer in 0.25-um SiGe
BiCMOS,” [EEE.J. Solid-State Circuits, vol. 36, pp. 19461953, Dec. 2001.
2. CK. Yang, R. Farjad-Rad, “and M. " Horothz “A 0. 5-pm CMOS 4-Gb/s Serial Link
Transcalver” IEEE J. Solid-State Carcmts vol. 33, pp. 713-722, May 1998.
3. T. Otsuji, et al., “A Super-Dynamic Flip- Flop Circuit for Broadband Application up to 24 Gbit/s
Ut111zmg Productlon—bevel 0. 2—,um GaAs N[ESFETS,” IEEE J. Sohd State Circuits, vol. 32, pp.
1357-1362,-Sept. 1997.
© 4°H. M Rein and M. Moller, “Demgn Cons1derat10ns for Very High Speed Si Bipolar ICs Operat-
ing up to 50 Gb/s,” IEEE J. of Solid-State Circuits, vol. 31, pp. 1076-1090, August 1996.




Index

Absolute jitter, 27, 28

Absorptive losses, 47

ac-coupled circuits, 105
Accomulation-mode MOS varactor, 227, 228
Acquisition range, 261
Active-inductor peaking, 131132
Additive noise amplitude, 21

Aided acquisition, 261, 313

Alexander PD principle, 305
Alexander PD waveforms, 308
Alexander phase detector, 304-309
All-pass system, 49, 50

AM/PM conversion, 129-131
Amplitude limiting, 170-178
Amplitude shift keying (ASK), 58
Antiphase coupling, 238-241

APDs, 57-58

Arrival time of photons, 60n

ASK, 58

ASK modulation of light, 59
Asymmetric emitter followers, 359
Automatic gain control (AGC), 114-118
Avalanche photodiodes (APDs), 57-58

Babinet, Jacque, 1
Bandwidth
limiters, 123-124
TIA, 65-67
Bandwidth limitation, 16-21
Bang-bang characteristic, 297, 317
Bang-bang PD characteristic, 295
Bang-bang phase detector, 262
Barkhausen criteria, 166, 170, 237
Baseline wander, 19
Basic concepts, 8-35
bandwidth limitation, 16-21
data formats, 14-15
eye diagrams, 16-18 .
generation of random data, 12-14

high-pass filtering, 18-21

jitter, 27-30. See also Iitter

low-pass filtering, 16

noise. See Noise

phase noise, 24-26

random binary data, 8-12

T lines, 30-34 :
BiCMOS TIA, 120-121
Bipolar feedback TIA, 119
Birefringence, 53
Bit error rate (BER}, 21
Bode plots, 258-25%
Bootstrapping, 276, 278 ]
Broadband techniques (limiters), 131-142
Broadening of Gaussian pulse, 51-52
b/s, 8n )
Buffer capacitance, 233

Capacitive coupling, 105-106, 217, 229
Capacitive degeneration, 133136
Capture range, 261n

Cascaded DAs, 162-163

Cascaded gain stages, 125-129
Cascode devices, 360

Case studies (T1As), 118-122

CB, 73,74,97

CB high-frequency behavior, 85-86
CB low-frequency behavior, 77-81
CDR. See Clock and data recovery (CDR)
CDR architectures, 318-322

Center frequency, 193

CG, 73,74, 97

CG high-frequency behavior, 81-85
CG low-frequency behavior, 73-77
Characteristic impedance, 31, 153-154
Charge pump (CP}), 265 . '
Charge-pump PLLs, 260-273

Charge sharing phenomenon, 276
Cheery-Hooper amplifier, 136-140

363



364

Chirping, 43
Chromatic dispersion, 50-53
CIDs, 9n
Circuit model of inductor, 225
Circular spiral, 224
CK-to-Q) delay, 299
Cladding, 46, 47
Clean-up flipflop, 3
Clock and data recovery (CDR), 288-332
Alexander P, 304-309
CDR architectures, 318-322
dual-loop.architecture with external reference;
321-322
dual-VCQ architecture, 319-321
edge detection, 289-294
frequency detectors, 313-318
full-rate referenceless
architecture, 318-319
general considerations, 288--299
half-rate PDs, 309-313
Hogge PD, 300-304
jitter, 322-332. See also Jitter
loop-bandwidth reduction, 323-325
phase detection, 294296
rectification, 290-291
simple CDR circuit, 296-299
Clock edges, 281, 342
Clock recovery, 4, 11
Closed-loop gain control, 118 .
Closed-loop jitter, 328
Closed-loop pole, 90
Closed-loop transfer function, 253, 271
CML, 344
CMOS oscillators, 167
CMOS process, 152
Colpitts oscillator, 183-187
Common-base (CB), 73, 74, 97
Common-gate (CG), 73, 74, 97
Common-mode oscillation, 146n
Commen-mode rejection, 194
Compact inductor model, 221
Complete frequency detector, 317
Complete linear half-rate PD, 311
Consecutive identical digits (CIDs), 9n
Contineous-wave (CW) laser, 45
Coplanar T line, 153
Core, 46, 47
Coupling, 102, 235
Coupling factor, 236, 241
CPPLL (charge-pump PLLS), 266-273
Crossed-coupted oscillator, 181183
Current folding, 199-200
Current mismatch, 277
Current-mode logic {CML), 344
Current-steering latch, 345, 346
C-V characteristic of MOSFET, 227
CW laser, 45
Cycle-to-cycle jitter, 27, 28

DA. See Distributed amplitication
Damping ratio, 256

Data formats, 14-15

DBR, 42

de-balanced code, 15

dc wander, 19

Decision circuit, 3

Delay-locked loops (DILs), 280-282
Demultiplexer (DMUX), 3, 333n
Deserializer, 5

- Design chalienges, 5

Deterministic jitter, 335n
DET flipflop, 296
DFB laser, 41, 42
DEEF, 53, 262-264, 294295
DFF delays, 299
DFE PD, 295-297
D flipflop (DFEF), 53, 262-264, 294-296
Differential charge pump, 232
Differential Cherry-Hooper amplifier, 139
Differential control, 231-233
Differential delay, 53
Differential drivers, 359
Differential feedback TIA, 101
Differentially-controlled oscillator, 232
Differential oscillator, 172
Differential signaling, 142-146
Differential TIAs, 100-102
Differentiator circuit, 291
Digitat edge detector, 293
Diode-connected loads, 347
Diode-connected MOSFETs, 347
Diode-connected transistor, 343
Direct-bandgap semiconductors, 40
Direct detection, 59
Dispersicn, 48-54
Dispersion-flattened fiber (DFF), 53
Dispersion-shifted fibers (DSFs), 53
Distributed amplification (DA), 152-164
cascaded DAs, 162163
characteristic impedance, 153-154
DAs, 156-163
field confinement, 156
loss, 154-155 :
inmped devices, 163-164
monolithic transmission lines, 152—156
wave velocity, 155
Distributed Bragg refiector (DBR), 42
Distributed feedback (DFB) taser, 41, 42
Distributed oscillators, 241-242
Divide-by-two topologies, 341
DLLs, 280-282
DMUX, 3, 333n .
Double-edge-triggered (DET) flipflop, 296
Double-edge triggering, 316n
Double heterostructure, 40
Double termination, 146-149
Doubly-terminated output buffer, 148
Droop, 19, 20

Index




Index

DSFs, 53
D-to-Q delay, 299
Dual-loop architecture with external
reference, 321322
Dual-VCO architecture, 319-321
Duty cyele distortion, 359
Dynamic dividers (Miller configuration), 349-350
Dynamic rail-to-rail latch, 344

Early-late detection method, 305
Edge detector circuit, 292
Edge-emitting structures, 42
Efficiency, 37, 56

8B/10B coding, 14-15
Electron-hole pair, 55

Ellipticity, 33

End-to-end delay, 155

ER, 44

Excess phase, 210

Exclusive OR (XOR) gate, 244
External modulation, 4546
External reference, 321

External step on control line, 253
Extinction ratic {ER), 44

Eye diagrams, 16-18

Fabry-Perot (FP) laser, 39-41
Fast jitter, 278, 279, 329
FD, 313-318
Feedback T1As, 87-97, 106110
FF delay compensation, 303
Fiber dispersion, 48-54
Fiber loss, 4748
Fibers. See Optical fibers
Field confinement, 156
First-order low-pass filter, 49
First-order RC network, 49
First-order TIA, 87-88
Five-latch MUX, 337
Five-stage single-ended oscillator, 174
Flipflop-based divide-by-two circuit, 343
Flipflop dividers, 341-349
Fourier transform, 10
Four-stage differential ring oscillator, 174
Fourth-order Bessel-Thompson circuit, 352
4-to-1 MUX, 337n
FP lasers, 3941
Frequency chirping, 43
Frequency detector (FD), 313-318
Frequency difference, 316
Frequency dividers, 341-350
flipflop dividers, 341-349
glitch, 342
Miller divider, 349-350
superdynamic divider, 346
Frequency doublers, 176
Frequency-locked loop, 250
Frequency multiplication, 283-284
.Frequency response, 93-95 '

365

Frequency shift keying, 208

Frequency step respense, 252

Frequency synthesis, 284-285

Frequency synthesizer, 285

Fringe capacitor, 230

fr donblers, 140142

Full-rate referenceless architecture, 318-319
Full-wave rectification, 260-291

GaAs MESFET technology, 119
Gain

Timiters, 124

phase detector, 244

TIAs, 67
Gain-bandwidth trade-off, 58
Gain boosting, 103105
Gate-drain capacitance, 360
Gaussian noise distribution, 22
Gaussian pulse, 51, 52
Generic optical system, 2—4
Gilbert cell, 293, 308
Glitch, 337, 342
Grating, 41

Half-rate architectures, 309

Half-rate binary phase detector, 312
Half-rate phase detectors, 309-313
Half-wave rectification, 291

Headroom calculation, 199

Headroom limitation, 347

High frequency behavior, 81-86
High-frequency noise performance, 9597
High-pass filtering, 18-21
High-performance techniques (TTA), 103- 114
High-speed output buffer, 151

Historical overview, 1-2

Hockem, Charles, 2

Hogge phase detector, 300—304

Hz, 8n

Ideal photodiode, 56

Ideal transmission lines, 3033

Impact ionization, 57

Inductive peaking, 110-114, 131-132, 358

Inductor modeling, 219-222

Inductors, menelithic, 213-226. See also
Monolithic inductors

Inductor structures, 224-226

Injection, 2335

In-phase coupling, 237-239

Input-referred noise, 63n

Input-referred noise current, 64
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Integration, 6, 60

Interpolating delay stage, 200-202
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Intersymbol interference {ISI), 16

" Interwinding capacitance, 222

Intrinsic loss, 47
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Jacket, 46, 47
Jitter, 2730
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additive noise, and, 28-30

CDR, 322-332
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deterministic, 335n
effect of, 25-

- fast, 278, 279, 329
generation, 327-328
limiters, 125
low-pass filtering, and, 29
peaking, 325-327
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phase noise, and, 28
PLLs, 277-280
reduction of, 286-287
skow, 278, 279, 329

 tolerance, 329-332
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Titter peaking, 325-327
Jitter reduction, 286-287
Jitter tolerance, 329-332
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Jitter transfer, 322-327
Jitter transfer function, 323
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Laser and modulator drivers, 351-362
design principles, 355-362
input/output impedances, 354355
cutput current, 352 o )
performance parameters, 351-355
power centrol, 361-362
pulsewidth distortion, 353-354
speed, 351-352
voltage compliance; 352-353

Laser diodes, 36-46
aging, 38, 44-45
drift, 4445
efficiency, 37 :
external modulation, 4546
extinction ratio, 44
frequency chirping,-43
lifetime, 38
operation of lasers, 38
output power, 38
properties, 42-45 -
relaxation oscillation, 43-44
spectral purity, 37
spontaneous emission, 38
stimulated emission, 3839

- switching speed, 38
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threshold current, 37
turn-on delay, 43
types of lasers, 4042
voltage drop, 38
Laser driver cifcuit, 356
Laser output-power, 38
LC osciliators, 178-191, 213-243
antiphase coupling, 239-241
basic oscillators, 228-235
Colpitts oscillator, 184187
- crossed-coupled osciilator, 181-183
design procedure, 233-235
differential control, 231233
distributed oscillators, 241242
in-phase coupling, 237239 _
monplithic inductors, 213-226. See also .
Monolithic inductors
monolithic varactors, 226-228
negative-Gr, oscillator, 189, 207
one-port oscillator, 187-191
quadrature oscillators, 235-241
VCOs, 191-212. See also VCOs
LC tanks, 178
Lenz’s faw, 216
Limited bandwidth, 16-21
Limiters. See Limiting amplifiers
Limiting amplifiers, 123-164
_ AM/PM conversion, 129-131
bandwidth, 123--124
broadband technigues, 131-142
capacitive degeneration, 133-136
cascaded gain stages, 125-129
Cherry-Hooper amplifier, 136-140
distributed amplification, 152-164. See also
Distributed amplification
Jfr doublers, 140-142
gain, 124
general considerations, 123131
inductive peaking, 131-132
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jitter, 125
noise, 124
offset voltage, 125
output buffers, 142-151. See also Output buffers
output drive capability, 125
LiNbOg crystal, 45
Linear feedback shift register, 12, 13
Linear half-rate PD, 310-311
Linearity
‘TIA, 68
timing, 194

" Linear model

charge-pump PLL, 269 -
type I PLL, 255
Link budget, 59
Lithiwm Niobate (LiNbO3) crystal, 45
Load symmetry, 360
Lock acquisition, 261
Lock range, 261n




Index

Long-fiber regime, 54
Long-haul networks, 323
Loop bandwidth reduction, 323-323
Loop gain characteristics, 182
Loss

absorptive, 47

fiber, 4748

intrinsic, 47

monelithic inductors, 215-219

radiative, 47

substrate, 155, 217
Loss profile of SMF, 47
Lossy transmission lines, 33-34
Low-frequency behavior, 73-81
Low-noise, broadband limiters. See

Limiting amplifters

Low-noise CMOS LC oscillators, 207
Low-noise T1As. See Transimpedance amplifiers
Low-pass filtering, 16
Low-to-high transition path, 344
Lumped devices, 163-164

Mach-Zehnder modulators, 45-46, 353
Magnetic coupling, 217, 219, 223
Manchester code, 14
Matched filtering, 60
Mathematical model of VCOs, 207-212
Mauer, Robert, 2
Maximum tolerable PMD, 54
Maxwellian distribution, 54
Metal sandwich capacitor, 230
Microstrip, 152, 153
Miller code; 14
Miller divider, 349350 -
Miller effect, 156, 162, 206
Miller multiplication, 159
Miller multiplication factor, 206n, 235n
Minimum allowable coupling factor, 241
Modified Cherry-Hooper amplifier, 139
Modified Hogge PD, 306
Modified quadsicorrelator, 315
Modulator drivers. See Laser and modulator drivers
Monochromatic, 36
Monalithic inductors, 213-226
design, 222-226
inductance/linewidth, 214
inductive peaking, 110, 112
inductor modeling, 219-222 .
inductor structures, 224-226
loss mechanisms, 215-219
metal spiral structures, as, 206
octagonal inductor, 224
passive resonant circuits, 178
stacked inductor, 225
symmetric inductor, 224, 225
Monolithic T line geometries, 152-153
Monolithic transmission lines, 152-156
Monolithic varactors, 226-228 -
MOSFETs, 227
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MOS varactors, 227,228
Multiphase clock, 341
Multiple coupled oscillators, 241
Multiplexer (MUX), 333-340
five-latch MUX, 337
4-to-1 MUX, 337n
glitch, 337
Jjitter, 335n, 336
N-to-1 MUX, 340
shift-register architecture, 339—340
tree architecture, 338-339
2-to-1 MUX, 333-338
MUX architectures, 338-340
MUX/retimer chain, 338
MZ modulator, 4546, 353
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Negative-Gr oscillator, 189, 207
Negative resistance, 187
NMOS source, 178
Noise
Gaussian distribution, 22
limiters, 124
phase, 24-26, 28
random data, and, 21-24
supply, 144
TiA, 04
Noise bandwidth, 72-73
Noise coupling, 102, 142-143
Nonidealities
DAs, 159-162
Hogge PD, 302-304
PFD/CP, 273-277
PLLs, 273-280
Nonlinear VCO characteristic, 194
Nen-return to zero (NRZ) data, 14, 15
NRZ data, 14, 15
N-to-1 MUX, 340
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basic concepts, 8-35. See also Basic concepts
design challenges, 5 .
generic system, 2-4
historical overview, 1-2
state of the art, 6

Octagonal inductor, 224

Offset voltage, 125

On-chip termination, 354

- One-port oscillators, 187-191

On-off keying (OOK), 58

QO0K, 58

Open-collector differential pair, 142
Open-drain differential pair, 142 -
Open-loop gain control, 118
Open-loop pole, 90

Open-loop TLAs, 73-86

Open-loop transfer function, 255, 270
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Optical communication system. See QC system
Optical devices, 3661
laser diodes, 36-46. See also Laser diodes

optical fibers, 46-54. See also Optical fibers _

optical systems, 58-61
photodiodes, 55-58
Optical fibers, 46-54
chromatic dispersion, 50-53
fiber dispersion, 48-54
fiber loss, 47-48
polarization-mode dispersion, 53-54
Optical ring oscillators, 42
Optical systems, 58-61
Oscillator output phases, 175
Oscillators, 165243
Colpitts, 184187
crossed-coupled, 181-183
distributed, 241-242
general considerations, 163
LC. See LC oscillators
negative-Gm , 189, 207
one-port, 187-191
quadrature, 235241
ring. See Ring oscillators
VCOs, 191-212. See also VCOs
Output buffers, 142-151
differential signaling, 142-146
double termination, 146-149
noise coupling, 142-143
open-drain differential pair, 142
package parasites, 144-145
predriver design, 149-151
stability, 145-146
tapered, 126
Output impedance, 69
Output-mode rejection, 194
Output signal purity, 194
Overhead, 15
Overlap capacitance, 222
Overload, 115
Overload response, 67-69

Package parasitics, 144--145, 149

" Parallel-to-serial conversion, 3

Parasitic inductance, 146
PC, 48

. PDF, 21

Period jitter, 28
PFD, 262-266

PFIYCP/LPF combination, 268, 269, 274

PFD/CP nonidealities, 273-277
Phase comparator, 244

Phase detector, 244-245

Phase error, 248

- Phase/frequency detector (PFD), 262-266

Phase lock condition, 247
Phase-locked loops, 244287
. applications, 282287

basic topology, 245-254
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Bode plots, 258-259
charge-pump PLLs, 260-273
delay-locked loops, 280282
dynamics of simple PLL, 254-260
external step on control line, 253
frequency multiplication, 283-284
frequency step response, 252
frequency synthesis, 284-285
jitter, 277-280
jitter reduction, 286287
nonideal effects, 273-280
PFD/CP nonidealities, 273277
phase detector, 244245
phase/frequency detector, 262-266
phase step response, 251, 253
PLL waveforms in locked condition, 248-250
root locus, 259, 272
skew reduction, 285-286
siall transients in locked condition, 250-254
stability, 271-273
" third-order, 272

type I PLL, 255-260
type I PLL, 270-273
underground response, 257, 258

Phase margin, 28%n

Phase noise, 24-26, 28, 27%n

Phase step response, 251, 253

Photodiode characteristic, 56

Photodiodes, 55-58

PIN diode, 56-57

Plank constant, 55

Plank’s equation, 55

Plastic fibers, 48

PLLs. See Phase-locked loops

PMD, 53-54

- PMMA, 48

PMOS transistor, 177, 178

Polarization-mode dispersion
(PMDy), 53-54

Polycarbonate (PC), 48

Polymethylmethacrylate (PMMA), 48

Polystyrene (PS), 48

Population inversion, 39

Port density, 6

Power dissipation, 6

PRBS, 12-14

Predriver design, 149-151

Probability density function (PDF), 21

Propagation velocity, 155

Proportional puises, 300

PS, 48 .

Pseudo-differential CG stage, 100

Pseudo-random binary sequence
(PRBS), 12-14

Pull-in range, 261n

Puise bifurcation, 53

Pulse broadening, 51-52

Pulsewidth distortion, 353-354, 359

Pulsewidth mismatch, 277
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© function, 23, 24 ] Skew
Quadrature clocks, 316 DFF delays, 299
Quadrature oscillators, 235-241 half-rate P}, 313 -
Quadricoreelator, 314, 315 Hogge PD, 299, 303
Quantum efficiency, 37, 56 Skew reduction, 285-286
Quantum Ymit, 6061 Skin effect, 220
@ variation, 221 * Slow jister, 278, 279, 329
Small-signal model of common-gate stage, 74
Radian frequency, 207n SMF, 46, 47
Radiative losses, 47 SNR, 23, 69-72
Random binary data, 812 ) SONET, 323, 330
Random binary sequence o Source followers, 347
(RBS), 8-10 . Spectral line, 11, 254
Random data, generation of, 12-14 - - Spectral purity, 37
Rayleigh scattering, 47 : . ‘ Spectrum of random binary data, 10
RBS, 8-10 SPICE, 172n
Realistic clock waveform, 297 o . Spira! inductor structure, 206
Rectification, 290291 _ " Spontaneous emission, 38
Reference pulses, 301 . S Stability
Relative phase noise, 26 . - charge-pump PLLs, 271~273
Relaxation oscillation, 43-44 S output buffers, 145-146
Replica circuit, 196 Co ) . * Stacked inductoer, 225, 226
Responsivity, 55-56 S Stand-alone drivers, 354
Retun to zero (RZ) data, 14,15 . . - - - State of the art, 6
Reverse-biased pr junction, 203 -~ .. - - Static dividers (Ripflop dividers), 341-349
Ring oscillators, 167-178 S = Stimulated emission, 38-39
amplitude limiting, 170-178 .- - .0 Stripline, 153
stages, 175 BESEUE EE Substrate loss, 153, 217
three-stage, 169-171 . o, +.5°0 . Substrate resistance; 218 - .
VCQOs, and, 194-202 <o oo Superdynamic divider, 346
Ripple, 315 . - Supply noise, 144 '
RLC circuits, 178 Supply rejection, 87-99, 194
Root locus, 259, 272 Swing control circuit, 346-347
Run length, 9 “ Switchable loop filters, 322
Runs, 9 : Synimetric inductor 224,225
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Sanity check, 350n i
Second-order TIA, 89-91
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Shunt peaking, 113 : Q5
Shunt-shunt feedback topuiogy, 87
Sidebands, 211 :
Side modes, 37
Signal-to-noise ratio (SNR},.
1 23,69-72 :

Silica fibers, 46, 48
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Simple optical system, 3
Simulated outpat eye diagram, 151
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conversion, 101 :
Single-mode fiber (SMF), 46, 47
64-bit/66-bit coding, 15 )
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bipolar feedback, 119
capacitive coupling, F05-106
case studies, 118-122
differential, 100-102
feedback, 87-97, 106-110
first-order, 87-88
frequency response, 93-95
gain, 67
gain boosting, 103-105
general considerations, 62
high frequency behavior, 81-86
high-frequency noise performance, 9597
high-performance techniques, 103-114
inductive peaking, 110-114
low-frequency behavior, 73-81
noise, 64
noise bandwidth; 72-73
open-loop, 73-86
output impedance, 69
overload response, 6769
performance parameters, 6473
second-order, 89-91
SNR calculations, 69-72
supply rejection, 97-99
two feedback paths, 122

Transimpedance gain, 62, 64, 67

Transition density, 9 ‘ :

Transmission lines (T lines), 30-34

Tree architecture, 338-339

Trends, 6 }

Trip point, 172

Triwave, 306

Tuned gain stage, 181

Tuning linearity, 194

Tuning range, 192, 193

Turn-on delay, 43

25-2 transmission line, 355

Two-pole feedback system, 168, 169

Type I PLL, 255-260

Type I PLL, 270-273

UL 322

Underdamped response, 257, 258
Unit interval (UI), 322 ‘
Unity-gain feedback amplifier, 250
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Varactor diodes, 204, 205
Varactors, 203-205, 226-228
Varicap, 203n
VCDL, 281
VC0Os, 191-212
center frequency, 193
delay variation by interpolation, 200-202
delay variation by positive
feedback, 197-200
mathematical model, 207-212
output amplitude, 194
output signal purity, 194
power dissipation, 194
sidebands, 211
supply/common mode rejection, 194
tuning in LC oscillators, 202-207
tuning in ring oscillators, 194-202
tuning linearity, 194
tuning range, 193
wide-range tuning, 202
Vertical cavity surface emitting lasers
(VCSELs), 42
Voltage amplification, 283
Voltage-controlled delay line (VCDL), 281
Voltage-controlled oscillators. See VCOs
Voltage-current feedback topology, 87
Voltage drop, 38
Voltage headroom, 199
Voltage headroom issues, 80

Wave velocity, 155
Wide-range tuning, 202

XOR gate, 244
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